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ABSTRACT

Ultra-Low Power (ULP) Systems on Chip (SoCs), such as wireless sensor nodes, are being
used for an ever-increasing number of applications. They can be used for applications measuring
and reporting almost everything, from the flow of crude oil in a remote pipeline, to the degree of
corrosion in a steel bridge, to electrocardiogram (EKG), electroencephalogram (EEG), and
electromyogram (EMG) signals of a home health patient. Owing to their remote locations and
small form factor, these nodes need to consume extremely low power. They should operate from
harvested energy, as changing their batteries regularly is not a viable option. Energy autonomy is
central to the widespread deployment of these sensor nodes. However, a significant percentage of
energy is lost in harvesting, supplying regulated output voltages, and in the “idle mode” of the
state-of-the- art sensor nodes. Therefore, energy efficiency is the most important challenge facing
the design of these sensor nodes.

The design of the processor, radio, memory, etc. for a sensor node has received much attention.
However, a sensor node also needs clock sources and power supplies to be able to operate. These
circuits constitute the “infrastructure” around which a digital system can be created. In wireless
sensors, these circuits help extract energy from harvesters, provide regulated output voltages and

clock sources for the SoC. The design of these infrastructure circuits can impact the energy



efficiency and hence the life time of the SoC significantly. In the state-of-the- art energy harvesting
wireless sensor SoC, a significant percentage of energy is lost in harvesting and supplying
regulated output voltages for the sensor node due to the poor efficiency of the harvester and voltage
regulators. Also, wireless sensor nodes typically have a short burst of activity followed by a long
idle time. This is done to save energy. The total power consumption of a sensor is often dictated
by the power consumed in the idle mode. A clock source is often the only functional circuit in the
idle mode, which is used for time keeping for “wake up” and synchronization needs. For such
SoCs, clock power determines the life-time.

This work focuses on the flow of energy in ULP SoCs, such as wireless sensors. The proposed
circuits enable highly efficient energy extraction from energy harvesters that can harvest solar and
thermo-electric energy, efficient voltage regulators to provide power supplies for the SoC, the
proposed work enables low voltage operation, and a ULP Clocking scheme to elongate the life-
span in idle mode. These circuits increase the amount of energy harvested from the ambient source,
reduce the loss in voltage conversion, enable low voltage operation and decrease the power

consumption in idle mode to significantly improve the operational life time of a ULP system



APPROVAL SHEET

The dissertation
Is submitted in partial fulfiliment of the requirements
for the degree of

Doctor of Philosophy

[AUTHOR

The dissertation has been read and approved by the examining committee:

Dr. Benton Calhoun
Advisor
Dr. Mircea Stan

Dr. Yogesh Ramadass

Dr. John Lach

Dr. Kamin Whitehouse

Dr. Travis Blalock

Accepted for the School of Engineering and Applied Science;

() ‘/ z /(
Dean, School of Engineering and Applied Science

May
2014



"% T T 3H GH I AR

| dedicate my dissertation to my Guru, Param Guru Huzur Dr. Prem Sharan Satsangi

Sahab.



Acknowledgements

I wish to thank my teacher, research adviser, soon-to-be-colleague, and a good friend,
Professor Ben Calhoun. It has been an absolute pleasure to work with him. He provided me with
several wonderful opportunities which helped me to improve my personal and professional skills.
| have learned a great deal from him on technical topics, design, and engineering and, more
recently, on the art of teaching a graduate class. The amount of energy he possesses and the
excitement he shows about projects is amazing. | have often found Ben to be more excited about
my projects than | have been. He has been the biggest influence on me over the last few years, and
helped me to become a better researcher, a better teacher and a better human being. Thank you,
Professor Calhoun, for everything. | yearn to become a teacher and researcher like you.

| wish to thank my committee members who were more than generous with their expertise
and precious time. A special thanks to Dr. Mircea Stan, my committee chairman, for his inputs
and constant encouragements. A special thanks to Dr. Yogesh Ramadass, for taking time out to
serve on my committee and for working with me during my internship. It was a pleasure to work
with you and | learned a great deal during that internship. Thank you, Professor Blalock, Professor
Lach, and Professor Whitehouse for serving on my committee and for providing me with valuable
feedback. | would like to acknowledge and thank the engineering school and its members for
allowing me to conduct my research and for providing any assistance requested. Special thanks go
to Natalie Edwards, Dan Fetko, Ydira Weaver and Terry Tigner for providing me with various
official and travel related assistance. | would also like to thank Steven Bartling and Srini Sridhara
of Texas Instruments for their support during my summer internship in 2012. Special thanks to
founders of PsiKick, Brendan Richardson, David Wentzloff and Ben Calhoun, for their help and

support during my internship in 2013.



Bengroup has a culture of its own and | was very fortunate to meet bengroupers during my
graduate life. | thank everyone in bengroup for tolerating me. Special thanks to Yousef Shaksheer
for being a good friend and for helping me out on several occasions for chip testing. | would also
like to thank Kyle Craig and Yanging Zhang for putting up with me during tapeouts and with my
unreasonable 10 pad demands or area demands. | would also like to thank each member of
bengroup. Each one of you has influenced me in one way or another. Interacting with new students
Farah and Chris was very enlightening. | wish all of you great success in life.

One cannot go far without friends. | was very fortunate to have met Sudhanshu Khanna,
Anurag Nigam and Satya Nalam during my early days of graduate school. | thoroughly enjoyed
the daily tea-time, several road trips and playing cricket together. It was during my graduate school
that India won the cricket world cup after 28 years and we watched several of these matches
together. Anurag and | stood up several nights to watch 5-day test cricket and India was doing
great those days. | would also like to thank my good friends Shanshan Chen, Jiawei Huang, and
Vijay Srinivasan. It was very enlightening to interact with each one of you and | learned a great
deal from each interaction.

| would not be the person | am today without the love and care of my family. I hold a special
feeling of gratitude for my loving parents. My sister Parkhi is the rock of my life and always makes
sure that I am doing fine. My brother Ankesh is another rock of my life and has always been there
for me. | have found good friends in my Jiju Amritesh, Bhabhi Samvedna and my uncle Prem

Swarup. It was the support and love of my family that kept me going through graduate school.

Vi



vii



Contents

(G0 01 1=] 0 TP U R UPT TR TUPRUPRPPROPN viii
LISE OF TADIES......eceeee ettt bbbt e s Xi
S o T U =TSSR Xii

(O 4T 1o (=] o TSSOSO T PP O TP PR 1

L oTo [0 Tod o] o TSSOSO 1

1.1 Flow of Energy in a Batteryless SYStEM......cccucveiveieiieiiesie e 4
1.2 LOW POWET CIOCKING ....eitieiieiecie ettt 8
1.3 Energy Harvesting and Power Management .............cccvevveiieiieriesie s se e 10
1.4 Dissertation OrganiZation ...........c.ccviueiieieiiese e seese e e sre e se e e e e sae e e sreeneeas 11

CRAPLET 2.ttt b e b bbbttt bbbt 14

Ultra-LOW POWET CIOCK SOUICES .......oviiiiiiieiieieieie sttt 14
F e 4 To] N ¢ PSS S PR U PRSP 15
2.2 ULP ON-Chip ClOCK SOUICTE......ccuiiiiiieiiite ittt 16
2.2.1 Compensated OSCIIAtor DESION .....ccuvcieieeie e 18

2" Order COMPENSALION CIFCUIL ..........vvevveieeeeeeesteeee ettt 19
Process COMPENSALION .......oiuiiiiiiieiieieieie ettt ettt e b bbb eneas 20
POWET SUPPIY VAITATION. .....cuiiiiiiiicicee et 21
2.2.2 Uncompensated OSCIllator DESIN ........ccvevuiiiiiieeie et 21
2.2.3 LOCKING CHICUIT ...ttt bbbttt bbb ere s 22
2.2.4 Prototype Implementation and MeasUremMeNt ...........coererereiinininieieee e 24
FUNCHIONING ...ttt ettt e st e e st e sae e teessesbeesbeeseesseesneessesreesreaneens 29
POWET CONSUMPLION ...ttt sttt ettt nb et bbb eneas 30
2.3.1 ATCRITECIUIE ...ttt e st e s e st e e teeneesne e teeneesreenteaneenneenen 31
2.3.2 Design of Low PoOWer AMPITIEr........coo oo 33
Process CaliDration...........c.ooieiiiieiiee et e e sreeeeeneenreenneas 35
2.3.3 Amplifier duty-cycling control implementation ..o 37
Obtaining time of growth of 0SCHIAtION..........cccoiiiiii i 37
Obtaining time of decay Of OSCHIAION..........ccoiiiiiiii s 38
2.3.4 Complete Circuit implementation ...........c.coiiiiiirieieee e 39
2.3.5 RESUIES ...ttt ns 40
p O 0 Tod 111 o] SRR 42



(O T 0 TSRS 44

Energy Harvesting and Power Management for ULP SyStems..........ccccccevvveviive i v ceesees 44
3.1 Energy Harvesting and Power Management SYSIEM ..........cccoviverieiiesieeseeie e 45
3.2 Energy Harvesting for Thermo EIectric Generator ............c.ccoceviiiiiniiiieieiencsc e 48
3. 2.1 FUNCLIONING OF TEG ...oociiiieee ettt esneens 49

Electrical CharacteriStiCs Of TEG .......ccoiiiiiiiiiiisieieie e 52
Maximum Power POINEIN TEG ......coo i 53
3.2.2 Design of the TEG ENergy HarveSLer .........ocoeiveieiieiieie e 55
Maximum Power Point Tracking CIrCUIL ..........ccvoiiiiieiieie e 57
3.2.3 Control Circuit for BOOSt CONVEITET ..........oouiiierieieeiesiee et eas 59
Low Side (LS) Control Scheme: Peak Inductor Current Control...........ccccccevvvevveieiieieennne 60
High Side (HS) Control Scheme: Zero DeteCtion..........cccvcveiveieiiieciece e 65
Start-up N the DOOST-CONVEITET .........coi i 68
3.2.4 Prototype Implementation and MeasUremMeNt ...........cccccvevveieeiieereeiie s 69
3.3 Voltage Reference Circuit for ULP SYSIEMS ......cccocciiiiiiiiiiic e 78
3.3.1 Bandgap Voltage RETErENCE. ..o 79
KT 2 = - Tod (o (011 o S SRSPS 81
Generation of Bandgap VOIAgE ..........ccueiiiiieie sttt 82
3.3.3 State-of-the-art Bandgap Circuits for Low Power Applications...........ccccovvvnirininnnnnns 86
Banba Bandgap REFEIENCE ..........ooiiiieeee e 86
3.3.4 A 80nW, Low Power Bandgap Reference Operational from 0.8V...........ccccovevviiennnnen. 89
Switched Capacitor Voltage INVErter CirCUIt...........coooviiiiiiiieie e 90
Proposed Bandgap Circuit : CONCEPL ......coueiveiiiriiiiiiieieie e 91
Proposed Bandgap CiFCUIL..........cc.ciiiiiiieiecie ettt sae e sreen e sreenee s 91
3.3.5 Prototype Implementation and RESUIES ...........cccuoiiiiiiiiiiiiee e 93
3.4 Power Management Solution fOr ULP SOCS .........cccuiiiiiieniiiniscseeee e 98
3.4.1 Voltage Regulation for Integrated CirCUILS ..........cccvevieiieiiiic i 98
Voltage Regulator Circuit: Linear ReguIAtor ..........cooeiiiiiiiiiiiiiceeee e 100
Voltage Regulator Circuit: Switching Regulator ... 101
3.4.2 Single Inductor Multiple Output DC-DC Converter for ULP Systems.............c.cccueeuee.. 105
3.4.3 Single Inductor EHM fOr ULP SYSTEMS........ccuiiiiiiiieie e 107
N ot (=T o! (0 OSSR 108
Architecture of the DUCK-CONVEITEN ...........ooii s 110
IpEAK CONLIOI TOF DUCK CONVEITET ...ovviee e 112



ArchiteCture Of the DOOST-CONVEITEL ... ... et eeeeeeeeeeeeenneneeennees 114

Prototype Implementation and RESUILS..........ccceeiiiieiieie e 117

3.5 CONCIUSIONS ...t bbb bbbttt b bbb ne e 121
CRAPLEE 4 ...ttt bbb bbb n bbb 123
4.1 Modelling for POwer Management ...........covieiieieiieiieeie e 124
4.1.1 DC-DC CONVEITEr MOUEI ......ccvviiiiiiiiiieiie et 127
DC-DC Efficiency with Load Current: PWM Control Scheme..........ccccccovoveviiieniineninne. 127
DC-DC Efficiency with Load Current: PFM Control Scheme........ccccoooevviieiieiicce e, 131
Verification of the MOEL: .........ccooiiiiie s 132
Efficiency With OUEPUL VOITAGE ........cveiiieiii e 135
SEEIING TIME et e st e et s re e s e et e s re e s reene e e e reenae s 136
Supply Rail SWItChiNG ENEIQY ......ccvveiiiie et 137
4.1.2 Evaluation of DVS techniques using the proposed model...........cccooeieieiencneninnninns 137
Framework for Energy Calculation in DVFS..........ccooiiiiicie e 141
Panoptic Dynamic Voltage SCaliNg.........cccieiieieiie i 142
Framework for Energy Calculation in PDVS...........cccooiiiiiiieee e 143

4.2 Implementation of Power Management for PDVS ... 146
SIMO Digital CONrOIEN ......ooeeieceee e 159
Control of Ripple through PDVS ... 160

R O] o [1E5] o] TSSOSO 167
(08 T o) ] TSP RROSROSON 169
(@0 0] [F15 [ OSSR SSSR 169
5.1 Impact of contributions on System Hfe-time ..o 169
5.2 Summary of CONtrIDULIONS .........ccviiiiiice e 174
5.2 Conclusions and Open ProbIBMS ...........coiiiiiiiiiiieeee e 176
APPENTIX A LISt OF ACTONYIMS. ...ttt sb bbb 178
Appendix B: Efficiency Dependence of DC-DC on Peak Inductor Current ...........c.cccccevevveennnne 181
Appendix C: LiSt Of PUBIICALIONS. .........coiiiiiiii e 186
Upcoming PUDHCATIONS : OWN .....oviiiiiiiiiiiieieee et 187
Upcoming PUBIICAtIONS : GIOUP........uiiiieiii it 187
L L] 11 ST T PRSP PPRUPRTPI 187
BIDHOGIAPNY ...ttt 189



List of Tables

Table 2-1 Comparison summary of the duty-cycled oscillator with previous low power works. 41
Table 3-1 Comparison summary of the boost converter with previous micro-power converters 77
Table 3-2 Comparison summary with previous low power bandgaps.........ccccocevvveveiieieesieennnn, 97
Table 3-3 Comparison with existing state-of-the-art harvesters............ccoccvvvevvii i 120
Table 4-1 Comparison with prior art for low load converters. This design supports 3 outputs at

lower voltage and load than any prior SIMO with comparable efficiency and ripple but no off-

(ol gl o o= Tod (o] TSSOSO 165

Xi



List of Figures

Figure 1-1 Deployment of Body Sensor NOAEeS [2] .......cccooviiiiiieieieieneseseeieeee e 2
Figure 1-2 A batteryless energy harvesting BSN SOC [1] .......ccoooeiiiiiininiiicieeeesese e 3
Figure 1-3 Flow of energy in batteryless system highlighting the requirements for increasing the

SYSEEM HITE-TIME..... e e ettt e st e s be et e aneesteerenreenreenee s 4
Figure 1-4 Typical Power Consumption Profile of 2 ULP SOC ..........ccooviiiiiiiieccc e 8
Figure 1-5 Power consumption of the system with duty-CyCling ..........ccccooovriiiiiiiiniiie 9
Figure 1-6 Optimal energy point of a block inside @ SOC [7].....cccccvevveieiiieiieie e 10
Figure 2-1 Scheme of re-locking low stability oscillator to achieve high effective stability ....... 16
Figure 2-2 Architecture of the CIOCK SOUICE ..........cooiiiiiiiic e 17
Figure 2-3 Current Controlled ring 0SCHIALON ..o 18
Figure 2-4 a) PTAT current source b) Simulation result of a Constant current source. ............... 18

Figure 2-5 2" order compensation circuit using LV transistor to compensate for increase in
CUITENT WITN TEMPEIALUIE ......vieeeee e bbbttt ettt 19
Figure 2-6 Temperature variation of the clock period when employing the 2nd order
COMPENSALION CIFCUIL ....viviivieie ettt esre et e e e s re et e e sbesseesbeeneesreente e e e sreenas 19

Figure 2-7 a) Binary weighted configuration bits b) Simulation result of current source variation

ACTOSS PIOCESS POINMTS ....eveieesieatete sttt sttt ettt se ekt sb ke b et e e b e bbbt e bt b e e bt e e et e b e nbenbesbenbenneas 20
Figure 2-8 OSCcmp DCO AICHITECIUIE ... 21
Figure 2-9 OSCucmp DCO arChItECIUIE .......cveeeierieie e 22
Figure 2-10 Timing diagram of frequency comparator CIrCUIt ..............ccccevveveereiiieie e 22
Figure 2-11 Fast locking circuit for DCO using binary SEarch...........ccocovvviiinieieienenc e 23
Figure 2-12 Simulation result of the 10cking tranSIeNt ............cccooiiiiiieiiniseee e 24

Figure 2-13 Measured Clock Period of OSCCMP showing the improvement in stability by 2nd

order COMPENSALION CIFCUIT.........uiiiieiie ittt e e e st a e te e saeeabeesnaeereea 24
Figure 2-14 Measured Stability of 10-chips from 20 t0 40 °C .......coccoiviviiiiieeceeee e 25
Figure 2-15 Recalibration of OSCucmp WIth OSCCMP ....vvveevriiriiieiiiereesesee e 25
Figure 2-16 Measured waveform of DCO outputs at 100 kHz after recalibration....................... 26

Figure 2-17 Measured power/stability tradeoff with duty cycling for 10C/s temperature change 26
Figure 2-18 Die photo: Implementation of the prototype clock in 130nm CMOS process.......... 27

xii



Figure 2-19 Energy per cycle and stability comparison with existing solution..............c.cccceeu... 27
Figure 2-20 Crystal OSCIHIAtOr CIrCUIL ........c.coveiiiie e 28
Figure 2-21 Negative Resistance (Rn)design method to meet the oscillation criteria for crystal

(LYo 1 = Lo g N i RS 29
Figure 2-22 Proposed control scheme, where oscillator is turned on and off to save power ....... 32

Figure 2-23 Power consumption of the amplifier circuit with VDD voltage for fixed negative

FESISTANCE OF =70K €2 ...ttt ettt se e be et e sneesbeenteeneesaeeneens 34
Figure 2-24 Calibration technique for amplifier to address variation effects.............cc.ccocevenene. 35
Figure 2-25 Simulation result of the XTAL at 0.3V VDD and consuming 2nW power .............. 36
Figure 2-26 Circuit to obtain the time of growth (TG) of oscillation.............cccccoeeviievciieinenns 37
Figure 2-27 Circuit to obtain the time of decay (TD) of osCilation............cccceveveieneniiinien 38
Figure 2-28 Complete circuit diagram of the proposed crystal oscillator circuit....................... 39
Figure 2-29 Simulation result of oscillator duty-cycling technique ..........cccccevviieiieic e, 40
Figure 3-1 Energy harvesting and power management SYStEM ..........ccccveveereeresieeieesieseeseennens 45
Figure 3-2 Energy harvesting and power management system in a BSN SoC [1]..........c.ccoceeee. 47
Figure 3-3 Practical Thermoelectric generator connecting large number of pn junction to increase
the Operating VOILAgE [42] ......covoieieeie ettt et sttt esre e nre e e 51
Figure 3-4 Equivalent circuit of a thermoelectric generator............cccccveveiiece e 52

Figure 3-5 Energy harvester harvests maximum energy when impedance of the harvester

MAtCheS TEG'S INPUL FESISTANCE ......ccueiuiiiieieieiie ittt bbb 53
Figure 3-6 Maximum power point characteristics of a TEG energy harvester..............cccccevene.. 54
Figure 3-7 proposed design architecture for the TEG harvester using a boost converter............. 55
Figure 3-8 Maximum power point tracking Circuit for TEG ..........cccccveiiiiiiniciceec e 57
Figure 3-9 Simulation Result of MPP tracking Circuit SNOWING..........coccovviiiiniiiiienene e 58
Figure 3-10 Timing diagram of the control signal for the boost converter showing use of two

phases ¢1 and ¢2, where ¢1 is used for cancelling mismatch to harvest at low voltage.............. 59
Figure 3-11 Efficiency variation with peak inductor current for various input voltages.............. 60
Figure 3-12 LS control circuit to generate the constant peak inductor current ............c.ccccevenee 62
Figure 3-13 Timing diagram for LS CONtrol CIrCUIL...........cocvveiiiiiiciie s 62
Figure 3-14 Simulation result of peak inductor current with VIN and VCAP ........cccccoceevveiinne 65
Figure 3-15 Circuit to generate the HS timing using zero inductor current crossing................... 66

Xiii



Figure 3-16 Schematic of zero detection comparator with offset cancellation scheme ............... 67
Figure 3-17 Die Photo and design parameter of the boost converter ...........ccccoccvveeiieieiieinennns 70
Figure 3-18 Maximum power point tracking pulse for MPP CLK...........ccccooviiiiienniienee 70
Figure 3-19 Measured TON of low side LS switch w.r.t. Vcap and V) indicating peak inductor
CUITENT CONTIOL SCRBME ..o bbb bbb ereas 71
Figure 3-20 Measured efficiency with Low Side Ton, showing increased efficiency at Higher
Ton for Low V. It achieves 84% efficiency and 0.4V Vin and 22% efficiency at 10mV V... 72
Figure 3-21 Variation of peak inductor current with process using Monte-Carlo simulation...... 73
Figure 3-22 Measured optimal Zero deteCtioN ...........ceiveieiieieeie e 74
Figure 3-23 Measured operation of the boost converter with VIN=10mV and VIN=8mV. ........ 75
Figure 3-24 Measurements showing kick-start from 590mV charging to0 1V ........ccccoceovivnnnnne 76
Figure 3-25 Use of voltage reference circuit in basic building blocks such as voltage regulators
AN ADC ...t b Rttt bbbt E e Rttt et bbb neereas 78

Figure 3-26 Principle of bandgap voltage reference circuit generating a constant voltage

reference With teMPEIatUE ..o 81
Figure 3-27 PTAT and CTAT voltage generation CIrCUIt...........cccereririreniniesieee e 82
Figure 3-28 A conventional bandgap reference CirCUit............ccooeieiiiic i 84

Figure 3-29 Variation of bandgap reference with temperature showing 17ppm/°C variation...... 85

Figure 3-30 Architecture of Banba Bandgap CIFCUIT...........ccoouiiriiiinineieresee e 87
Figure 3-31 Circuit diagram of the proposed bandgap reference ..........ccocvvvvieiiienenc i 89
Figure 3-32 Switched capacitor voltage inverter circuit and its operation ............ccccceeeeevveieennnns 90
Figure 3-33 Proposed bandgap reference circuit using switched capacitor voltage inverter ....... 92
Figure 3-34 Transient behavior of bandgap reference...........ccooevriiiinenceeee e 94
Figure 3-35 Bandgap output variation With temperature ............cccoeieneiiniiinieee e 95
Figure 3-36 Variation with process: Monte-Carlo Simulation ..............ccccooeviieviiicieecccccees 96
Figure 3-37 Variation With Vin VOIage ........cccciiiiiiiciece et 96
Figure 3-38 Energy-Delay characteristics of a digital CIFCUIT.............ccocoiiriiiniiiie 99
Figure 3-39 A linear regulator Circuit t0 SUPPIY VDD .. coviiiriiciiiiiciceseesesree e 100
Figure 3-40 DC-DC converter architeCtUreS.........ccveiiiiiiciie s 103
Figure 3-41 Single inductor multiple output buck-boost converter for ULP systems................ 105
Figure 3-42 Architecture of the proposed EHM SYStEM ........cccoeiiiiiiiiiiniciecee e 107

Xiv



Figure 3-43 Proposed energy and power management solution using single inductor .............. 108

Figure 3-44 Inductor current waveform for the EHM switching scheme showing the change in

direction of Inductor Current for DOOSt OPEratioN............ccueiieieiiriic e 109
Figure 3-45 Complete architecture of the EHM SyStem ..o 110
Figure 3-46 Architecture of the buck converter used iN EHM ...........ccccoeiiiieiii s, 111
Figure 3-47 Peak inductor current control scheme in buck converter to achieve high efficiency

..................................................................................................................................................... 112
Figure 3-48 Variation of Ipeak Vi showing <1% variation with Input VVoltage Vi ................... 113
Figure 3-49 Variation of peak inductor current with process and mismatch variation .............. 114

Figure 3-50 High side control scheme for the boost converter to accurately predict the zero
crossing of the inductor current enabling reliable operation for 5V battery/storage using 3.3V

(0L o= PPRSRRSSN 115
Figure 3-51 B0ost converter arcChiteCLUIE ..........cciveieiieiice e 116

Figure 3-52 Cold start circuit using an internal charge-pump to start operation from 380mV .. 116

Figure 3-53 Voltage regulation output of 1.2V rail showing <15mV ripple........cccccovnininnnn. 117
Figure 3-54 Measurement result of multiple output Vpps coming at 1.2V, 3.3V and 1.5V........ 118
Figure 3-55 Efficiency of bUCK CONVEITEIS .........ccveiiiiciece e 118
Figure 3-56 Efficiency of the DOOSt CONVEIEN ..........ccoviiieiiiic e 119
Figure 3-57 Die photo 0f EHM SYSTEM.......coiiiiiiiiieieeeee s 119
Figure 4-1 Structure of the proposed MOl ..o 125
Figure 4-2 Loss mechanisms inside a typical switching DC-DC converter .............cccccvevvevunenee. 126

Figure 4-3 Efficiency Variation with load current in a) PWM scheme with 12=0.9, 11=0.68 and

[L=1mA b) PFM scheme with N12=0.88 and a=5X10-5 ..........cccoiiiiiiriiii e 132
Figure 4-4 Comparison of the load equation with measured work in literature.............cc.co....... 133
Figure 4-5 Dynamic efficiency variation with current and voltage...........cccoocoeeveveiiece e, 135

Figure 4-6 Energy consumption for a microcontroller across voltage with and without
consideration of the DC-DC converter effiCIENCY. ........cooiiiiiiinee e 138
Figure 4-7 Efficiency profiles for two different converters (a) and the impact of a converter

change on the overall energy drawn from the battery (D) ..o, 139
Figure 4-8 Dedicated DC-DC converter per blOCK. ..........cooviiiiiii e 140
Figure 4-9 Operating condition for dedicated DC-DC. .........cccoeiiiiiiiiienieieeee s 141

XV



Figure 4-10 Energy Savings with rate of VVoltage Scaling ..........cccccvvvvviveviic v 142

Figure 4-11 PDVS: Block Level Voltage Scaling TeChNIqQUE ..........cccvevveveiiieiieie e 143
Figure 4-12 PDVS Operating Condition Evaluation .............cccoeoviiiiiiiiiiicccc e 144
Figure 4-13 Energy Benefits of PDVS and Dedicated DVFS ... 145
Figure 4-14 Energy Benefits of PDVS for different values of the virtual VDD capacitance of the
0] [0 To) G OSSO P TP PRPR 146
Figure 4-15 Dynamic Voltage Scaling for multi-core SyStem ..........ccccoovvvviiiinicienc i 147
Figure 4-16 PDVS implementation for multi-core SyStem ..........ccocvvverenienin e 148
Figure 4-17 SIMO DC-DC buck converter for low voltage DVS-enabled. On-chip decoupling
capacitance saves system level volume and COSt ..........ccceiviiiiieiie i 151
Figure 4-18 Conventional HS CONEIOL...........cooiiiiiiiiiiieee s 153
Figure 4-19 Proposed CONtrol SChEME..........oiiii s 153
Figure 4-20 Control Architecture to reduce the Fripple........ccooveiveiiiicieec e, 154
Figure 4-21 ripple Voltage for different values of decoupling capacitor at different loads ....... 155
Figure 4-22 Converter Operation in CCM and DCM MOdE............ccooeiirininiiniicee e 156
Figure 4-23 Transient behavior Of the CONVEITET ... 157
Figure 4-24 Low Side control SChEME ........cooviiiiiiee e 158
Figure 4-25 Digital control logic of SIMO controller ............ccccoveiiiieiieiece e 159
Figure 4-26 PDVS load conditions when most of the cores are connected to one supply ......... 161

Figure 4-27 Measured outputs of the SIMO. During different load switches at constant total load

of 10 mA, compensating PDV'S changes with rail priority adjustments reduces ripple by 30 mV.

High load efficiency is 86%, and low load efficiency is 62%. ...........ccccceeveivieiiveieiiece e 163
Figure 4-28 Measured efficiency plots for different configurations............c.ccoceveiiieninennnn. 164
Figure 4-29 Die microphotograph of the SIMO chip and performance summary ..................... 166
Figure 5-1 Energy System level performance impact of the proposed EHM Solution............... 170

Figure 5-2 Current Consumption break-down of a BSN SoC [86] while performing ECG....... 171
Figure 5-3 Lifetime improvement by proposed solution. The system start-up energy is reduced

by 3X, start-up time by 20X and operational time is increased by 9X..........cccevveviviiniiverrennnn, 172
Figure 5-4 Performance and power consumption of BSN SoC [1] and the proposed solutions 172

Figure 5-5 Operational lifetime improvement in ULP systems by using proposed contributions

XVi



XVii



Chapter 1

Introduction

Ultra-Low Power (ULP) Systems on Chip (SoCs), such as Body Sensor Nodes (BSNs) or Wireless
Sensor Nodes (WSNs), and more recently internet of things (IoT) promise to change the way we
experience life by providing rich information about our activities, health, and the environment.
These miniaturized nodes are responsible for sensing data periodically, processing it, and
communicating information wirelessly. They can be used for hundreds of sensing applications —
measuring and reporting everything from the flow of crude oil in a remote pipeline, to the degree
of corrosion in a steel bridge, to EKG, EEG and EMG signals of a home health patient. These
devices require small size and must consume extremely low power to be able to operate from
harvested energy for their longer life time. Significant progress has been made over the last few
years. Sensor nodes, which can operate from harvested energy without batteries, have been
demonstrated [1]. However, there is a need to improve the operating lifetime of these systems for
their extensive deployment in the environment. This is an ongoing research topic at various levels,
from system to software to hardware. This dissertation focuses on improving the lifetime of a ULP
SoC at the hardware level. It proposes improved energy harvesting and power management
solutions, clock sources, a modeling framework to enable accurate power management, etc. These
circuits and the model constitute the basic infrastructure for the efficient use of energy in ULP

Systems.
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Figure 1-1 shows the deployment of body sensor nodes in a body area sensor network
implementation. While the figure here shows a specific application in body area networks, a
similar principle exists in interconnected wireless sensor nodes and internet of things. These
networks have several sensor nodes deployed at several locations to accomplish a range of sensing
functionality. In Figure 1-1, several BSNs are placed on a human subject to monitor his ECG,
blood pressure, EMG, etc. The sensor nodes interact wirelessly with the body area aggregator,
which acts as a base station in a wireless system. The body area aggregator can be a cell phone or
other wireless transceiver system capable of processing. The interconnected system can be used to
monitor the health of the human subject, provide information on his bio-metrics and communicate
in cases when intervention is required. The sensor nodes are essential systems for the proper

operation of these networks, as they provide the raw data. For large scale and pervasive use of



these systems, sensor nodes must be of small factor, consume low power, and have long lifetimes.
Since these systems are expected to be ubiquitous and are often remotely located, a batteryless
sensor node is desirable, as it requires no intervention and provides energy autonomy. The
dissertation focuses on providing power autonomy for sensor nodes by improving the energy

harvesting, reducing the power consumption and providing operation from low energy levels.
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Figure 1-2 A batteryless energy harvesting BSN SoC [1]

Figure 1-2 shows a BSN SoC [1] that is a batteryless system that harvests energy from body heat.
It operates using the harvested energy to enable a perpetual energy autonomous system. It has an
Analog Front End (AFE) and Analog to Digital Converter (ADC) to perform sensing, which can
be ECG, EKG or other environmental sensing. The sensed data is sent for digital processing, which
uses a micro-controller, memory etc. The processed data is then transmitted through an RF
transceiver to a nearby aggregator (for example, the Body Area Aggregator, as shown in Figure
1-1). The SoC in Figure 1-2 harvests energy from a Thermo-Electric Generator (TEG) utilizing
body heat. The circuitry that extracts energy from the harvester consists of a boost converter that
collects the energy from the TEG at lower voltage and stores it at a higher voltage on a capacitor.

Higher voltage is needed for circuit operation. Finally, a voltage regulation block provides



different power supply rails (Vops) to run different blocks in the SoC, such as analog, RF, etc. The
lifetime of the system is impacted by the amount of energy harvested, the power consumption of
the system and minimum energy level at which the system can operate. This dissertation

contributes to improve on all these components to improve the life-time of these systems.

1.1 Flow of Energy in a Batteryless System
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Figure 1-3 Flow of energy in batteryless system highlighting the requirements for increasing the
system life-time

Figure 1-3 shows the flow of energy in an energy harvesting battery-less ULP system. First, energy
is harvested from an ambient source, such as solar cells, TEG, or other ambient source, using an
energy harvester circuit. The harvested energy is stored on a capacitor in the form of voltage V.

This stored energy is then taken up by the power management circuit to provide various power



supply voltages (Vpps). These Vpps are used to provide power supply voltages to various
communication and processing blocks on the system. While the first part of the system constitutes
the process for obtaining energy from the environment, the second part of the system is the use of
this energy to accomplish the sensing task. Improvements in low power sub-threshold design [3][4],
as well as improvements in the area of low power radios for communication [5][6], are reducing
the power consumption of processing and communication which helps in improving the lifetime
of the system. However, there is a need for improvement at each step of energy flow in the system
to significantly improve its life-time. This can be accomplished through the following design
requirements.

e The system should be able to harvest from very low voltage and power levels from the
ambient sources to extract every possible bit of energy available there.

e The energy harvester should be efficient and minimize the losses involved in transferring
the energy from an ambient source to the storage capacitor.

e The voltage on the storage capacitor is the indicator of the amount of energy available for
the system. The system can turn on only if the voltage on the capacitor reaches a set
threshold level, which would indicate a minimum energy level for the system to be able to
operate. Energy below this level is not useful for the system. The life-time of the system
can be improved significantly if the operating voltage on the capacitor is brought down.
This would bring down the minimum energy level needed for the system to turn on. In
other words, the system can turn on from a lower level of harvested energy. Therefore, the
operating voltage of the system should be brought down to improve its lifetime.

e The stored energy on the capacitor is transferred to generate various power supplies needed

for the system to operate different blocks in the system at different voltage level (which is



done to reduce the processing and communication power). Therefore, power losses in this
step should be minimized and the voltage conversion should be very efficient.

e The ULP systems spend most of their time in idle mode, with short bursts of high activity.
The total power consumption of the system is often dictated by the idle mode power
consumption. To increase the life-time of the system, the power consumption in idle mode

needs to be reduced.

Therefore, the lifetime of the system is increased by increasing the amount of harvested energy,
reducing the losses in voltage conversion, reducing the operating voltage, and reducing the standby
power consumption. This is the central theme of this dissertation, and the following contributions

are made to achieve higher life-time for ULP systems.

e A stable on-chip clock source that can lock to a given clock frequency, a locking scheme
to lock the clock source and ultra-low power on-chip clock sources to reduce the idle mode

or standby current.

e An ULP crystal oscillator circuit as an alternative clocking solution for lower power
consumption and higher stability.

e A low power, high efficiency energy harvester extraction circuit that can harvest from
10mV ambient sources to increase the amount of harvested energy.

e Alow power, low voltage bandgap reference for energy harvesting and power management
to reduce the idle mode power consumption and enable low voltage operation.

e Asingle inductor multiple output buck-boost converter that enables high efficiency circuits

as well as low voltage operation.



e A single inductor multiple output energy harvesting and power management solution to

harvest from low power solar cells, to enable high efficiency, low cost, integrated

harvesting and power management system.

e A model that accurately establishes the benefits of power management techniques for

ULP SoCs in the presence of voltage regulators to enable design time choices for

regulators and power management techniques.

e A single inductor multiple output Voltage regulator with on-chip decoupling capacitors to

implement panoptic dynamic voltage scaling technique.

e While not included in this dissertation, the author also made the following contributions

for the overall improvement in ultra-low power system design.

o

A clock and data recovery (CDR) circuit for the RF interface of BSN

A low power interconnect circuit operational from 0.3V to reduce the interconnect
power consumption

An ultra-low power analog to digital converter for ECG, EKG applications.
Design and system level improvements and options for inter-chip communication
between ULP ICs

Modeling techniques to assess circuit and system reliability

Circuit technique to improve the start-up time of the crystal oscillators by an order

of magnitude.

These contributions will help us enable longer life-time, low power systems which will help in

making ubiquitous sensing and sensor networks a reality which in turn will help in improving our

way of living by improvements in health care, safety, entertainment, activity tracking and various



other aspects of our lives. Next section gives a brief description of the contributions from the

system perspective.

1.2 Low Power Clocking
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Figure 1-4 Typical Power Consumption Profile of a ULP SoC

A typical operation of a ULP SoC like BSN constitutes a short burst of activity followed by a long
idle time. The short burst of activity consumes higher power, whereas in idle mode, the system
consumes very little power. Spending larger time in idle mode saves energy relative to the
continuous operation. Figure 1-4 shows the power consumption profile of a BSN. The system
wakes up first and starts the CPU. Analog blocks are then turned on to perform the sensing
application and finally, RF turns on for communication. The power consumption of the system
rises in steps as each block turns on. The system goes back into sleep mode after completing the
RF communication. These SoCs use a real-time clock (RTC) for keeping time. The RTC maintains
precise timing for waking up and synchronizing the chip. Figure 1-4 also shows that the total power

consumption of the chip can vary depending on the application. For example, the power can be



dominated by the active mode if the SoC has higher activity, and is dominated by the idle mode
(RTC power) if the SoC has lower activity. There is a need to reduce and optimize the power
consumption in both regions of activity in order to extend the system life time. In this work the
idle mode power is reduced by the proposed low power clocking solution while active mode power

consumption is reduced by efficient energy harvesting and power management (EHM) circuits.
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Figure 1-5 Power consumption of the system with duty-cycling

Figure 1-5 shows that the power consumption of a SoC, which stays in the idle mode for the
majority of time, is dominated by the RTC. The RTC is typically implemented using an off-chip
crystal resonator (XTAL). Their power consumption can be anywhere from a few 100nW to
hundreds of uW. This work presents ULP clock sources to reduce the power consumption in the
RTC. A solution designed with an on-chip, silicon-based oscillator reduces the power consumption
of the clock to 150nW. A locking scheme is proposed to lock the on-chip clock source to a known

frequency. The proposed solution has been fabricated and demonstrated in silicon. A second



version of the design brings the power down to 20nW. The proposed on-chip solution has a lower
cost when compared to off-chip RTCs utilizing XTAL. Further, we also propose an alternate
design of crystal oscillator reducing its power consumption to 1nW. This ULP XTAL can reduce
the power consumption in RTC by a few orders of magnitude. It can be used for applications where
higher stability is preferred at the expense of cost. Chapter 2 covers the implementation details of

the proposed circuit.

1.3 Energy Harvesting and Power Management
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Figure 1-6 Optimal energy point of a block inside a SoC [7]

An optimal energy operating point exists for each block in a SoC [7]. Figure 1-6 shows the
variation of energy consumption with VDD. Various blocks of a BSN, such as AFE, RF, or CPU,
need their own power supply voltage (VDD) to be able to operate at the optimal energy and
performance point. Therefore, a BSN SoC needs multiple supply voltages apart from the energy
harvesting interface. Conventional approaches to obtaining and managing energy from ambient
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sources either employ more than one inductor, which increases the cost, or use low drop out (LDO)
regulators which have lower efficiency. The lower efficiency of LDOs can result in the loss of
energy, which is not desirable. There is a need to provide an efficient and low-cost energy
harvesting and power management solution for BSNs. This work proposes a highly efficient
energy harvesting and power management solution with various design options for BSNs. The
proposed solution can harvest energy from TEG and solar cells. It also proposes single inductor

power management circuits with on-chip and off-chip decoupling capacitor options.

In addition, the dissertation also presents a model that accurately establishes the benefits of power
management techniques for ULP SoCs. The benefits of power management techniques like
Dynamic Voltage and Frequency Scaling (DVFS) cannot be established accurately without
assessing their impact on voltage regulators like the DC-DC converter. For example, DVFS uses
a high voltage to support higher performance and a lower voltage to save power. However,
changing the output voltage of a DC-DC converter incorporates significant power overhead, and
the efficiency can vary widely across voltage and current loads. These overheads may offset the
benefits from DVFS. There is a need to measure the benefits of power management techniques
like DVFS, clock gating, etc., in conjunction with their impact on the DC-DC converter. The
proposed model enables the study of various power management techniques by taking into account

their impact on DC-DC converters of different topologies.

1.4 Dissertation Organization

The dissertation is organized as follows. Chapter 2 presents a clocking solution for ULP SoC. An

ultra-low power clock source that can be locked to a desired system clock frequency is presented.
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The proposed clock source is very stable and achieves low power by applying duty-cycling
techniques. A process calibration scheme and other compensation techniques make it perform well
across varying environments. Further, an ULP crystal oscillator circuit that consumes less than a
1nW of power is also presented in Chapter 2. The proposed circuit can operate at 0.3V to enable
functionality at very low power levels. The crystal oscillator solution provides a low power and
more stable alternative to the on-chip clock source. The contributions in the low power clocking

solution help in lowering the idle mode power consumption to increase the system life-time.

Chapter 3 presents the energy harvesting and power management solution for ULP systems. Here
we present a low power, high efficiency energy harvester that can harvest from a 10mV ambient
source to increase the amount of harvested energy. We also present a low power, low voltage
bandgap reference for energy harvesting and power management to reduce the idle mode power
consumption and enable low voltage operation. Further, we also present a single inductor, multiple
output buck-boost converter that has high efficiency and enables low voltage operation. Finally,
we present a single inductor, multiple output, energy harvesting and power management solution
to harvest from low power solar cells that enable high efficiency, low cost, integrated harvesting

and power management system.

Chapter 4 presents a model which accurately establishes the benefits of power management
techniques for ULP SoCs in the presence of voltage regulators to enable design time choices for
regulators and power management techniques. It also presents a Single Inductor Multiple output
Voltage regulator with on-chip decoupling capacitors to implement panoptic dynamic voltage

scaling technique.
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Finally, Chapter 5 concludes the dissertation. It quantifies the benefits in life-time improvements
of the ULP system based on the contributions made in the dissertation. This chapter also points
out areas for future research work and improvements for the design techniques described in this

dissertation.
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Chapter 2

Ultra-Low Power Clock Sources

In an Integrated Circuit (IC), a clock source is used for various functions, which can include
synchronous implementation of an arithmetic and logic unit, inter-chip and intra-chip
communication, and time keeping. The clock source constitutes a key component in an IC. It is
extremely important for ULP SoCs like a BSN. A typical BSN operation constitutes a short burst
of activity followed by a long idle time. The total power consumption of a BSN is often dictated
by the power consumed in the idle mode. A clock source is often the only functional circuit in the
idle mode. It is used for time keeping, for “wake up”, and for synchronization needs of the BSN.

The clock source, therefore, can determine the power consumption of a low duty-cyle BSN.

A clock source can be implemented either using off-chip components, such as a crystal resonator,
or using on-chip devices. An on-chip implementation of a clock source is typically lower in cost
but poor in stability when compared to the off-chip implementation. In this chapter, we will present
a stable on-chip clock source and an ultra-low power crystal oscillator circuit with power
consumption in the range of 1nW. The proposed circuits are suited for BSN and show lower power
and more stability compared to the state of the art. The proposed solutions provide options in the
BSN platform for the implementation of the clock. While an on-chip clock source provides a stable,
low power, and cheap solution for clocks, an off-chip crystal oscillator can be used for the cases

where more stability and even lower power consumption is desired.
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2.1 Prior Art

BSNs typically require a stable clock source for precise data sampling, an RF modulation clock,
and keeping time to reduce the cost of re-synchronizing to other radios. The conventional approach
of using a crystal oscillator (XTAL) adds 3-4 off-chip passives, has startup times in the ms to
second range, and can consume an appreciable fraction of the system power. For example, the
energy harvesting BSN SoC in [1] consumes 19uW while measuring ECG, extracting heart rate,
and sending RF packets every few seconds, and over 2uW of that total is in the 200kHz XTAL.
The alternative clocking scheme, to replace XTAL with low power and low cost on-chip reference
oscillators for low power systems, is an ongoing effort [8]-[11].Widely varied approaches exist. In
[11], authors present a CMOS relaxation oscillator. High temperature stability is achieved using
poly and diffusion resistors together to realize the resistor in an RC relaxation oscillator. These
resistors have complementary temperature dependence, and they cancel the effect of temperature
variation to achieve a temperature stability of 60ppm/°C. On-chip oscillators, using the gate
leakage current, have been proposed in [8]-[10]. Gate leakage current has very small temperature
dependence, which makes these oscillators stable. However, these oscillators can operate only at
very low frequency (0.1-10 Hz) due to the low magnitude of gate-leakage current. Also, the
oscillation frequency is not very well controlled across the process. The most stable oscillator [10]

in this category has a temperature stability of 32ppm/°C operating at 0.4Hz.

Parallel to the exploration of on-chip clocks for BSNs, research has been going on for off-chip
clock sources using crystal oscillator. Recent work on the design of real-time clocks using crystal
oscillator shows power consumption of 5.58nW [13], making it possible to use them for BSN

applications. Power consumption of crystal oscillator can be reduced by reducing the amplitude of
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oscillation by operating them at lower voltages. Low power electronic watches use this technique
to operate crystal oscillator circuits in sub-threshold or weak inversion regions of operation for
transistors [14]. The lowest reported power for such circuit is at 27nW [15].

In this chapter we propose two solutions for providing clocks for BSNs. First, we present a new
scheme to replace XTALSs with a ULP on-chip clock source (no off-chip passives) for the ~100kHz
range that is roughly 7X lower power than typical XTALs (operating at 100kHz) and has a
temperature stability of 5ppm/°C. Further, for an off-chip solution, we propose a technique of duty
cycling the crystal oscillator in conjunction while operating them in a sub-threshold region. We
achieve a simulated power consumption of close to 1nW for a real time clock. These solutions
provide flexible platform circuits for BSNs clocking schemes, from which a designer can choose,

depending on the needs of the application.

2.2 ULP On-Chip Clock Source!
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Figure 2-1 Scheme of re-locking low stability oscillator to achieve high effective stability

1 A lot of content comes from [AS5]
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To maintain a stable on-chip clock source, we need a temperature compensated oscillator (Osccmp).
However, these circuits tend to consume power comparable to XTALs, in the few pW range for
~100kHz. We propose a scheme to use an ULP uncompensated oscillator (Oscucwmp), with the
Osccwmp to provide both stability and ULP consumption. Figure 2-1 shows the concept. As
temperature changes at a given rate, both oscillators will aggregate time error relative to the ideal
reference, with Oscucmp accumulating error much faster, due to its lower stability. If we
periodically lock Oscucmp to Osccme, then its effective stability stays within a bounded error
relative to Osccmp, and we can make this error arbitrarily small by changing the duty cycle of re-
locking. We can also re-lock to the original reference if it is available (e.g. XTAL or signal over
RF). In between lock points, the higher power oscillator(s) can shut down, setting the system power
to that of the Oscucmp. To make this work well, we need a fast locking circuit, low power
oscillators with rapid on/off, and digital calibration storage. Figure 2-2 shows the architecture of
our clock source. The locking circuit locks clock source B to A. Osccwmp or Oscrer can be selected
at A and Oscucwmp, or other clocks to be locked, can be selected at B. The locking circuit digitally

calibrates B to provide an output clock with the same period as A.
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Figure 2-2 Architecture of the clock source
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2.2.1 Compensated Oscillator Design

lo ICL

Figure 2-3 Current Controlled ring oscillator

Our Osccwp uses a current controlled ring oscillator, and Figure 2-3 shows the circuit diagram. It
is designed to be stable across temperature, and it uses configuration bits to compensate for process
variations. The frequency is set by current lo, capacitance Cr, which are MIM (metal-insulator-
metal) capacitors with very small temperature variation, and by the inverter’s switching threshold.
In this architecture inverter threshold is set to Vpp/2. To set the constant current lo, we use a PTAT
and a CTAT current source. The current of a PTAT current source (Figure 2-4 (a)) increases almost
linearly with temperature. We use a long channel MOS transistor operated in the strong inversion
region to implement the CTAT, whose current decreases linearly with temperature. We add the
current from the PTAT and the CTAT using current mirror to get a current independent of

temperature. Figure 2-4 (b) shows that lo varies by 1% over a 100°C range (~100ppm/°C).
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Figure 2-4 a) PTAT current source b) Simulation result of a Constant current source.
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2"4 Order Compensation Circuit
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Figure 2-5 2" order compensation circuit using LV transistor to compensate for increase in
current with temperature

The oscillator based on the current source of Figure 2-4 (b) will have an oscillation period that will
still have a small dependence on temperature in the second order because the current sources are
not purely linear . The period of oscillation will reduce as the temperature goes up from 20°C-
100°C. We employ 2" order compensation to further improve stability. This circuit comprises an
off, low threshold (LVT) MOS, a switch, and an inverter. Figure 2-5 shows the circuit diagram of
the 2" order compensation. It essentially forms a leakage pull-up path that adds charge to C,

slightly increasing the delay. This slight increase in delay increases with temperature.
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Figure 2-6 Temperature variation of the clock period when employing the 2nd order
compensation circuit

Figure 2-6 shows how this nullifies the 2" order increase in current at high temperature, giving a
nearly flat period for a 200kHz reference over the range of 20°C to 90°C.
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Process Compensation

We use configuration bits to compensate for the effects of process variation on the constant current
source and delay element. In the current source, variation may offset the PTAT and CTAT current,
so that one dominates in the target frequency range, making temperature stability impossible. We
vary resistance R in the PTAT shown in Figure 2-4 (a) to balance its current with the CTAT against
global variation using 5 binary bits. Similarly, we use 6-bit binary weighted off-transistors in the

2" order compensation to align the leakage current to compensate for the process drift in leakage.
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Figure 2-7 a) Binary weighted configuration bits b) Simulation result of current source variation
across process points

We use the constant current source as an input to a binary weighted (8-bit) current mirror used in
Figure 2-7 (a). This lets us generate the desired current for a given desired frequency across process
at 20ns resolution. The PTAT current source addresses the variation of delay of the delay-line with
temperature. The simulation results in Figure 2-7 (b) show that the similar stable current can be
achieved across process. We include 10-bit coarse and 5-bit fine control for 1ns and 20ps resolution,
respectively, which are set by the locking circuit (Section 2.2.3). This results in a Digitally
Controlled Oscillator (DCO) that can lock to a desired frequency. Figure 2-8 shows the architecture
of the DCO.
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Figure 2-8 OSCcwmp DCO Architecture
Power Supply Variation
The Osccwmp is sensitive to variations in the power supply. The PTAT circuit has better power
supply tolerance but the CTAT is more sensitive, as it uses Vpp directly at its gate. Osccmp Shows
a dependence of ~0.1%/mV. This is still better than [4], where power supply dependence is
0.42%/mV, but it could still be a problem for stability if Vpp is poorly regulated. Osccmp will
aggregate error over time. This can be addressed either by using a low noise regulator, such as

proposed in [6], or by relocking Osccmp often with the external references.

2.2.2 Uncompensated Oscillator Design

The Oscucmp uses leakage as the current source to the delay elements, along with the same digital
inverter-based coarse and fine delay compensation as the Osccwmp. It uses binary weighted off LVt
transistors for the realization of the current source. Figure 2-9 shows the Oscucwmp architecture. The
use of off LV transistors gives a lower area DCO at ~100kHz. Long channel transistors are needed

to realize it at ~100 kHz frequencies with on transistors. This will increase the area significantly.
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Figure 2-9 OSCucmp DCO architecture

Since no compensation is needed for Oscucmp, We chose the lower area solution. Oscucwmp

consumes 80nW of power at 100kHz in simulation. It has a poor temperature stability of 1.67%/°C.

2.2.3 Locking Circuit

We use a 5-bit counter as a frequency comparator to compare Osccwmp to a reference or to compare
Oscucwmp to Oscemp. The reference clock (REF_CLK) is divided by 2 and fed to the frequency

comparator. The divided clock is called REF. As REF goes high, DCO gets enabled and will start

REF

DCO

Comparator Out

Time

Figure 2-10 Timing diagram of frequency comparator circuit
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oscillating. The counter starts counting the rising edges of the DCO when the reference input is
high. If it counts more than 1, the output of the frequency comparator goes high; otherwise, it is

low. Figure 2-10 shows the timing diagram.

Our locking circuit comprises this comparator, SAR logic, and either DCO in a feedback
configuration. Figure 2-11 shows the architecture of the locking circuit. The frequency comparator
gives 1 when the DCO’s output frequency is higher than the reference and 0 when it is lower. The
SAR logic approximates the current and delay inside the DCO, based on the logical output of the
comparator and sets the 23 DCO control bits, which are stored in a register. The comparison is
performed when REF is high, and the current source is configured when REF is low, to let the

current source settle correctly.
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Frequency SAR | —F<0:4>, Fine_
Comparator Logic [Done " DCO
|_ Enable Either OUT
REF=REF_CLK*2 DCO

Figure 2-11 Fast locking circuit for DCO using binary search

Figure 2-12 shows the locking transient at 200kHz. The lock takes 46 reference cycles and has a
resolution error of ~20ps. Once the calibration is performed, the DCO runs on its own. The
temperature compensation scheme controls the drift. In this way, the lower power oscillator is
configured to the frequency of the stable clock. We can make the stability of the lower power

oscillator similar to the stable clock by performing this lock often.
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Figure 2-12 Simulation result of the locking transient

2.2.4 Prototype Implementation and Measurement
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Figure 2-13 Measured Clock Period of OSCCMP showing the improvement in stability by 2nd
order compensation circuit

We implemented the clock source (0.5mmx0.5mm) in 130nm CMOS. Osccmp and Oscucwmp
consume 1uW and 100nW at 100kHz, 1.1V VDD, respectively. The process tuning bits give us a
full measured locking range from 15kHz to 350kHz. In this range, we can lock successfully to the
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reference within the accuracy of jitter on the input clock. Figure 2-13 shows the measured stability
of the Osccwmp after calibration as 5ppm/°C in a BSN compatible range of 20-40°C (14ppm/°C from
20°C to 70°C). Without the 2" order compensation, this stability degrades to 60ppm/°C. Figure

2-14 shows the temperature stability across 10 chips from a temperature range of 20-40°C.
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Figure 2-14 Measured Stability of 10-chips from 20 to 40 °C
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Figure 2-15 Recalibration of OSCucmp with OSCcmp

We lock Osccwmp to a 100kHz reference, lock Oscucme to Oscemp, then power down Oscewmp. Figure
2-15 shows the measurement result of recalibration of Oscucwmpe With Osccwp. In this test, Oscucmp
and OSCcwmp were calibrated to 100kHz by an external reference at 20°C. After that, we shut down
Oscemp and raised the temperature of measurement to 50°C. Then we wake up Osccmp and

recalibrated Oscucmp With it. Figure 2-15 shows the process, and Figure 2-16 shows the output
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waveform after calibration. Using this scheme, we can achieve stability (5ppm/oC) at ultra-low
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Figure 2-16 Measured waveform of DCO outputs at 100 kHz after recalibration
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Figure 2-17 Measured power/stability tradeoff with duty cycling for 10C/s temperature change

Figure 2-17 shows the result of duty cycling for the case when temperature varies by 1°C/s or less.
We achieve a stability of 5ppm/°C at 150nW. During locking, we can turn on Osccwmp at the rising
edge of Oscucmp and pass Osccmp as the clock, to avoid glitching, or clock gate the system clock
to prevent problems in downstream circuits. Figure 2-18 shows the die photo with the proposed
circuit implementation in 130nm CMOS process.
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Figure 2-18 Die photo: Implementation of the prototype clock in 130nm CMQOS process
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Figure 2-19 Energy per cycle and stability comparison with existing solution

Figure 2-18 shows the die photo. Figure 2-19 shows that our work is 10X more stable and
consumes 3X less energy than the prior art. Some ULP timers for BSNs are approaching our

stability [3-4], but they are 10° slower frequency. We exhibit similar stability to an XTAL with
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~7X less power and no off-chip components, providing a low cost ULP solution for wireless

sensors and BSNs.

2.3 ULP Crystal Oscillator

In this section, we present an ULP crystal oscillator circuit. A crystal is an electromechanical
resonator which resonates at its natural frequency when excited with electrical energy. Figure 2-20
shows a conventional crystal oscillator circuit. The equivalent circuit of a crystal consists of a
series RLC circuit, with a parasitic parallel capacitor Cp. The frequency of oscillation is mainly
determined by Lm and Cm. The effective series resistor (ESR) is the energy dissipating component
of the crystal. The inverting amplifier, Amp, provides the negative resistance that overcomes the

loss from ESR and pumps energy into the crystal, making it oscillate at its natural frequency.
Amp ‘ > O

Lm
A [ Y Y'Y ] ESR Cm
II:II l_
1 IX : -4 ||
IC L ta IC L e

Figure 2-20 Crystal Oscillator Circuit

The output frequency of the crystal oscillator is very precise and its stability is usually specified at
parts per million or per billion (ppm/ppb). The extremely precise output frequency of crystal
oscillators makes them a natural choice for implementing clocks. A crystal oscillator can be a more

convenient solution to implement clocks in BSNs, when compared to the on-chip solution
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presented in section 2.2, because it would not need calibration for process and voltage given the
application. A crystal oscillator’s frequency of oscillation is independent of voltage and process.

However, it needs off-chip components and can incur higher costs.

Functioning

Figure 2-20 shows the architecture of the crystal oscillator. It consists of a series RLC circuit, with
a parallel parasitic capacitance Cp. The quality factor (Q) of the crystal oscillator is in the 50,000
range, which provides a very precise frequency. The circuit can be made to oscillate in series or
parallel mode. Parallel mode is the preferred mode of oscillation. In parallel mode, the crystal is
connected with an inverting amplifier with two load capacitors connected in parallel (CL), as shown
in Figure 2-20. In parallel mode, the crystal oscillator appears as an inductor and oscillates with
the load capacitors (CL). In order to oscillate, the circuit needs to meet the Barkhausen criteria of
oscillation. The inverting amplifier, Amp in Figure 2-20, is designed to meet the oscillation criteria.

Figure 2-21 shows the design method to meet the oscillation criteria.
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a) Negative resistance design circuit b) Negative resistance simulation result

Figure 2-21 Negative Resistance (Rn)design method to meet the oscillation criteria for crystal
oscillator, Rn> ESR
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In this circuit, crystal is removed from the oscillator and an ac current source is connected across
the amplifier terminal, as shown in Figure 2-21 (a). The inverting amplifier presents a negative
resistance to the applied ac current. The value of the negative resistance is a function of frequency.
Figure 2-21 (b) shows the negative resistance of the amplifier with frequency. The negative
resistance of the amplifier is an active component and is needed to overcome the damping effect
in crystal’s ESR in the RLC circuit of Figure 2-20. The ESR of the crystal is an energy dissipating
component, and the amplifier compensates for this dissipation through the negative resistance by
supplying/replenishing the dissipated energy in the crystal. The Barkhausen criteria for oscillation
are met when negative resistance of the amplifier is greater than the ESR of the crystal. As a rule
of thumb, the negative resistance of the amplifier should be greater than the ESR by at least three
times in magnitude. The ESR of the crystal oscillator at 32.768kHz is typically in the range of
30kQ. Figure 2-21 (b) shows that the designed amplifier shows a negative resistance of -90kQ.
The start-up time of the crystal oscillator is typically very large (~1s range) because of the high Q
of the crystal circuit. The negative resistance of the amplifier also controls the start-up time and,

the higher the negative resistance, the faster will be the start-up time of the crystal [19].

Power Consumption

The power consumption of the crystal oscillator is determined by the crystal and the design of the
amplifier. The energy dissipating component in the crystal oscillator is the crystal’s ESR. ESR
dissipates energy in the form of heat loss, as Joule’s heating, and is given by I°R, where R is the
value of resistance of the crystal’s ESR and | is the RMS ( Root Mean Square) current flowing
into the crystal. This loss is directly proportional to the amplitude of oscillation. To reduce the loss

and hence to reduce the power consumption of the crystal oscillator, the amplitude of oscillation
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is often reduced. This can be done by operating the amplifier in the sub-threshold region [14][15].
Recent work applies circuit techniques where the amplitude of oscillation can be reduced by using
delay locked loop (DLL) [13] or by simply quenching the oscillation amplitude [15]. These
techniques have reduced the power consumption of a 32kHz crystal oscillator to 5.58nW [13],

making it possible to use the crystal oscillator for BSNs, where a lower power clock is desired.

In this section we propose a 32kHz crystal oscillator circuit that consumes close to 1nW of power.
We first operate the crystal oscillator in sub-threshold at 0.3V Vpp to reduce the overall power
consumption to 2nW. We further reduce the power by applying a duty-cycling technique to turn-
off the amplifier often. This technique brings down the over-all power consumption of the crystal
oscillator to 1nW, improving the state of the art by almost five times. This proposed solution is

more suitable for BSN applications.

2.3.1 Architecture

In this work, we designed the crystal oscillator operating at 0.3V Vpp, in the sub-threshold voltage.
The transistor sizes of the amplifier determines the negative resistance and power dissipation;
increasing the transistor size increases the negative resistance (Rn), but it also increases power.
Decreasing the size makes |Rn| < ESR, failing to meet the oscillation criteria. The low voltage
operation at 0.3V VDD provides the proper Ry for the oscillator. The amplifier consumes 5-10nA

of quiescent current, which sets the power consumption of the crystal oscillator at 2-10nW.

In order for the oscillator to start, Rn> ESR. The start-up time, the time the oscillator takes to reach

the full amplitude, is also controlled by Rn. The higher the value of R, the faster will be the start-
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up [19]. However, a higher value of Ry means higher power consumption. The amplitude of
oscillation saturates after start-up. After the oscillation saturates, the Rn of the amplifier decreases
because of the non-linearity in the circuit due to saturation, and effectively Rn = ESR at saturation.
The saturation of oscillation creates higher harmonics, resulting in unnecessary power dissipation.
While higher power is needed during start-up [19], it is not needed when the oscillation saturates.

We propose further improvements in design to save this power.
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b) Timing Diagram

Figure 2-22 Proposed control scheme, where oscillator is turned on and off to save power

The energy of a crystal oscillator is stored in its equivalent inductor and capacitor. After the
saturation of oscillation, the stored energy in the crystal’s equivalent inductor and capacitor is
saturated. After the saturation, if the amplifier is disabled, the oscillation will start decaying, and
if we enable it again, it will start growing again. The power consumption becomes negligible when

the oscillator is disabled. However, oscillation doesn’t die right away and decays slowly, with the
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time constant given by ESR and Lm of the crystal. The output of the crystal oscillator is still useful
and can be used to provide the clock when it is decaying. Therefore, the power consumption of a
crystal oscillator can be further reduced by switching the amplifier. In our design, we switch the
amplifier periodically, while keeping the amplitude of oscillation high enough for the receiver
circuit to detect the oscillation. Figure 2-22 (a) shows the concept of the control scheme. When the
amplifier is disabled, the oscillation at XI will decay with a time constant (TD), which is
determined by the ESR and Lm. When the amplifier is enabled, it grows with a time constant (TG),
which is determined by Rnv —ESR and Lm [19]. For optimal power savings, the amplifier should
be disabled for a time proportional to TD, and enabled for a time proportional to TG, as shown in
Figure 2-22 (b). A counter running on oscillator output frequency is enabled when the amplitude
crosses a set threshold. It counts until C1 and stops when the amplitude crosses a higher threshold.
This gives us a digital o/p proportional to TG. Similarly, C2 proportional to TD can be obtained.
A clock with the period (C1+C2) is obtained, with C1 as High and C2 as low, as shown in Figure
2-22 (b). The proposed technique enables a calibrated switching of the amplifier of the crystal

oscillator and helps in cutting down the power further to 1nW.

2.3.2 Design of Low Power Amplifier

The architecture of the proposed crystal oscillator involved the design of a low power amplifier
and control circuit to switch the amplifier periodically. To reduce the power consumption of the
crystal oscillator, power at both stages of the design has to be reduced. This section talks about the
design of the low power amplifier circuit. Various inverting amplifier architectures can be used
to implement the amplifier. A simple push-pull inverter (a digital inverter) with a big bias resistor,

as shown in Figure 2-20 (a), is one of the design options and is commonly used because it is single
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stage and hence consumes the least power [15]. However, the inverter circuit needs to be designed
properly to meet the Barkhausen oscillation criterion. At lower driver strength (smaller sizes for
nMOS and pMOS), the negative resistance of the amplifier is lower and cannot meet the oscillation
criterion. Increasing the size increases the negative resistance. However, after a certain size, the
negative resistance starts decreasing, because of the self-loading in the inverter through the gate-
drain capactiance, Cep (miller effect). Also, increasing the size of the inverter increases the power
consumption. Therefore, the inverter needs to be sized properly for the power consumption, as
well as for negative resistance. Apart from proper sizing, the power consumption can also be
reduced by operating the amplifier circuit at lower Vpp voltage. At lower Vpp voltage, the
amplifier can be sized to meet the oscillation criterion. The sizes for lower Vpp are typically bigger

than the sizes for higer Vpp. However, the overall power consumption decreases.
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Figure 2-23 Power consumption of the amplifier circuit with Vpp voltage for fixed negative
resistance of -70k Q

FFigure 2-23 shows the power consumption of the amplifier circuit designed to provide a fixed
negative resistance of -70kQ at 32kHz for different VVpp voltage. The power consumption increases

with the voltage almost linearly. This is largely because the bias current of the amplifier almost
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remains the same for a given Rn. As a result, power increases because of the increase in the Vpp.
Therefore, the oscillator needs to be operated at a lower Vpp to reduce the power. We designed
the inverter to operate at 0.3V Vpp and provide -70kQ negative resistance at 32kHz as shown in
Figure 2-23. We used LV transistors with longer length to implement the inverter. LV transistors
give better performance or gain at 0.3V Vpp, owing to the lower threshold voltage, while a longer

length of the transistor helps in reducing the bias the current.

Process Calibration
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Figure 2-24 Calibration technique for amplifier to address variation effects

The amplifier was designed to operate in the sub-threshold region with a Vpp of 0.3V. Owing to
the sub-threshold region of operation, the amplifier is sensitive to process variation. As a result,
the negative resistance and power consumption of the amplifier can vary a lot. At some process
corners, the amplifier can consume higher power and give very high negative resistance, and at

other process corners, its negative resistance can be low, and it may fail to meet the Barkhausen
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oscillation condition. We propose a calibration method to address this variation. Figure 2-24 shows
the calibration circuit. We set the drive strength of the amplifier transistors MP and MN using this
circuit. The amplifier is enabled when ENP=0 and ENN=1. For calibration of MN to a given drive
strength, ENN and ENP are set to one. This enables the calibration circuit where MN gets

connected to an external resistor through the switch MNC. XI is connected to Ref, which is
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Figure 2-25 Simulation result of the XTAL at 0.3V VDD and consuming 2nW power

selected to be at Vpp/2. The size of transistor MN is changed using the SAR logic and the
comparator in the feedback loop. This happens in the following way. X1 and Ref are set to Vpp/2
and the pull-down path is enabled, while the pull-up path is disabled. The external resistor Rc is
connected to Vpp. If the size of MN is very big, then it will pull down the XO node below Ref
which will cause the comparator output to go low. This low signal tells the SAR logic to reduce
the size of the transistor MN. The size of MN is successively approximated, and the method is
similar to the one explained in Section 2.2.3 for the on-chip clock source, and it takes 5 clock
cycles. This algorithm is like a binary search for the right drive strength of the transistor MN set
by the external resistor. This way MN can be sized to the right drive strength. Similarly, MP is

sized by setting ENN and ENP to zero and connecting the external resistor to ground. We use a
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size of external resistor such that the amplifier can be sized to supply 5-20nA of bias current, which
provides enough drive strength to meet the Barkhausen criteria for oscillation. Figure 2-25 shows

the simulation result of the oscillator.

2.3.3 Amplifier duty-cycling control implementation

To further reduce the power consumption of the XTAL, the duty cycling technique explained in
Section 2.3.1 is implemented. Figure 2-22 shows the control scheme. In this control scheme, the
amplifier explained in Section 2.3.2 is periodically turned on and off. When the amplfier is turned-
off, the power consumption of the oscillator goes to 0.3nW, and it consumes 2nW when enabled.
The oscillation grows when the amplifier is enabled and decays when it is disabled. The amplitude
of oscillation during this time is kept high enough for detection. The on time for the amplifier
should be proportional to the rate of growth of oscillation (TG). Similarly, the off time of the
amplifier should be proportional to the decay of the oscillation (TD). The implementation of the

control scheme involves design techniques to obtain the time constants TG and TD.

Obtaining time of growth of oscillation
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Figure 2-26 Circuit to obtain the time of growth (TG) of oscillation
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Figure 2-26 shows the circuit to obtain the TG of the oscillation. It consists of comparators and
SR flip-flop. Threshold voltages VREFH=220mV and VREFL=200mV are applied at the negative
terminal of the comparator, while XI is applied at the positive terminal. Once oscillation’s
amplitude goes above VREFL, the output of Compl goes high and corresponding SR flip-flop is
set. This sets COUNTG to high. A counter is enabled using this signal to count. The amplitude of
oscillation keeps on increasing. Once the oscillation crosses VREFH, Comp2 goes high and sets
COUNTG to zero. This stops the counter and sets the value of the counter, which is proportional
to the growth of oscillation. The value is digital and is stored, while the circuit is disabled to save

power. The proposed circuit consumes active power only when the count value is needed.
Obtaining time of decay of oscillation
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Figure 2-27 Circuit to obtain the time of decay (TD) of oscillation

Figure 2-27 shows the circuit implementation for obtaining TD for the oscillator. The circuit is
very similar to the circuit used for obtaining TG. It also enables a counter, which counts when XI
is between VREFH and VREFL. While TG is obtained when the amplifier is enabled, TD is

obtained when it is disabled. Both TG and TD are stored digitally and their corresponding circuits
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are disabled to save power. After obtaining TG and TD, the oscillator control turns on the amplifier
for time=TD and turns it off for time=TG. This way, the power consumption is reduced and
dutycycled. The total power consumption goes below 1nW. The next section talks about the

complete control architecture of the circuit.

2.3.4 Complete circuit implementation

Figure 2-28 shows the complete circuit diagram of the proposed crystal oscillator circuit. First, the
calibration of the amplifier is performed, which can be done once after manufacturing. The

calibration circuit sets the drive strength of the amplifier and compensates for the process variation.
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Figure 2-28 Complete circuit diagram of the proposed crystal oscillator circuit

After the calibration, the time constant generation circuit obtains the time of growth (TG) and time

of decay (TD) of the oscillator. These time constants are used to configure the clock, (DCCLK) to
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switch the amplifier on and off. The duty cycle of DCCLK is determined by TG and TD, with high
time=TG and low time=TD. Once the DCCLK is configured, the time constant generation circuit
is disabled. Similarly, the calibration circuit is disabled after calibration and all the digital bits are
stored. This eliminates the power overhead of the calibration circuit or time constant generation
circuit. The power consumption is given by the amplifier with duty cycling. A clock buffer is used

to level convert the clock to higher voltage if needed.

2.3.5 Results
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Figure 2-29 Simulation result of oscillator duty-cycling technique
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We implemented the crystal oscillator circuit (0.25mmx0.25mm) in 130nm CMOS. Figure 2-29
shows the simulation result of the proposed circuit. Initially, time constants TG and TD are
obtained and DCCLK is held low. DCCLK is then configured with a time period of TG+TD with
high time of TG and low time of TD. Once DCCLK is configured, oscillation switches on and off
and achieves a power consumption of less than 1nW. Figure 2-29 shows that the oscillator’s
amplitude increases when DCCLK is high and decreases when it is low, achieving the duty-cycling

effect in the design.

Table 2-1 Comparison summary of the duty-cycled oscillator with previous low power works

[13] [15] [17] [18] This work
Operating Frequency 32kHz | 32kHz | 32kHz | 2.1MHz 32kHz
Area 0.3mm? | N/A | 25mm? | 0.41mm? | 0.0625mm?
Power Consumption 5.58nW | 22nW | 220nW | 700nW 1nW
Operating VDD 0.92-1.8vV | 0.71V 3V 3V 0.3V
Number of Power/Gnd 2/2 1/1 1/1 1/1 1/1
Amplitude of Oscillation | 100mV | 65mV | N/A N/A 200mV
Technology 0.18um 2um 2um 2um 0.13pum

We implemented the crystal oscillator circuit (0.25mmx0.25mm) in 130nm CMOS. Figure 2-29
shows the simulation result of the proposed circuit. Initially, time constants TG and TD are
obtained and DCCLK is held low. DCCLK is then configured with a time period of TG+TD with
high time of TG and low time of TD. Once DCCLK is configured, oscillation switches on and off
and achieves a power consumption of less than 1nW. Figure 2-29 shows that the oscillator’s
amplitude increases when DCCLK is high and decreases when it is low, achieving the duty-cycling

effect in the design.
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Table 2-1 shows the comparison summary of the proposed crystal oscillator circuit with previous
work. Our crystal oscillator circuit consumes 1nW of power and has an area of 0.0625mm? .1t has
over 5X lower power and 8X lower area compared to [13], which is the lowest reported power
crystal oscillator circuit. We also operated the circuit at 0.3V, which is the lowest reported power
supply voltage for a crystal oscillator amplifier circuit. The circuit in [13] also uses a DLL based
technique and employs two power supplies and two grounds to achieve lower power. Our circuit
uses a single power supply. Previously reported work, such as [15] or [16], achieves a power
consumption of 22nW and 18nW by reducing the amplitude of oscillation. We reduce the
amplitude of oscillation by operating the circuit at 0.3V. The proposed circuit provides a low power,
lower area crystal oscillator circuit. It applies lower voltage design in conjunction with a duty-

cycling technique to achieve lower power suitable for BSN applications.

2.4 Conclusions

We presented an ultra-low power clock source platform for BSN application. It provides an on-
chip and an off-chip oscillator circuit utilizing a crystal oscillator. Proposed circuits utilize low
voltage design and duty-cycling technique to achieve lower power. The ULP on-chip clock source
uses a 1uW temperature compensated on-chip digitally controlled oscillator (Osccmp) and a
100nW uncompensated oscillator (Oscucme), With respective temperature stabilities of 5ppm/°C
and 1.67%/°C. We also presented a fast locking circuit that re-locks Oscucwmp to Osccwvp often
enough to achieve high temperature stability. Measurements of a 130nm CMOS chip show that
this combination gives a stability of 5ppm/°C from 20°C to 40°C (14ppm/°C from 20°C to 70°C)
at 150nW, if temperature changes by 1°C or less every second. The proposed circuit exhibits

similar stability to an XTAL with ~7X less power and no off-chip components. We also proposed
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a crystal oscillator circuit for a more precise and lower power solution in an off-chip
implementation. The crystal oscillator circuit operates at 0.3V, with a power consumption of 2nW
without duty-cycling and 1nW with duty-cycling, over 5X lower power and 8X lower area
compared to the state-of-the-art. The proposed circuit has the least reported power and power

supply for the crystal oscillator operating at 32.768kHz.
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Chapter 3

Energy Harvesting and Power

Management for ULP Systems

The previous chapter showed the clocking solution for ULP SoCs. The clock source is usually
always on and adds to the standby power consumption of the system. The clocking scheme
proposed in Chapter 2 provides low power solutions suitable for BSN applications. Another
component of standby power consumption in a ULP SoC is the energy harvesting and power
management circuit (EHM). While the voltage sources (Vpps) are always needed for the SoC, the
energy harvesting circuit also needs to be on to tap into dynamically varying harvesting sources.
Further, in order to increase the overall life time of the system, the EHM circuits need to be more

efficient and operate at lower output voltage.

ULP SoCs, like BSN, can now operate from harvested energy obtained from ambient sources such
as sunlight, ambient light, vibration, RF or the body heat of a human being. These sources provide
low energy due to the constrained operating condition. It is vital that the energy be harvested
efficiently and managed with minimum loss, in order to enable battery less operation of ULP
systems. It is also vital that the energy harvesting and management circuit do not increase the cost
or bill of materials (BOM) of the BSN, which can hinder their wide spread deployment.

Conventional approaches to obtaining and managing energy from ambient sources either employ
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more than one inductor, which increases the cost and bill of material (BOM), or use low drop out
(LDO) regulators, which have lower efficiency. The lower efficiency of LDOs can result in the
loss of energy, which is not desirable. There is a need to provide an efficient and low cost energy
harvesting and power management solution. This chapter proposes a highly efficient energy
harvesting and power management solution with various design options. The proposed solution
can harvest energy from TEG, and solar cells. It proposes a single inductor power management
circuit to provide regulated output voltages for BSN, which helps in reducing the cost of the power-
management circuit. It also presents a bandgap reference voltage circuit which operates at lower
voltage and consumes lower power than state of the art reference voltage circuits. The lower
voltage operation of the bandgap reference circuit enables a lower start-up or power-on voltage for

the body sensor node, which helps in increasing the life-time of BSN node.

3.1 Energy Harvesting and Power Management System

Ambient 4 Energy I Ve i Storage

Source Harvester \
TEG/PV/ Clamp
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angement ! or So
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Figure 3-1 Energy harvesting and power management system

Figure 3-1 shows the typical block-level architecture of an energy harvesting and power

management (EHM) system for an ultra-low power system such as a BSN. The functioning of such
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a system can be broadly divided into two categories; harvesting energy and power management.
The system can harvest energy from ambient sources, such as a thermo-electric generator (TEG),
solar cell or a photovoltaic cell (PV), RF sources, or vibration, using a piezoelectric harvester.
Usually, the harvested energy is stored on a capacitor. The power management circuit then
generates multiple meaningful voltages (Vops) for the SoC. These output voltages are regulated
using the reference voltage. The purpose of the reference voltage is to supply a well-controlled
absolute reference voltage. The reference voltage is also used to supply the clamp circuit for the
energy harvester. The purpose of the clamp circuit is to prevent the output voltage on the storage

capacitor from going higher than a set maximum for its reliable operation.

The design and architecture of the EHM system impact the overall operation and lifetime of the
BSN. For a longer lifetime of the node, various design and architectural requirements are to be
met. For example, the system should be able to harvest energy efficiently at very low levels of
output power from the ambient sources. Another requirement is that the system should start-up at
lower initial voltage on the storage capacitor. This is limited by the output voltage at which the
reference voltage starts-up. A lower start-up voltage on the storage capacitor increases the life time
of the node because more energy on the capacitor can be used. The regulated output voltages
coming out of the power management circuit should also be efficiently regulated and their loss is
to be minimized. The system includes several bias circuitries, including the reference voltage,
which consumes quiescent power even in the absence of any load on the SoC. This power is used
for the control circuitry in the EHM system. It is very important to reduce the static power
consumption for the longer life time. Finally, the cost of implementation of such a system should

also be very minimal for its widespread deployment.

46



Vioosr: 1.35V Linear Switched-Cap

—, Regulators Regulator
L a
i J_ | l l Voltage Domain ___ |Blocks Powered

[

| Il osv [ ~ /— 1.2V Pads, AFE
| T | | Bandgap o lq)-( 2 1.0V TX LO

C ; 1
L Bias Gen " — _ 0.5V TX PA

@ 0.5V DPM, MEM, Accels
- vy L SC Reg. (0.25-1.0V)|Accels for DVS
v -

RPROO
Vieee | N o 0.25-1.0V
REF, IREF 222%‘!

Figure 3-2 Energy harvesting and power management system in a BSN SoC [1]

Figure 3-2 shows the power management block of a state-of-the-art BSN chip [1]. The
implementation of each block on the system is not the existing state-of-the-art for that given block.
However, the implementation presents all the blocks needed for EHM and is the state of the art
solution for the complete implementation of EHM for a BSN SoC. The solution provides an energy
harvester, as well as power management, to provide multiple Vpp rails for the SoC. It also includes
a reference voltage circuit, Bandgap reference for voltage regulation. It uses an inductor based
boost-converter circuit to harvest energy from a thermo-electric generator (TEG). The energy
harvester can harvest from an input voltage of 20mV or 1-2°C temperature difference on TEG.
The Bandgap reference circuit provides a 0.5V reference voltage for power management circuits
and for the voltage clamp on the boost converter. It starts at the storage voltage of 0.9V and
consumes a power of 200nW. Therefore, the EHM circuit on [1] cannot start before the voltage on
the storage capacitor goes to 0.9V. The EHM circuit’s standby power consumption is also greater
than 200nW. Further, the existing power management solution for the chip includes multiple
linear regulators and a switched capacitor regulator to supply different Vpp rails. A linear regulator

such as an LDO suffers from poor efficiency. The existing power management solution for the
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chip includes multiple linear regulators and a switched capacitor regulator to supply different rails.
The theoretical maximum efficiency of an LDO cannot be more than Vpo/Veoost. Therefore, more
than 63%, 26% and 12% of energy on the Vpp rails, 0.5V, 1.0V, and 1.2V gets wasted in obtaining
the regulated Vpp voltage. There is a need to provide energy efficient solutions for the power
management, which can increase the lifetime of the BSN chip. This work proposes a highly
efficient energy harvesting and power management solution with various design options for BSNs.
It proposes novel circuits for each component of the EHM and improves the state of the art for

each one of them.

3.2 Energy Harvesting for Thermo Electric Generator

There are various ambient sources for harvesting energy. However, the following four sources are
commonly explored for ULP systems. These are light, vibration, thermal, and RF. Energy
harvesting from outdoor sun-light is a well explored research area. Usually, these harvesters are
much bigger in size. They are used to harvest large amounts of power (in kWs) at high voltages.
These converters achieve high efficiency with very good maximum power point tracking [20]-[22].
Recently, interest in micro-power energy harvesters using solar cells has emerged for their use in
ULP systems, such as WSNs or BSNs energy harvesters [23]-[25]. These are used for low power
systems. Usually, they are small in size and harvest very low amounts of energy (in pWs), due to
the smaller size of the solar cell and low ambient light because of the indoor lighting condition.
Another harvester that is commonly suited for BSN application is the piezoelectric harvester,
harvesting mechanical energy from vibration. These harvesters can harvest 10-100’s of pyW of
available power [26]. Electrical energy is generated when mechanical stress is applied on a

piezoelectric material, which underlines the physics behind energy harvesting. Recently,
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piezoelectric harvesters suitable for BSNs have been demonstrated. These harvesters can harvest
output powers of a few uW to 100’s of uW, at efficiencies above 80% [27]-[29]. Harvesting energy
from available RF power is another means of obtaining energy for BSNs. However, RF energy is
not true energy harvesting, as RF signals are powered from other sources. Nevertheless, RF can
also supply enough energy to power BSNs [30]-[32]. Finally, thermoelectric generators (TEG)
can also be used to harvest energy from thermal gradients existing in our surroundings or systems.
TEGs have found widespread use in industrial space, where large temperature gradients, such as
heat exhausts, are common [33]-[35]. These are usually big in size and harvest energy at the rate
of a few 100’s of Watt. Smaller TEGs have also been designed to be used for ULP SoCs. One of
the application of TEG is harvesting energy for SoCs that are worn by the human body. 1-10°C of
temperature difference can exist between a human body and its ambience. We can harvest 100’s
of uW of available power [36][37]. Recent TEG energy harvesters can harvest energy from very
low temperature difference, usually 1-2°C, resulting in an input voltage of less than 50mV [38]-
[41]. In this chapter, we present an energy harvester using a TEG that can harvest from 10mV
input voltage. We also present a control scheme for improving the efficiency of the harvester. We
will first explain the functioning of a thermo-electric generator and then dive into the design details

of the extraction circuit.

3.2.1 Functioning of TEG

A thermoelectric generator converts the thermal energy arising from the difference in temperature
between two conductors into electrical energy and vice-versa. The physics behind the
thermoelectric phenomenon is the Seebeck effect. The Seebeck effect is the production of an

electromotive force (emf) and, consequently, voltage or current between two dissimilar conductors,
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when their junctions are maintained at different temperatures. The conductors can be metals or
semiconductors and they need not be solid. Apart from generation of emf, thermo-electrics are
also used for measuring temperature, as well as for heating or cooling. When electricity is passed
through the junction of two different conducting materials, heat can either be generated or taken
away (cooling). This effect is called the Peltier effect. Similarly, if a temperature difference exists
between two metals, the amount of electromotive force generated is proportional to the difference

in temperature. By measuring the produced voltage or current, the temperature can be measured.

The thermoelectric materials used for generating electricity need to be good conductors of
electricity, as a scattering effect can generate heat on both sides of the barrier. Also, the material
needs to be a poor conductor of heat; otherwise, the temperature difference that must be maintained
between the hot side and cold side produces large heat backflow. Materials which optimize these
electrical and thermal properties fit the bill. The highest performance has been shown by heavily
doped semiconductors, like Bismuth-telluride or Silicon-Germanium [42]. The semi-conductor
material also needs to form a base on which both n-type and p-type semiconductor can be generated.
Segments of p-type— and n-type—doped semiconductor materials, such as suitably doped bismuth
telluride, are connected together to form an electric circuit. The shunts are made of an excellent
electrical conductor, such as copper. A voltage drives a current through the circuit, passing from
one segment to another, through the connecting shunts. For determining efficiency, this
configuration is equivalent to the electrons passing directly from one thermoelectric material to
the other. Conventional thermoelectric cooling/heating modules are constructed of thermoelectric
segments repeated many times, and organized into arrays such as the one shown in Figure 3-3.

When current flows within the module, one side is cooled and the other is heated. If the current is
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reversed, the hot and cold sides reverse also. The geometry for power generators (Figure 3-3) is
conceptually the same. In this case, the top side is connected to a heat source and the bottom to a
heat sink. Thermoelectric power generators often are similar in physical form to cooling modules,
except that fewer taller and thicker elements are used.

Heat
absorbed N-type semiconductor pellets

P-type
semiconductor

Positive (+)

rejected Negative (-)

Figure 3-3 Practical Thermoelectric generator connecting large number of pn junction to increase
the operating voltage [42]

The Seebeck effect in the semiconductor material creates a flow of excess electrons from the hot
junction in the n-type material to the cold junction. In the p-type material, holes migrate toward
the cold side, creating a net current flow in the same direction as that of the n-type material. The
measure of the performance of the material used in TEG is the Seebeck coefficient, defined as the
change in voltage per degree of temperature change.

dv (3.1)

S=ﬁ
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Since heat flows from the top to the bottom, all of the thermoelectric legs are thermally connected
in parallel. In the power-generation mode, heat flowing from the top to the bottom drives an electric
current through an external load. The voltage obtained at the output of the thermal harvester is
proportional to the temperature difference across the thermoelectric element. For body-worn
devices, the temperature difference is very small and an output voltage of few mV - 50mV is all
that can be produced using a 10cm? thermal harvester. The energy harvester should be able to
harvest energy from such low input voltages. Several circuit design challenges had to be overcome
to be able to harvest from such low voltages. In this chapter, we present a TEG harvester that can

harvest from an output voltage of 10mV and above.

Electrical Characteristics of TEG

Figure 3-4 Equivalent circuit of a thermoelectric generator

The thermoelectric generator can be modeled as a voltage source in series with an input resistance
[43][44]. Figure 3-4 shows the equivalent circuit of the TEG. The open circuit voltage Ve is
directly proportional to the temperature difference between the hot and cold sides, and is given by,
Vrge = SAT (3.2)
where S is Seebeck coefficient given by equation (3.1), and AT is the temperature difference
between the hot and cold sides of TEG. Commercial TEGs use semiconductor material bismuth

52



telluride due to its good electrical conductivity and poor thermal conductivity [42]. The Seebeck
coefficient of an n-type bismuth telluride material is -287uV/K at 54°C. The lower voltage coming
out of one TEG cell requires that multiple cells be used in series to increase the output voltage, as
shown in Figure 3-3. Connecting more cells in series increases the input resistance of the TEG and
can reduce the efficiency. Also, a smaller size TEG is needed for body-worn devices. Therefore,
the output voltage of the TEG can be very small, at times a few mV only. This chapter presents a

design to harvest energy from such low output voltages in TEG material.

Maximum Power Point in TEG

———

Energy Harvester

VTEG (T) Vin

Figure 3-5 Energy harvester harvests maximum energy when impedance of the harvester
matches TEG's input resistance

Figure 3-5 shows the condition when a harvester is connected to the TEG. The harvester will
present a load with output impedance Z oap to the TEG. The power drawn from TEG is dependent
on the value of the Zioap. When Zoap is very high, the current drawn by the harvester will be
very small and so the output power will be small. Similarly, if the Zioap is low, output voltage
will be small and, consequently, the output power will be small. From basic electrical engineering,

we know that the maximum power will be delivered to the load when,
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Zi0ap = Rin (3.3)
Figure 3-6 shows the output characteristics of an energy harvester connected to TEG. It shows the
output power and output voltage as functions of load current. The output power peaks and a
maximum power point exists for the load. The maximum power point happens when the load
matches the input resistance Rin by satisfying equation (3.3). At this operating condition, the

output voltage Vin in Figure 3-5 is given by,

Vin = VTEG/Z (34)
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Figure 3-6 Maximum power point characteristics of a TEG energy harvester

The ambient condition in which a thermoelectric generator operates is dynamic. For example, the
temperature difference between the hot side and the cold side in a TEG can change. This can lead
to a change in the open circuit voltage of the TEG. As a result, the maximum power point (MPP)

of a TEG is a dynamic quantity that changes with time. The energy harvester should always track
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and operate at the maximum power point to maximize the harvested energy. In the proposed
solution, we present a maximum power point circuit that continuously tracks and always operates

the energy harvester at the MPP point.

3.2.2 Design of the TEG Energy Harvester
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Figure 3-7 proposed design architecture for the TEG harvester using a boost converter.

Figure 3-7 shows the architecture of the proposed energy harvester for TEG. It uses a boost
converter to harvest energy. The boost converters are switching mode power converters and they
operate on the following basic principle [45]. Referring to Figure 3-7, first, the signal LS goes high
and transistor Ms is turned on. This connects the inductor between TEG and ground. As a result,
the current in the inductor starts rising and starts storing energy. It obtains its energy from TEG.
After a well-defined time, LS is brought down to ground, and Mys is turned on. Now the stored
current in the inductor discharges on the capacitor and raises the voltage of Vcap. This switching

pattern repeats over and over to charge the output voltage to a higher voltage. The above
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description of the operation of the boost converter is very basic, and a more detailed description
of the proposed converter in the context of the challenges for low voltage TEGs will follow in

succeeding sections. However few important design topics can be introduced here for the reader.

In the ideal case, the energy that is taken from the TEG should be stored on Vcap without loss.
However, this is not possible in a practical system, and some energy losses are involved. The
efficiency of the converter, defined as the ratio of power delivered to the load to the power obtained
from the source, is the measure of the performance. Some of the losses that are involved are
explained as follows. The switches Mis and Mns have finite resistance, and they carry current
during the switching cycle. As current flows through a resistor, conduction loss takes place in the
form of Joule’s heating in the switches. Also, the switches Mrs, Mus and other circuits in the
converter, switch in a periodic fashion to harvest energy. This switching also involves energy loss
and is termed simply as switching loss. Finally, various bias current circuits are needed to
implement the control of the converter. This results in power loss that is always present and is
called static loss. In order to maximize the efficiency of the converter, all these losses are to be
minimized. Finally, maximum power can be harvested from the TEG when the efficiency of the
boost converter is at its maximum, and the boost converter’s operating point is always the
maximum power point of the TEG.

The proposed architecture of Figure 3-7 has three components. It consists of an MPP tracking
circuit to operate the converter at the maximum power point. The second component of the design
is the boost converter. The boost converter is designed to have maximum possible efficiency for

the given operating condition, while the MPP tracking circuit tracks the MPP point of the TEG
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and operates at that point. The next section talks about the architecture of the MPP tracking scheme.

The section after that, talks about the design of the boost converter control circuit.

Maximum Power Point Tracking Circuit

V,
TEG
S
: ' ! Load /
; R% Boost
Cnvtr

MPP
Sampling

Figure 3-8 Maximum power point tracking circuit for TEG

Figure 3-8 shows the maximum power point tracking circuit for the energy harvester connecting
to the boost converter. It consists of an MPP sampling circuit, a comparator and a clock generator.
The clock generator generates a clock with periods of 150ms, which is fast enough to track the
slow changing ambient condition, as well as the leakage of the VVmpp capacitor. This clock is used
to generate a pulse that goes low for 10ms shown in Figure 3-9. 10ms is large enough time to
charge a 10nF cap using a 100kQ resistor. When this pulse goes low, the boost converter is
disabled and, as a result, the load current goes to zero. Since no load is connected to the output of
TEG, the TEG voltage goes to its open circuit voltage Vrec. This pulse is also used to close the
switches S; and S, as shown in Figure 3-8. The two resistors get connected to the TEG voltage
and the Vvpp node goes to the voltage V1ec/2 through the resistor divider. Therefore, the capacitor

Cw gets charged to VTec/2. The output voltage of the Vvpr node is maintained by the cap Cm. The
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MPP sampling circuit samples the half of the TEG’s open circuit voltage and stores it on the cap.
After the pulse goes high again, the boost converter starts drawing the current from the TEG. As
it draws current from the TEG, the voltage level of Vin will start decreasing. The boost converter
increases the current drawn from the TEG source by increasing the frequency of switching. As
long as the output of the comparator is high, the boost converter switches at higher frequency and

the current drawn from the TEG source is high.
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Figure 3-9 Simulation Result of MPP tracking circuit showing

Figure 3-9 shows the simulation result of the MPP tracking circuit. As the current is drawn, the
output voltage of TEG goes low, and eventually reaches Vwvpp value, which is set to Vtec/2. As it
crosses Vwpp value, the comparator output goes low and the boost converter is disabled. As the
boost converter is disabled, the Vin voltage will start going higher and it will go above Vupe. At
this point, comparator output goes higher and the converter is enabled again. This way the output
voltage of TEG is maintained at Vtec/2, which is the maximum power point of the circuit given
by the equation (3.4). The output voltage of the TEG is maintained at its maximum power point

by the control circuit with a voltage ripple around it. The amount of ripple is a function of the
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capacitor connected at TEG. The ripple can be made negligibly small by connecting a large
capacitor. We use 5uF cap at the output. This way the circuit is maintained at its maximum power
point. The output voltage is sampled frequently using the clock, which helps keep track of the

TEG’s open circuit voltage to account for the dynamic changes in the operating condition.

3.2.3 Control Circuit for Boost Converter
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Figure 3-10 Timing diagram of the control signal for the boost converter showing use of two
phases ¢1 and ¢2, where ¢1 is used for cancelling mismatch to harvest at low voltage

The boost converter design involves charging of the inductor current and storing it on the
capacitor on Vcap. The signals LS and HS, as shown in Figure 3-10, are used to accomplish this
switching. The signal LS goes high to turn on Mys transistor in Figure 3-7. This starts charging the
inductor current. After a well-defined time, which sets the inductor peak current, the inductor
current is discharged on the capacitor, raising Vcap. This is done when HS goes low, as shown in
Figure 3-10. Usually, LS and HS signals are controlled to control the performance in a boost
converter. However, the proposed boost converter is designed to harvest energy from very low
input voltage, such as 10mV. The effect of mismatch or non-idealities in the circuit needs to be

addressed if energy is harvested at low voltage levels. The mismatch between the threshold voltage
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of two transistors can itself be as high as ~50mV.

It is not possible to harvest energy at low

voltages if the mismatch between the devices in circuits such as the comparator is not compensated.

Therefore, the energy harvesting control scheme is broken down into two phases. In phase one,

designated by control signal ¢1, the mismatch throughout the design is compensated for. Phase

one is followed by phase two ¢2, which includes control and generation of signals LS and HS.

Figure 3-10 shows the timing diagram. We will now explain the circuits needed to control the LS

and HS signals.

Low Side (LS) Control Scheme: Peak Inductor Current Control
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Figure 3-11 Efficiency variation with peak inductor current for various input voltages

The low side control signal (LS) controls the amount of energy harvested from TEG. During the

time when LS is on, the inductor current increases and reaches peak value, Ireak. The value of the

peak current depends on the on-time of the LS switch Mis. The longer the on-time, the higher the
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peak current would be. For micro-power design, all the inductor current is discharged into the
storage capacitor on Vcar. So, the energy transferred from TEG in each cycle is given by,
E=0.5%LI%; (3.5)

Losses are involved when a transfer of energy happens. These are switching and conduction loss.
The conduction loss is dependent on Ipeax. The efficiency of the converter greatly depends on the
value of Ipeax. Figure 3-11 shows the variation of the efficiency with Ipeax for different input
voltages. At lower value of Ipeak, the switching loss in the converter dominates and lowers the
efficiency. This happens because the energy transferred, given by equation (3.5), is small
compared to the switching loss. At higher values of Ipeak, the conduction loss increases greatly to
reduce the efficiency. There are values of Ipeax Where the efficiency can be maximized. Therefore,

it needs to be well-controlled (See Appendix B for analytical details).

It is a common practice, in switch mode power supply design, to control the peak inductor current
for maximizing efficiency (See Appendix B). In the conventional approach, the resistance of the
MOS transistor is used to measure the peak inductor current. The drop across the LS transistor
M_s, when the inductor is on, is the representation of peak inductor current. However, this method
is sensitive to mismatch and can result in £20-40% error in the peak inductor current [46]. Also,
this method consumes higher power, which can reduce the efficiency by more than 3% [46].
Usually, LS is turned on for a fixed time [38][39] to control the peak inductor current. This method
IS not expensive in terms of power. However, the efficiency can be reduced because the inductor
current is not controlled. Also, the process variation can result in a variation of the peak current
further impacting the efficiency of the converter. We propose a low power control scheme to

control the peak inductor current. The proposed control scheme is one of the first implementations
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of peak inductor control for micro-power harvesters. The proposed scheme has very small
dependence (x2.5%) because of the mismatch between the devices. We also propose means to

control the process variation or voltage variation.
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Figure 3-12 LS control circuit to generate the constant peak inductor current

Figure 3-12 shows the circuit that is used for generating constant peak inductor current. The circuit
generates the timing for LS signal. The value of the peak inductor current can also be programmed
by this circuit. It uses phase 1 and phase 2 of the switching cycle to generate the timing for LS.

The functioning of this circuit is explained with the help of the following timing diagram.

Figure 3-13 Timing diagram for LS control circuit

The circuit operates in the following manner. During phase ¢1, node a is connected to V), which

the output voltage of TEG, Vcis is held to ground and comparator C1 is disabled. The output of
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LS is set to ground. The transistor Mpz is made weak, which sets the output voltage of node b and
is given by Vin+VTm1, Where Vv is the threshold voltage of the transistor M1. Weak Mpz drives
M1 very close to its threshold voltage. In phase ¢2, node a is connected to ground, while the
connections between b and c are removed. The transistor My is designed to be in saturation and
sets the current I scy Which is given by,
Isctt = k * (Vin + Ve — Vrm)?
Ipsc =k * (VIN)Z (3.6)

The current generated for LS control is made proportional to the square of the input voltage. It is
used for the generation of LS timing. This current is mirrored to charge the capacitor Cis. As ¢2
goes high, the capacitor starts charging. The timing of LS is given by the charging of the capacitor.
Once ¢2 goes high, LS goes high and the capacitor starts charging. Once the capacitor Cs crosses
VN, output of the comparator C1 goes low, which resets the flip-flop and brings LS to ground.
Figure 3-13 shows the timing diagram for the generation of LS. The timing of LS is given by,

dv
Iisce1 = CLSE

as the capacitor charges from 0 to V.

T =C VIN
ON_LS — LS]
LSctl

Using equation (3.6), we get

Crs (3.7)
Tonis = "V,

This is the time for which the inductor is kept on. It increases as Vin decreases. Now, let us find
out how the peak inductor current is obtained. Assuming negligible drop across Ms, we can write

the basic equation for inductor,
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LE= Vin

The inductor current charges from 0 to Ipeax during the time LS is on.

VinTon s
So, Ippak = T_

Using equation (3.7), we get

Crs (3.8)
Ippak = H

Equation (3.8) gives the formula for peak inductor current. The proposed circuit reduces it into a
very compact form. The expression shows that the Ipeak is independent of Vin and Vcap voltages.
It depends on the value of the capacitance Cis and the inductor value L. By controlling the value
of Cis, peak inductor current can be set to a constant value, which gives the maximum efficiency,
as shown in Figure 3-11. The constant k in the expression is a function of process and temperature.
As a result, the peak inductor becomes a function of variation in process. The capacitor Crs and
the inductor L are the design components. They can be changed to compensate for the process
variation. Often, it is not practical to change the value of inductance, either because of the cost
involved or because of the size, as it is an off-chip component. However, the capacitor is on-chip
and can easily be controlled. Therefore, we propose to address the variation using the capacitor
Crs. We use 5 bit binary control on the capacitor to address the process variation. Figure 3-14
shows the simulation result for the peak inductor current at different values of Vcar and Vin.
Simulation shows that the circuit shows very small dependence on Vcap or Vin. The peak current
value decreases at lower values of input voltage Vn. The capacitor Cis can be trimmed to increase

the peak inductor current. The inductor current can also saturate at lower Vn voltages. The switch
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resistance has to be small to avoid this. Also, the peak inductor current should be reduced to avoid

saturation if it doesn’t reduce the efficiency (see Figure 3-11).
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Figure 3-14 Simulation result of peak inductor current with Vi and Vcap

High Side (HS) Control Scheme: Zero Detection

The previous section shows the method to generate a set peak inductor current to maximize
the efficiency. Boost conversion also requires the transfer of this energy stored in the inductor to
the capacitor on Vcap shown in Figure 3-7. This is achieved by controlling the high side switch of
the converter. The HS switch needs to be well-controlled to achieve better efficiency. The HS
conduction happens in the following way. Once the inductor has charged to Ireak, the HS signal
goes low and the transistor Mus turns on. The inductor current starts discharging on to the
capacitor. At this point, the node Vx goes above Vcap to satisfy the conduction. As the capacitor

charges the inductor current reduces and the Vx voltage drops. The inductor current eventually
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goes to zero and Vx becomes equal to Vcapr. The switch Mus needs to be turned off at this point
or the inductor current reverses direction and starts taking charge away from Vcap, which will
reduce the efficiency. Similarly, if the switch is turned off before the inductor current goes to zero,
the remaining current discharges through a high impedance diode, which also hurts the efficiency.
Therefore, an inductor current’s zero crossing needs to be detected for accurate timing. This is
usually termed as zero detection. Figure 3-15 shows the circuit for generating the HS timing using
the zero detection. Comparator C2 is used and it compares the Vx node with Vcap. Once Vx crosses
Vcap and goes below it, the comparator output goes low and turns off the switch Mus. The previous
works on micro-power converters have considered comparator-based zero detection very high
power [38][39]. They do not implement it and instead use a correction technique for zero crossing.
In this work, we present the comparator based zero detection scheme as shown in Figure 3-15.
There are several challenges involved in designing this for a micro-power converter. We address

these challenges by proposing new circuit architectures for the comparator block.
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a) Circuit diagram of HS b) Timing diagram for HS
Control Control

Figure 3-15 Circuit to generate the HS timing using zero inductor current crossing

The HS signal is generated using the zero detection comparator C2, by monitoring the node Vx

as shown in Figure 3-15. The design of the comparator plays a very important role in zero detection.
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Several issues need to be addressed. First, the performance of the comparator needs to be very
good. If the delay through the comparator is high, the exact timing of HS control cannot be met.
Second, the power consumption of the comparator needs to be small, as it will add to the loss in
the boost converter. Finally, the mismatch between the devices inside the comparator can result in
high offset which can alter the zero detection. This is particularly critical for harvesting from very
low input voltage, as offset itself can be much higher than the input voltage, Vin. Therefore, the
offset due to mismatch needs to be cancelled. This work proposes a comparator that addresses all

the above issues.
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Figure 3-16 Schematic of zero detection comparator with offset cancellation scheme

Figure 3-16 shows the circuit diagram of the zero detection comparator. It uses a common
gate amplifier, which is biased at 20pA of quiescent current. The use of a common gate amplifier
provides very good performance. However, if this comparator is always on, then the static power
of the boost converter will become high and it will result in very low efficiency at low input
voltages of Vin. The comparator is duty-cycled to address this. It is turned on only when the
switching happens. For example, during MPP tracking the switching happens at low frequency.
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Every time a switching cycle is activated through the MPP comparator of Figure 3-7, the zero
detection comparator is turned on, and it is turned off after the completion of zero detection.
Therefore, the comparator is on only during the switching cycle and its power consumption is the
component of the switching loss. The power overhead because of the zero-detect comparator is
greatly reduced. It reduces the efficiency of the converter by ~2% at VN of 10mV and by ~0.3%

at Vn of 100mV.

While the performance and power issues are addressed as explained above, the circuit also
addresses the offset issues. The offset in the design is cancelled in phase ¢1 of the switching cycle.
It works as follows. In ¢1, nodes d and e are set at Vcap While f is set at Vss, and switch T1 is
turned on while T2 is off. The feedback from node g sets Vorrser to remove offset in the
comparator. If there is no offset in the design, Vorrser=Vrer. The measured comparator offset after
compensation was <1mV. The other comparators in the converter use a similar offset
compensation circuit. After offset compensation, zero detection is performed. Once LS goes low,
the comparator is enabled in phase ¢2. Node d is connected to VCAP while e gets connected to
Vx and switch T1 is turned off while T2 is on. The comparator is configured to normal operation.
As inductor current decreases, the node Vx starts going down. Once Vx crosses Vcap, the common
gate amplifier changes state and comparator output goes low, which turns off Mus. The higher
performance and offset cancellation method ensures correct zero detection. The measured Vx
waveform (Figure 3-22 in Section 3.2.3) shows no overshoot or undershoot at t1 indicating ideal

zero detection, which confirms that the HS timing is correctly turning off MHS when 1.=0.

Start-up in the boost-converter
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The boost converter circuit needs a start-up voltage. It is not possible to start charging up from low
input voltages such as 10mV from TEG. Several start-up techniques are proposed in literature.
One of the ways to start-up is to implement a mechanical switch which initially transfers charge
to raise the voltage on storage node high enough to run the circuits reliably [39]. Another method
to start-up can be to use a ring oscillator on Vrec. The oscillator can be used to implement
switching of the inductor and can charge the Vcap voltage [40]. However, this technique requires
a higher voltage at Vin. These circuits start at voltages higher than 330mV [40]. The boost
converter can also be started up using transformers [41]. They can start-up at voltages of 40mV.
However, transformers are often very big in size. Our start-up circuit consists of the RF kick-start
circuit method proposed in [1]. It consists of a 30-stage RF rectifier, The RF rectifier circuit
receives the RF signal from outside and starts charging the Vcap voltage. The boost converter

circuit starts-up at 500mV.

3.2.4 Prototype Implementation and Measurement

The circuit of the boost converter was implemented in 130nm CMOS process. Figure 3-17 shows
the die photo of the circuit. We targeted the resistance of Vn to Vss line to 300m€2, which included
bond-wire, inductor’s parasitic DC resistance, board’s trace resistance and resistance of the MOS
transistor Mcs. The inductor used for the design was a 10uH coil-craft inductor. The total area for
the implementation was 0.12um?. We used three 10 pads for Vss and two 10 pads for Vcap. Figure
3-18 shows the maximum power point tracking scheme. It shows the pulse period where the boost
converter is disabled and switching stops. The maximum power point voltage is sampled at this

point and stored on the capacitor, which is used for the implementation of control.
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Parameter Value
Technology 130nm bulk CMOS
Total area 600 pm x 200 pm
Inductor value, L 10 pH
Designed Vy-to-
Vss Mis 300 mQ (Target)
resistance
Inductor DCR 70 mQ
. 50 mQ
Bondwire (mm,1mil,gold)
NMOS Res 120 mQ
Layout parasitic 60 mQ

Figure 3-17 Die Photo and design parameter of the boost converter
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Figure 3-18 Maximum power point tracking pulse for MPP CLK
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Figure 3-19 Measured TON of low side LS switch w.r.t. Vcap and V) indicating peak inductor
current control scheme

Figure 3-19 shows the measured LS switch pulse width with Vcap and Vin. The LS pulse width is
directly proportional to the peak inductor current. The Figure shows small dependence of peak
inductor current change with Vcap for a given Vin. With decreasing Vi, the LS time increases. As
Ipeak is directly proportional to Vn, decreasing Vin requires that Ton should increase to maintain

a constant peak inductor current. Figure 3-19 shows increasing Ton with decreasing V.

Figure 3-20 shows the efficiency measurement of the boost converter at various input voltages V.
The efficiency is measured by changing the time period of the LS switch. It shows that a peak
efficiency point exists for each value of Vin. At very low value of Ton, the peak inductor current
is low and switching loss dominates, resulting in lower efficiency, with at higher value of Ton peak
inductor current is high and it causes higher conduction loss, again reducing the efficiency. The

Ton time for the peak efficiency point for each VN increases with decreasing Vin. These
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measurements agree with the requirement to control Ipeax to maximize the efficiency, as shown in

Figure 3-11.
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Figure 3-20 Measured efficiency with Low Side Ton, showing increased efficiency at Higher
Ton for Low V)n. It achieves 84% efficiency and 0.4V V\n and 22% efficiency at 10mV VN

Figure 3-20 shows the measurement of efficiency for low input voltage and supports maximum of
10mA load current. The converter achieves a peak efficiency of 84% at an input voltage of 0.4V.
It is able to harvest at input voltages as low as 10mV, with an efficiency of 22%. This is the least
reported voltage from which energy can be harvested in a boost converter. It also improves over
the state-of-the-art boost converter harvesting at 20mV [38]. The efficiency of the converter in [38]
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is 48% at 20mV, while our work achieves an efficiency of 53% at 20mV. Figure 3-21 shows the
Monte-Carlo simulation result of the peak inductor current. The peak inductor current varies with

process. This is compensated by trimming the timing capacitor Cs in the design.
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Figure 3-21 Variation of peak inductor current with process using Monte-Carlo simulation

Figure 3-22 shows the result of the zero detection scheme. The optimal zero detection helps in
achieving higher frequency. The behavior of the node Vx during switching indicates the
performance of zero detection. If the switch Mus is opened before or after inductor current goes to
zero, the output at the node Vx will over-shoot or under-shoot. For example, suppose the inductor
was still carrying current when Mus was opened. As a result, the low impedance of the switch is
replaced by the high impedance of the diode. Therefore, the drop between Vx and Vcap must
increase. Therefore, the Vx node overshoots. Similarly, if the switch is turned on for a longer time
and the current crosses zero and changes the direction and starts removing charge from the Vcap
voltage, then the Vx node will undershoot. Absence of overshoot or undershoot upon opening the

switch is the indication of optimal zero detection. Figure 3-22 shows the measured zero detection

73



for various combinations of Vin and Vcap. Node Vx in all the waveform does not overshoot or

undershoot, indicating ideal zero detection.
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Figure 3-23 Measured operation of the boost converter with VIN=10mV and VIN=8mV.

Figure 3-23 shows the measured boost conversion from an input voltage of 10mV and 8mV. In
this set-up, the Vcap was broken into two rails, one supplying the circuit and another as the output
of boost converter. The Vcap supplying circuit was initially pre-charged to higher voltage. Figure
3-23 shows that the output can charge from Vin of as low as 10mV. Figure 3-24 shows the
waveform for kick-start. In this set-up, VCAP is initially charged to 590mV and then left to charge

from boost converter. The boost converter charges the rail from 590mV to 1V.
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Figure 3-24 Measurements showing kick-start from 590mV charging to 1V

Table 3-1 compares this work with previously reported micro-power boost converters for low input
voltages. Our work reports harvesting from least input voltage at 10mV, with an efficiency of 22%.
Our static power consumption is 300nW and the circuits are designed in 130nm. The start-up
voltage is similar to [38][40] at 500mV. The cold start-up mechanism for our system is RF assisted.
Other work starts using mechanical kick-start [39] or transformers [41] to start at low voltages
such as 35-40mV. This work proposes a peak inductor current control scheme and offset
calibration implementation to improve performance, and to achieve an efficiency of 84% at 0.4V
input voltage over 4% better than [40] for higher voltage category. In a low voltage category it

improves the efficiency by 6% over [38] for input voltage of 20mV.
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A thermoelectric boost converter combines an lpeak control scheme with offset compensation and
duty cycled comparators, to enable energy harvesting from TEG inputs as low as 5mV to 10mV,
50% to 75% lower than prior work. Maintaining constant Ireak allows the converter to sustain high
efficiency across a broad Vn range, achieving 52% and 84% efficiency at 20mV and 400mV,
respectively, which improves on prior designs. These features allow the converter to extend the
operating window for thermal harvesting with low thermal gradients, which is ideal for body-worn

SENSOrs.

Table 3-1 Comparison summary of the boost converter with previous micro-power converters

This work [38] [39] [40] [41]
Harvesting Mode TEG TEG TEG TEG/PV TEG
Minimum Vi 10mV 20mV 25mv - 40mV
Maximum VN none 250mV none none -
Vout 1V 1Vv 1.8V - 0.3v
Start-up Voltage 0.5V 0.6V 35mvV 330mV | 40mV w/ x-
w/ mech. former
Quiescent Current 300nW ~1pw - 330nA -
Constant lreax Control v x x x x
Offset Compensation v x x x x
MPP Tracking v x v v v
Peak Efficiency @ VN 84% @ 0.4V 5% @ 58% 80% @ 61% @
(end to end) 81% @0.3V 01V | @0.1V 0.5V 0.3V
79% @ 0.1V
Efficiency at low VN 52% @ 20mV | 46% @ - - 30% @
22% @10mV | 20mV 50mV
Technology 130nm 130nm 350nm - 130nm
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3.3 Voltage Reference Circuit for ULP Systems

An ideal voltage reference is independent of variations of power supply or temperature. The term
reference is used to indicate that the voltage coming out of a voltage reference circuit is more
precise than ordinarily found in other sources. Many applications in a system require voltage
reference. Figure 3-25 shows the block diagram of a voltage regulator circuit and a successive
approximation register (SAR) analog to digital converter (ADC). The voltage reference block
forms an essential component in these circuits. In a voltage regulator circuit, output Vpp is
controlled through the voltage reference. A precise reference voltage gives a precise Vpp. In an
ADOC circuit, the analog voltage from the external world is converted into digital bits. The external
signal is compared with the reference voltage for conversion. The accuracy of the conversion
depends on the accuracy of the reference. A voltage reference circuit is an essential component in
a SoC, and greatly determines the performance of various blocks inside it. In this section, we

present a voltage reference circuit suitable for ULP applications.

\LiD Clock P
Amplifier —> SAR <
Reference +
Voltage l: Dna| | Dna | | Do
- Yy \ A J
Reference | |
VDD Voltage DAC
Comparator
+
Analog_In __{ s/H -
a) Reference voltage used in voltage b) Reference voltage used in analog to
regulator circuit for accurate VDD digital (ADC) circuit

Figure 3-25 Use of voltage reference circuit in basic building blocks such as voltage regulators
and ADC
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The voltage reference circuit is needed for our EHM system, for both the energy harvester circuit
and the power management circuit, for regulation and control as shown in Figure 3-1. The design
of voltage reference is very critical for our EHM system and it needs to meet several design
requirements. The voltage reference should have very small variations with process, temperature,
and voltage which, in this case, is Vcap of Figure 3-1. These are typical requirements for voltage
references in any system. However, for ULP systems running on harvested energy [1], additional
requirements have to be met. First, the voltage reference circuit needs to be low power. Second,
the area of the circuit should be small to keep the size of the BSN node small. Finally, the voltage
reference circuit should become operational at a lower voltage of Vcap. This is very critical for
ULP systems, for the following reason: The Vcap value at which voltage reference becomes active
is typically the voltage at which the node can turn on. At this voltage, all the Vpps for the system
become operational. Therefore, the voltage reference circuit puts a threshold voltage for Vcap at
which the BSN node can turn on. If this voltage is low, the BSN will have a longer life-time. The
voltage reference circuit used in [1] has a start-up voltage of 0.9-1V, which is typical of circuits
used for voltage references in low power areas, and consumes 200nW. In this work, we present a

voltage reference circuit which has a start-up voltage of 0.8V and which consumes 80nW power.

3.3.1 Bandgap Voltage Reference

The design of the voltage reference circuit has been a subject of research in the circuit design
community since the early days of integrated circuits. This is because of the impact voltage
reference has on the overall performance of the system. In the early days of circuit design,
temperature compensated zener diodes were used for generating the voltage references. The break

down voltage of zeners was close to 6V in those days, they were very noisy, they consumed large
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amount of power and they were discrete, off-chip components. The voltage reference using zeners
did not meet many requirements of a typical reference. The voltage reference circuit needs to be
process and temperature independent. It should support large voltage ranges and be independent
of supply variation. The bandgap voltage reference circuit [47] (pp. 153-159) meets the key
parameters for all of the above requirements. The concept and first implementation of bandgap
reference was proposed by Wildar [48], providing a reference at 5V. A key advantage of this circuit
in those days was its ability to scale. Soon after the invention of the first bandgap reference circuit
[48], voltage reference ICs producing 10V [49] and 2.5V [50] were demonstrated, using the same
concept. The bandgap voltage reference is produced by adding a voltage that is proportional-to-
absolute-temperature (PTAT) to another voltage that is complementary-to-absolute-temperature

(CTAT), which produces a temperature-compensated voltage.

Over the years of CMOS scaling and evolution in circuits, the bandgap reference has undergone
changes in its architecture. However, the concept remains the same since the first bandgap
reference was published more than 30 years ago. Various voltage reference circuits have been
proposed as alternatives to bandgap reference. Some of the recent publications in this area are
listed in the Bibliography [51][52][53]. These circuits use different characteristics of the MOS
transistor to obtain a temperature-compensated voltage. However, the bandgap reference circuit
outperforms these alternatives in one or more critical parameters for voltage references. As a result,
the alternative circuits are used only in limited applications with relaxed specifications. On the
other hand, the bandgap voltage reference is widely used. In this section, we present a bandgap
voltage reference circuit with a new architecture for our EHM system, shown in Figure 3-1. The

proposed circuit is designed to meet the power, area, and voltage requirements of a ULP system.
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This section is divided into the following sub-sections. In Section 3.3.2, we present the
basic concept of bandgap reference. In Section 3.3.3, we present the current architectures of
bandgap reference and their limitations, particularly in the context of ULP systems such as BSNs.
In Section 3.3.4, we present the proposed design. In Section 3.3.5, we present the results and

limitations of the proposed design.

3.3.2 Background

Ve me/OC
Temp.
Ve .| _10ppm/°C
Vrer=Vae+KV¢ <
KVy 2 Temp.

0.085mV/°C
Vt \ —
Vtsz/q | -
emp.

Figure 3-26 Principle of bandgap voltage reference circuit generating a constant voltage
reference with temperature

In this section, we present a qualitative background of bandgap voltage reference circuit. A more
theoretical background is available in [47] (pp. 153-159). Figure 3-26 shows the principle behind
the bandgap reference circuit. The voltage Vge is complementary-to-absolute-temperature (CTAT).
It decreases with increasing temperature with a slope given by -2.2mV/°C. The CTAT voltage is
added to the voltage Vi, which is proportional-to-absolute-temperature (PTAT), and its slope is

given by 0.085mV/°C. The PTAT voltage is multiplied with a constant K and added to the CTAT
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voltage to obtain the bandgap reference, Vrer. The value of K is chosen such that the temperature
dependence of CTAT and PTAT cancel each other, and Vrer becomes a temperature independent

voltage reference (10ppm/°C).

Generation of Bandgap Voltage

VBE Q VBEl Ql VBEZ Q2
j—l 1 j—l Mj—l
v v v
CTAT PTAT

Figure 3-27 PTAT and CTAT voltage generation circuit

Figure 3-27 shows the CTAT and PTAT voltage generation circuit used for bandgap. The bipolar
junction transistors (BJT) are used for the generation of PTAT and CTAT voltages. The CTAT
voltage is simply generated by connecting the BJT transistor Q into a diode configuration, as
shown in Figure 3-27. The CTAT voltage is given by the base-emitter voltage, Vge of the transistor.
As temperature increases, the voltage Vge decreases because of the increase in the number of
carriers. Since the number of carrier increases, the conductivity of the transistor increases, which

decreases the Vge voltage. The expression of Vee with temperature is given by [47] (pp. 155),

T T\ vykT [T\ kT [(]¢ (3.9)
Var =V, (1——)+v (—)+—zn(—)+—zn(—)
BE GO TO BEO TO q TO q o
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where Vg is the bandgap voltage of silicon, T is the temperature, To is the room temperature, Veeo
is the Vge voltage at room temperature, Jc and Jco are the current densities, and y,k,q and « are
various physical constants. The value of Vge decreases with temperature. The PTAT voltage is
obtained by using two BJT transistors, Q1 and Q2 as shown in Figure 3-27. The transistor Q2 is
bigger than Q1 by multiplicity factor M. If the same current is made to flow through Q1 and Q2,
the voltage drop across these transistors, Vee1 and Veez, will be different, because of the different
current densities (Jc in equation (3.9)). The difference between Vge1 and Vee: is called 4Vge and

can be obtained by using equation (3.9),

kT 3.10
AVpp =Vgg1 — Ve = 7171 (%) =Viln (]%) (310

The AVge voltage is PTAT and increases with temperature. Thus, equation (3.9) and (3.10) give
the expression of CTAT and PTAT voltages from the circuit shown in Figure 3-27. The
temperature independent voltage Vrer is given by addition of CTAT and PTAT voltages,

Verer = Vg1 + KAV (3.11)
where K is the multiplication factor for PTAT to cancel the temperature coefficient in Vrer.

Solving (3.11) for Vrer to obtain zero temperature coefficient, gives K as,

_Vgo—Vgro — (y — )V, (3.12)
K=
Vio
which gives Vrer as,
Veer = Vo + (¥ — )V (3.13)

The voltage Vrer is called the bandgap voltage reference voltage and its value at room temperature
is 1.262V. The term bandgap reference is used for VVrer because the voltage in equation (3.13) is

largely determined by the Vo, which is the silicon bandgap voltage.
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We have now obtained both CTAT and PTAT voltages and the constant to obtain a voltage
reference independent of temperature. Now we will present a typical circuit implementation of

bandgap voltage reference.

R1 R1
Amp
| l b_ N
a
I l + +
+
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Figure 3-28 A conventional bandgap reference circuit

Figure 3-28 shows the circuit diagram of a conventional bandgap voltage reference circuit.
Transistors Q1 and Q2 are used, along with resistors R1 and Rz and amplifier Amp. The functioning
of the circuit is explained as follows. The amplifier sets the same voltages at its input net a and b,
because of its high gain (assuming zero offset voltage). Therefore, the same current flows into the
transistor Q1 and Q2. Q2 is sized M times bigger than Q1. The voltage Vge2 is lower than Vge1.
The voltage Vrer can be written as,
Veer = Vpe1 + IRq (3.14)

| is also given by Vr/R2, because the same current flows in both Q1 and Q2. Since b is at the same

voltage as a, which is equal to Vee1. Therefore, | can be written as,
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[= Vee1 — Ve _ AV (3.15)
R; R,

s0, VRrer can be written as,

R, (3.16)
Veer = Vg1 + R, AVpg

The equation (3.16) takes the form of bandgap voltage expression given by equation (3.11), where
constant K is given by the ratio of Ry and R2. The values of R1 and R can be chosen such that the
temperature dependence of Vrer can be eliminated. Figure 3-29 shows the output of bandgap
reference voltage at 1.24V. It shows that that output changes by 2.5mV, for a change of
temperature from -20-100°C (17ppm/°C). Further, the dependence of Vrer on power supply can
be investigated by examining the expression of equation (3.16). Vee and AVge are clamp voltages
obtained from the diodes of Q1 and Q2. They have very small dependence on power supply.
Bandgap reference voltage has small process dependence, which is not significant for various
power management applications. However, for high precision applications such as precision ADC,

the process variation can be addressed by trimming the resistor Rz in the design.
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Figure 3-29 Variation of bandgap reference with temperature showing 17ppm/°C variation
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The bandgap reference circuit shown in Figure 3-28 performs very well and provides almost an
ideal voltage reference circuit. However, it has two primary limitations which become critical with
CMOS scaling. The first limitation is that the output voltage of bandgap comes out at ~1.25V,
which is much higher than the Vpp of modern processes. The second major limitation of this circuit
is that it needs a supply voltage higher than 1.2V, because the reference voltage is produced in
step-down fashion. These were critical limiting factors of bandgap architecture of Figure 3-28 and
its usage for modern systems. New architectures for bandgap, which overcome these limitations,
have been proposed in the literature [54][55][56]. In the next section, we will present the state-of-

the-art low voltage bandgap references.

3.3.3 State-of-the-art Bandgap Circuits for Low Power Applications

CMOS process scaling has brought down the operating voltage of the system to sub-1V range.
Further, the sub-threshold operation of systems to save power has brought the VDD voltages below
500mV [1]. A voltage reference circuit that can provide reference to support lower voltages was
needed. It also needed to be operational at lower supply voltage, as well as consume lower power,
particularly for mobile applications such as mobile phones, laptops, etc. The conventional
architecture of bandgap could no longer support these voltages. New architectures were proposed
to support low voltage operation. In this section, we will discuss a few recently published low

voltage bandgap circuits.

Banba Bandgap Reference

The very first bandgap circuit that produced a reference voltage lower than 1V was published by

H. Banba [54], and is popularly known as Banba bandgap. Figure 3-30 shows the architecture of
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the Banba bandgap reference. It also works as follows. Net a and b are set at the same voltage by
the amplifier. So,
Va = Vb = VBEl (317)

Therefore, the current I is given by looking at node b,

Vy, Vp—=V
=2k b~ VbE2 (3.18)
R, R,
Using equation (3.17), we get | as,
[ = VBE1 + Vg1 — Vpe2 _ VpE1 + AV (3.19)
Ry R, Ry R,

Now, transistors M1, M2, and M3 form mirrors. Therefore, the same current comes out of all the
transistors. Therefore, the Voltage Vrer is given by,

R, R, 3.20
Verer = IR3 = R_(VBEl + R_ AVBE) ( )
1 2

The equation (3.20) gives us an expression of bandgap reference similar to the expression of

equation (3.16), with a scaling factor given by Ra/R1.

M,

Jp——dE——d[

R
! Ri Rs Vier

Figure 3-30 Architecture of Banba Bandgap circuit
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There are few advantages of Banba bandgap reference, when compared with conventional
architecture as shown in Figure 3-28. First, the bandgap reference voltage, which was always fixed
at ~1.25V, can now be scaled down by carefully choosing R1 and Rz. Second, the minimum
operating voltage for this circuit also scales down. The minimum operating voltage Vmin for this
circuit is given by,

Vinin = Vpe1 + Vps (3.21)
where Vps s the drain to source voltage of pMOS, M1. The Vge of BJT is between 700mV-800mV
and Vps of transistor M1 can be as low as 100mV. Therefore, the circuit can operate for voltages
below 1V, which makes it suitable for modern scaled designs. The BSN SoC reported in [1] uses

Banba architecture and starts operating at 0.9V.

The lower Vmin for bandgap is even more important for ULP systems such as BSNs. The Vmin of
bandgap determines the voltage at which the BSN node can turn on because the reference is made
available at that voltage and is used to turn on the power supplies for the system. The lower turn-
on voltage will increase the operational life time of the system. Therefore, it is necessary to bring
the Vmin of bandgap voltage down, as low as possible. Recent work [56] brings the Vmin voltage
down to 750mV. It uses switched capacitor circuits for the architecture where, instead of resistors,
switching capacitors are used for generating the ratios of Vee and AVge. The Vmin Of this circuit is
also limited by equation (3.21) and a lower Vmin is achieved by proper sizing and design. In the
next section, we present a bandgap voltage reference circuit that starts operating at 800mV. Further,
the power consumption of the proposed circuit is ~80nW, which is 2X lower than [56] and best in
class for non-duty cycled bandgap reference. The proposed circuit is also lower in area. The next

section presents the proposed bandgap circuit.
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3.3.4 A80nW, Low Power Bandgap Reference Operational from 0.8V
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Figure 3-31 Circuit diagram of the proposed bandgap reference

Figure 3-31 shows the circuit diagram of the proposed bandgap reference. It uses switched
capacitor techniques to generate the bandgap voltage. The circuit consists of a switched capacitor
inverter, BJT transistors Q1 and Q2, current sources, and a sampling capacitor for holding bandgap
voltage. The current sources are used to generate voltages Vee1 and Vee2, as shown in Figure 3-31.
The switched capacitor inverter circuit is used for generating ratios of Vee1 and Vg2 to obtain the
bandgap voltage. The switched capacitor inverter circuits are typically used for generating voltages
that are negative of Vin [58]. In Figure 3-31, the switched capacitor inverter is connected to Q1
and Q2, which provide the output voltages at Vee1 and Vee2. The use of the switched capacitor
inverter circuit removes the need for large resistance in Banba architecture and can provide lower
area solution. Further, a clock is used for the inverter circuit that can be made to operate at lower
frequency to reduce the power. The use of the switched capacitor inverter circuit, and lower clock
frequency, provides lower area and lower power consumption compared to the state-of-the-art

bandgaps.
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The design description of the proposed circuit is divided into descriptions of each sub-
block. First, we explain the functioning of the switched capacitor inverter circuit, then the use of
the principles of voltage inversion for generating bandgap reference, followed by the complete

circuit implementation. Finally, we will present the results.

Switched Capacitor Voltage Inverter Circuit

@1 1 1 @
G G @2
\Y 2 % 3
j C|_ + (pl I C|_
Switched Capaator phase @, phase @,

Voltage Inverter Circuit

Figure 3-32 Switched capacitor voltage inverter circuit and its operation

Figure 3-32 shows the switched capacitor voltage inverter circuit used in our design. Its
functioning is explained as follows. The switched capacitor inverter uses non-overlapping clock
phases, ¢1 and ¢. In phase ¢1, node 1 is connected to V and node 2 is connected to ground, charging
the top plate of capacitor Csto V and the bottom plate to ground, as shown in Figure 3-32. In phase
d2, node 1 is connected to ground and node 2 to the output capacitor C.. Since the top plate of the
capacitor Cs was charged to V in phase ¢1, charging the top plate to ground pushes the voltage on
the bottom plate to —V, as voltage across capacitors cannot change since the bottom plate is not

connected to a voltage source. The capacitor C will eventually charge to -V after a given number
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of switching cycles. Therefore, the switched capacitor inverter circuit generates a voltage which is

negative of the input voltage V.

Proposed Bandgap Circuit : Concept

The equation for bandgap reference voltage is given by equation (3.11),
Vrer = Vpg1 + KAVpg
which can be rewritten as,

Veer = (K + 1)VBE1 — KVgg,

Veer = (K + 1) (VBEI - KL-l-lVBm)
Therefore, we propose to obtain the reference voltage as,
Veer = (Vg1 — bVpE2) (3.22)
The negative coefficient for Vge2 is obtained through a voltage inverter circuit. In the next section,

we will show the working of the proposed bandgap circuit.

Proposed Bandgap Circuit

Figure 3-33 shows the circuit diagram of the proposed bandgap voltage reference circuit. It uses
switched capacitor techniques to utilize a switched capacitor voltage inverter circuit for the
generation of Vrer voltage. The two phases of the clock, ¢1 and ¢-, are non-overlapping and
facilitate the switching capacitor functionality. In phase ¢1, the proposed circuit reduces into the
circuit shown into Figure 3-33 (b). The capacitors, C1 and C», are connected across the BJTs, Q1
and Q2, and are charged to voltages, Vee1 and Vee2. Therefore, the charge stored on capacitor C:

and C:is given by,
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Q1 =C1Vpe1 , Q2 =C2VpE (3.23)
The switch connections are changed in phase ¢2 and the circuit reduces into the circuit shown by
Figure 3-33 (c). In phase ¢, the top plate of C1 gets connected to the bottom plate of C> and the
top plate of C> is connected to ground. Since top plate of C» is connected to ground, the output
voltage on C, will be —Vge2. Voltage on C;y is Vge1. Therefore the connection with Cy with C;
results in charge sharing given by,
Q=0Q1—Q2=0C1Vpg1 — C;Vpp> (3.24)
Now, the voltage on the capacitor C. is given by, (The value of C. doesn’t play a role in charge

sharing because it is the load capacitor used for final settling voltage.)

Q=(C1+Cy)*Vpggr

| Switched capacitor
Inverter I

Vee2
Q2

a) Circuit diagram of the proposed bandgap reference circuit

VBEZ
VBE1

Q1 Q2
| I ) CZI M I

b) Circuit operation in phase ¢2 to

b) Circuit operation in phase ¢, gnerate Vigr

Figure 3-33 Proposed bandgap reference circuit using switched capacitor voltage inverter
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Therefore, the output voltage can be written as,
(Cl + CZ) * VREF = CIVBEI - CZVBEZ

yoo__ G ( G, ) (3.25)
REF — Cl + CZ BE1 Cl BE2

Equation (3.25) reduces in the form of bandgap reference equation given by equation (3.11), where
the value of constant b can be obtained by selecting the value of capacitance C: and Cz. The
proposed circuit has noise injection through the charge coupling of switches. There will be an error
in the output voltage given by (3.25) because of the charge sharing. Since the charge coupling will
change with V|, therefore output voltage will also change with V.

By applying the above circuit technique, we have successfully obtained the bandgap reference
voltage. The proposed scheme has the following advantages over classical Banba bandgap
reference. First, large resistances are no longer needed for generating bandgap voltages. Therefore,
the area of the proposed circuit will be much smaller than the Banba architecture implementation
for low power application. Second, the power consumption of the proposed scheme will be lower,
because the elimination of resistors eliminates the static power consumption in the resistors, and
the switched capacitor converter power can be lowered by lowering the clock frequency. The noise
performance of the circuit is traded with capacitor C. and settling time of the converter. Therefore,
the proposed bandgap solution provides a low power, lower area solution for the implementation

of voltage reference for our EHM system.

3.3.5 Prototype Implementation and Results

The proposed bandgap circuit was implemented in 130nm CMOS process. It has an area of
0.0264mm?. The capacitors are implemented using MIM capacitors to reduce the effect of parasitic

loading. The total area of the proposed circuit is much smaller than a conventional low power

93



bandgap circuit because it does not use big resistors. It consumes 80nW power at 0.8V Vin (Vcap),

which is 2X lower than the best reported power for non-duty-cycled bandgap reference.
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Figure 3-34 Transient behavior of bandgap reference

The circuit is a switching capacitor circuit; therefore, it has settling time. Figure 3-34 shows the
transient behavior of the bandgap circuit. It takes 15ms to achieve a settling time at 0.8V Vin. The
output voltage of bandgap reference is 123mV. The settling time is directly dependent on the clock
frequency and power supply. In some applications, the settling time of the bandgap can be large.
Therefore, we also propose a fast start-up mode for the circuit. During start-up, the clock frequency
can be made several times faster, which reduces the settling time. This is done during power-on
reset mode, where the current source of the clock source is increased several times, increasing the

frequency. We achieve a settling time of 20us during start-up if used in fast start-up mode.
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The circuit was verified for a temperature range of -20°C to 100°C. While this range is quite large
for the intended ULP applications, the performance of the circuit in this range is crucial for it to
compare with the state-of-the-art circuits. Figure 3-35 shows the variation of the bandgap output
for a temperature change of -20°C to 100°C. The proposed bandgap circuit is designed to provide
an output voltage of 122mV, and the output voltage varies by 1.5mV over a temperature variation
of 120°C, achieving a performance of 100ppm/°C. The performance of the bandgap circuit with
temperature is in line with the reported work. A better performance is usually achieved at higher

output voltage.
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Figure 3-35 Bandgap output variation with temperature

Figure 3-36 and Figure 3-37 show the output of a bandgap circuit with respect to process and
mismatch variation, and with input voltage variation. Figure 3-36 shows the untrimmed output of
the bandgap and it achieves a 3¢ variation of the <2.5%. The variation of the output voltage can

be reduced by trimming the bandgap output, using the capacitors used in switched capacitor
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circuits to generate the constants for bandgap. Figure 3-37 shows the variation with Vin. The output
varies by ~1% when an external constant clock is used. The variation with respect to power supply

can be reduced by using a dedicated clock source.
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Figure 3-36 Variation with process: Monte-Carlo Simulation
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Table 3-2 Comparison summary with previous low power bandgaps

[57] [53] [54] [55] [56] This work
Power Consumption | 300nW 1.85uW | 13.6pW | 20uW | 170nW? 80nW
Technology 300nm 400nm 600nm 600nm 130nm 130nm
BiCMOS
Area (mm?) 0.055 0.1 0.055 0.4 0.07 0.0264
% variation with 6 5.8 12 1.5 3 2.5
process
Temp. variation 15 119 37 11 40 100
(ppm/°C)
PSRR (%) 0.002% 0.138% | 0.038% | 0.0048% | 0.005% 2%
Minimum Supply 1.4V 0.84V 1.4V 0.9V 0.75V 0.8V

Table 3-2 compares this work with previously reported state-of-the-art low power bandgap circuits.

tuses duty-cycling to reduce power

Our work reports operation from minimum input voltage of 0.8V improving, which is similar to

the reported least operating voltage circuit in [56]. Our power consumption is 80nW, which is over

2X lower than [56], achieved without duty cycling the reference. The work in [56] achieves a

power of 170nW by sampling the reference voltage on a capacitor by periodically turning it on

and off. Even lower power can be achieved in our work if duty-cycling is employed. The power

supply variation is higher in our circuit because our architecture doesn’t use current sources which

are used in all of the previous architectures. The lower area of the circuit (0.0264mm?) is achieved

because big resistors are not used [55]. A low power, lower input voltage bandgap reference, which

improves the power consumption by 2X and minimum operating voltage 0.8V, is presented.

97




3.4 Power Management Solution for ULP SoCs

In the previous sections, we presented the design of a boost converter energy harvester that can
harvest energy from a thermo-electric generator, and a design of a low power bandgap voltage
reference. The energy harvester circuit is used to harvest energy from low power ambient sources.
It can harvest energy from a source with an ambient source voltage as low as 10mV, which is
stored on an energy accumulator such as a battery or a capacitor. On the other hand, the bandgap
circuit can be powered-up at a low voltage level of storage capacitor (Vcap) which helps in
reducing the start-up voltage of the system. The bandgap voltage itself is used for providing stable
reference voltage. The output of these two blocks is used in our EHM system to provide multiple
regulated output voltages for the voltage regulator circuits that are used to power different blocks
of the system. This section talks about the design of the power management system that produces

multiple output voltages to be used by the SoC.

3.4.1 Voltage Regulation for Integrated Circuits

One or more DC power supplies are needed for the functioning of different blocks inside a SoC.
The power supply(s) is one of the most important design and system knobs for the SoC, which can
determine several key performance metrics. Therefore, power supplies in a system are very well-
regulated. There are several reasons to control the power supply. First, the operating voltage for a
circuit can determine its operating frequency. Therefore, power supply is critical for the
performance of the IC. Second, power supply also determines the power consumption of the circuit.
Often, the performance and the power consumption of a circuit have contradictory attributes. A

higher performing circuit would need a higher power supply and hence higher power. Therefore,
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it is desirable to have a power supply that gives good performance, as well as restricts the power
consumption. Figure 3-38 shows the energy-delay characteristics of a digital circuit obtained by
changing the power supply, Vpp. It shows that energy consumption increases for a lower delay,
which is obtained by operating the circuit at higher Vpp. Figure 3-38 shows that Vpp needs to be
controlled to control power consumption or the performance of the circuit. The third main reason
to control the power supply is to be able to operate the circuits within a safe operating voltage for
better reliability. Fourth, a transient fluctuation in power supply can lead to a system shut down
because of an internal set-up time or hold-time violation inside the chip. The other reasons to
control power supply are meeting compliance for 10 standards for chip-chip communications,
maintaining good signal to noise ratio for analog circuits (sometimes for digital circuits as well),
to maintain the functionality of memories, such as retention, etc. However, the power and
performance needs of a system are the primary motivating reasons to set the level of power supply

in most of the systems.

Energy (fJ)

Delay (ns)

Figure 3-38 Energy-Delay characteristics of a digital circuit
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Voltage Regulator Circuit: Linear Regulator

Vin
Amplifier

Reference
Voltage I:
VDD

Gnd

Figure 3-39 A linear regulator circuit to supply Voo

Figure 3-38 shows that Vpp needs to be regulated to control the power consumption or
performance of a circuit. A circuit that controls Vpp is shown in Figure 3-39, which is a linear
voltage regulator circuit. A linear regulator circuit, as shown in Figure 3-39, is often sold as 3-pin
IC by various semiconductor companies [60][61][62]. The three pins would be Vi, Gnd and Vpp.
The circuit operates in the following way. A reference voltage, usually a bandgap reference, as
described in Section 3.3, is used with an amplifier in a negative feedback loop. If Vpp goes a little
bit below the reference, the feedback from the amplifier increases the gate voltage of the nMOS
and supplies more current to raise the Vpp. Similarly, if the Vpp goes high, the current supply from
Vin is reduced. The negative feedback keeps the Vpp voltage the same as the reference. A linear
regulator circuit is small in size and has a very low noise at its output. In modern SoCs, the linear
regulator circuit is often integrated. Since modern systems need more than one power supply,
multiple linear regulators are integrated on chips to generate these supplies [1]. Further, lower
quiescent current and better transient performance linear regulators have been reported for low
power systems [63][64]. However, there are two main limitations of a linear regulator circuit when
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used for low power applications. The first limitation is the low efficiency for voltage conversion.
The efficiency of a linear regulator is given by,

Vbp (3.26)
Vin

n <

If the difference between Vin and Vpp is large, then efficiency can be very small. For a Vpp of
0.5V, with a Vin of 1.5V, the efficiency of the converter will be less than 33%. The second main
limitation of the circuit is higher operating voltage. Vin always needs to be higher than Vpp. For
an energy harvested system, it means that the voltage on the storage capacitor, Vcapr, needs to be
higher than Vpp, which means that the energy stored on the capacitor cannot be used unless it
reaches a threshold voltage that is higher than Vpp. For the BSN reported in [1], this voltage was

1.35V, because it needed to generate a 1.2V power supply.

To enable low voltage start-up for the system, we proposed a bandgap reference circuit in Section
3.3 that can provide stable reference at 0.8V of Vin. Further, the power supply(s) should become
operational at low input voltages. For example, if the power supply is made available at 0.8V of
Vcap Or Vin, then the system can start-up at 0.8V instead of 1.35V, which will increase the life time
of the system. Therefore, there is a need to overcome the limitations of linear regulators to improve
the life-time of ULP systems. Switching regulators provide better efficiency and can operate at

lower Vin are proposed and explained in the next section.

Voltage Regulator Circuit: Switching Regulator

Switching regulators are broadly divided into two categories, inductor-based switching regulators
and switched-capacitor regulators. The switched-capacitor regulators use the switching of

capacitors to generate various ratios or multiples of the output voltages. The voltage inverter circuit,
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shown in Figure 3-32, is an example of a switched capacitor regulator where an output is inverse
of the input voltage. Recent works show that it is possible to achieve good efficiency for switched

capacitor converters for given sets of output voltages [65][66][67].

There are certain advantages and disadvantages of using switched-capacitor techniques rather than
inductor-based switching regulators. An obvious key advantage is the elimination of the inductor
and the related magnetic design issues. Application circuits are simple, and are usually integrated
for low power systems. As there is no need for an inductor, the size of the PCB implementing the
system will be small. Switched-capacitor inverters are low cost and compact, and are capable of
achieving efficiencies equal to or greater than 90%. The current output is limited by the size of the
capacitors and the current carrying capacity of the switches. However, switched-capacitor voltage
converters do not maintain high efficiency for a wide range of ratios of input to output voltages.
Since the current input to output ratio is scaled according to the basic voltage conversion (i.e.,
doubled for a doubler, inverted for an inverter), regardless of whether or not regulation is used to
reduce the doubled or inverted voltage, any output voltage magnitude less than 2Vi, for a doubler
or less than |Vin| for an inverter will result in additional power dissipation within the converter, and

efficiency will be degraded proportionally.

The inductor-based switching regulators give good efficiency for both varying input and output
voltages. They can also start-up at lower input voltages Vin and can boost up from very low
voltages, as was shown in Section 3.2. The rest of this section will talk about inductor-based
switching regulator circuits. We will first present the basic principle behind an inductor-based

switching regulator, then explain a multiple output switching regulator to provide multiple voltages
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for an SoC. Finally, we will present an EHM (Energy harvesting and power management system),

which harvests from solar cells and provides multiple regulated output voltages.

Buck-Boost architecture

. . IL
| Vin
HS or Inductor LS or Inductor !
LS or Inductor

charging I charging L
charging

I, \
l LS or Inductor HS or Inductor LS or Inductor I
i ; dis-charging
dis-charging

dis-charging
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Figure 3-40 DC-DC converter architectures

Figure 3-40 shows the architectures of various DC-DC converters using inductors. The basic
principle behind the operation of DC-DC converter involves charging and discharging of inductor
current on a capacitor. In the first phase of a switching cycle, the inductor is charged and its current
is raised, while in the second switching cycle, the inductor current discharges on the capacitor. The
energy transfer takes place in electro-magnetic fashion where first, electrical energy is converted
into magnetic energy in the inductor and then transferred back to electrical on the capacitor. The

energy loss in this way is smaller and the efficiency of these converters is usually very high (in
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~90% range). Figure 3-40 shows the architecture of three different kinds of DC-DC converters.
Figure 3-40 (a) shows the architecture of a buck-converter, which is used to generate an output
voltage Voo lower than the input voltage Vin. In the first switching cycle, the inductor is connected
between Vin and Vpp. Since Vin is higher than Vpp, inductor current starts increasing. After a set
time, the high side switch (HS) is disabled and the low side (LS) switch is enabled, which
configures the inductor between ground and Vpp. The inductor current discharges, transferring the
stored energy onto the output capacitor. Figure 3-40 (b) is a boost converter and is used when
Vop>Vin. We covered the design of the boost converter in Section 3.2. Figure 3-40 (c) shows the
architecture of a buck-boost converter when Vi, can be higher or lower than the output voltages.
Additional switches are used in buck-boost converters; therefore, their efficiency is slightly lower

than the buck or boost converters.

Better efficiency and the ability to support (almost) any voltage conversion ratio are the main
reasons for the wide scale use of the DC-DC converter. The low loss in a DC-DC converter is
typically achieved by using low resistance switches (often big in size), lower parasitic loss in
inductor and capacitor, and choice of switching control scheme for a particular application.
However, implementation of a DC-DC converter requires external off-chip inductors and
capacitors, which can increase the cost and area of the system. Also, multiple Vpps are needed in
a system, but multiple instances of the DC-DC converter cannot be implemented because of the
cost and area. Therefore, linear regulators with lower efficiencies are often used to implement
multiple Vpps in a ULP system such as BSN [1]. There is a need to provide a low cost and efficient
solution to implement multiple regulated output voltages for ULP systems. In the next section, we

present low cost multiple output DC-DC converter design suitable for ULP systems.
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3.4.2 Single Inductor Multiple Output DC-DC Converter for ULP

Systems

Figure 3-2 shows the power management block of a BSN chip [1]. The BSN chip needs multiple
rails for optimal power performance. The existing power management solution for the chip
includes multiple linear regulators and a switched capacitor regulator to supply different rails. A
linear regulator, such as an LDO, suffers from poor efficiency. The theoretical maximum
efficiency of an LDO cannot be more than Vpp/Vin. Therefore, more than 63%, 26%, and 12% of
the energy on the Vpp rails, 0.5V, 1.0V, and 1.2V gets wasted in obtaining the regulated Vpp
voltage. There is a need to provide energy efficient solutions for the power management which
can increase the lifespan of the BSN chip. This work proposes a highly efficient, single inductor,

multiple output power management solution for BSNs.
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Figure 3-41 Single inductor multiple output buck-boost converter for ULP systems

The power management solution for ULP systems needs to meet the following three main

requirements. First, the solution should be highly efficient; second, it should be low cost; and, third,
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it should start operating at lower input voltage. Figure 3-41 shows the architecture of the proposed
single inductor, multiple output DC-DC buck-boost converter for ULP systems. The use of a DC-
DC converter ensures good efficiency for the converter. The use of buck-boost architecture enables
operation at lower Vi, voltage. Finally, a single inductor, multiple output design provides a low
cost solution for the system. Single inductor, multiple output (SIMO) DC-DC converters have been
proposed as a low cost solution for mobile applications [68][69]. The inductor is used by different
Vpp rails in time-division, multiplexed (TDM) fashion for regulation. In this work, we propose the
use of SIMO for ULP systems. Figure 3-41 shows the architecture of the proposed SIMO converter.
When LS control is enabled, switches Sy and Sg are enabled and other switches are open. The
inductor is connected between ground and Vin, which starts raising current in the inductor. After a
set peak, current in the inductor LS control is disabled and switch S is closed, along with either
S1, So, or Sa. The stored energy in the inductor gets transferred in each of the three rails shown.
The input voltage Vin can be lower or higher than all the Vpps. This particular architecture enables
low voltage, low cost, and efficient implementation of power management for a ULP system. The
proposed architecture was implemented in 130nm CMOS process. We achieve a low voltage

operation, from 700mV compared to 1.35V in [1].

In this section, we talked briefly about the SIMO buck-boost architecture to enable low voltage,
efficient and low cost solution for ULP systems. The complete EHM solution will include an
energy harvester to harvest from ambient sources, and a power management solution as shown in
Figure 3-1. The EHM system is implemented using a boost converter and we explained the
architecture in Section 3.2. Further, to enable low voltage operation for a ULP system, bandgap

voltage reference and buck-boost architecture were covered in Section 3.3 and in the previous
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section. The implementation of a complete EHM system is shown in Figure 3-42. A boost
converter harvests from ambient sources, while the SIMO converter provides a solution for power
management. This implementation required two inductors. A further improvement over this
architecture is proposed, where a boost converter and power management are integrated. We
propose a single inductor EHM system, where the boost converter and power management were
merged into one solution. The next section shows the implementation of the proposed

improvement using a photo-voltaic or solar cell (PV).
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Figure 3-42 Architecture of the proposed EHM system

3.4.3 Single Inductor EHM for ULP Systems?

Energy harvesting from ambient sources, such as solar or thermal, is used to enable battery free
operation of wireless sensors, body sensor nodes (BSN) [1] or Internet of Things (I0T). The energy
harvested from a solar cell depends on illumination level and can vary greatly. The energy
harvesting system needs to harvest energy efficiently, in varying conditions, to prolong the
operational lifespan of the system. Further, BSNs, like most SoCs, need multiple supply rails to
power core circuits, memories, and RF and 10 cells. The existing solutions for BSNs use low drop

out (LDO) regulators which have poor efficiency [1]. BSNs need an energy harvesting and power

2 A lot of content of this section comes from [AS3] and [AS10]
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management (EHM) system that can efficiently harvest energy from ambient sources, as well as
provide the multiple regulated output voltages. The system also must be low cost for its widespread
deployment. Single inductor multiple output (SIMO) EHM systems have been recently proposed
to provide low cost and efficient solutions for BSNs [70]. In this section, we present a SIMO EHM
system that can harvest from a solar cell (0.4V to 3.3V i/p voltage) to a storage capacitor or a
battery interface. It also provides multiple output voltages (1.2V, 1.5V and 3.3V) at the same time,
using the same inductor. It supports 0-5V output voltage for capacitive storage and 1.7-5V for a
battery interface. It has a maximum power point tracking (MPPT) circuit, and an over-voltage and
under-voltage protection scheme for battery management. A cold start-up circuit operating at

minimum input voltage of 0.38V is also presented.

Architecture

Figure 3-43 Proposed energy and power management solution using single inductor

Since the output power from a solar cell can be much smaller than the peak power needed by the
system for applications such as RF communication, it is not possible to supply the Vpp rails
directly from it. Therefore, the energy from the solar cell is first stored on an energy accumulator

(a big capacitor or battery) and used to supply other Vpp rails [1]. Figure 3-43 shows the concept
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of the switching scheme used in our EHM system. The energy from the solar cell (PV) is harvested
and stored on the accumulator, and from there it is used to supply different voltages needed for a
system. The arrangement of the switches in this way eliminates the need for additional switches to
reconfigure the accumulator to supply in cases of high output load. This reduces the number of
switches needed for EHM compared to [70]. The storage or battery is kept on the +ve side of the
inductor and the PV module and regulated output voltage are kept on the negative side. The
inductor current flows from the —ve of the inductor to the +ve terminal for storage. For supply
regulation, the current flows from battery or storage into the loads (i.e from + to -) as shown in

Figure 3-44.
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Figure 3-44 Inductor current waveform for the EHM switching scheme showing the change in
direction of Inductor Current for boost operation

Figure 3-45 shows the complete architecture of the proposed EHM system. A SIMO control
scheme is used with all the converters in the design, and operated in discontinuous conduction
mode (DCM), using a pulse frequency modulation scheme (PFM), to achieve higher efficiency at
light loads. Each converter generates two output signals, Busy and Ready. The Busy signal

indicates that a particular converter is getting the service of the inductor, while the Ready signal

109



indicates that a particular converter needs to be serviced by the inductor. The switching control is
performed by the Digital Controller. Using the Busy and the Ready signal from each converter, it
generates an EN signal based on priority to enable a particular converter which, in turn, controls
common switches MP and MN through signals HS and LS, as shown in Figure 3-45. The highest

priority is assigned to the heavily loaded rail. The least priority is assigned to the energy harvester

block.
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Figure 3-45 Complete architecture of the EHM System

Architecture of the buck-converter

In order to achieve maximum overall system efficiency across a wide range of output conditions,
especially for light loads, each converter inside the EHM must also provide maximum efficiency.
Figure 3-46 shows the control architecture of the buck converter used in EHM. It implements a
PFM control scheme with peak inductor current (lpeak) control for high side switching and

inductor zero current detection (ZD) for low side switching. A 70nA comparator is used for
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regulation. If output rail is below Vref, the comparator output goes low which generates the Ready
signal as shown in Figure 3-46. The digital controller sends an EN signal based on the priority of
the converter to start the switching. The switching continues until the rail is charged above the
reference voltage and the Busy signal goes to high. Once the rail is charged, the Busy and Ready
signals go low and the inductor is made available for other rails. 70nA quiescent current, lpeak
control, and ZD scheme enable high efficiency for the buck converter from 1pA to 30mA load
current. While the ZD and comparator designs are conventional, the lpeak control scheme is novel
and has not been previously implemented for micro-power converters. The conventional scheme
to implement Ipeak control uses a method where Rps of a MOS transistor is matched with the
switch Rps, which is several orders of magnitude smaller than the representative MOS device. As
a result, the method is sensitive to mismatch (+/-20%) and has large power overhead [46]. In this
Section, we present an Ipeak control scheme which is low power and less sensitive to mismatch,

and similar to the Ipeak scheme proposed for boost converter energy harvester in Section 3.2.
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Figure 3-46 Architecture of the buck converter used in EHM
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Ipeak control for buck converter

Vo _\_/i

T CLK |
M2

'-_— ':lzKuc(vO-Vi)2 RST ||

H

A M3
Vo-Vr :I |_| °<}
1—p MHOQ
B

CLK §
Precharged |Cx }EN

to Vo/2

M1

Comparator

Figure 3-47 Peak inductor current control scheme in buck converter to achieve high efficiency

The need for controlling the peak inductor current for maximizing efficiency was shown in Figure
3-11 in Section 3.3.2 and Appendix C. If Ipeak is high, the conduction loss in the converter
dominates, while switching loss dominates when Ipeak is low. Therefore, controlling the peak
inductor current is necessary to optimize the efficiency of the converter. Figure 3-47 shows the
circuit of the Ireak control scheme, which is explained as follows. A large resistor R sets the node
A close to its threshold voltage of M1. Therefore, voltage at A is given by Vo-Vt which goes to
the gate of M2. Using long channel saturation current approximation of MOS transistor, the current
in M2 is given by,
I= KuC(Vo-Vr-Vi+Vr)? =KuC(Vo-Vi)? (3.27)

The capacitor is pre-charged to Vo/2. Figure 3-47 shows the HS turn on time Ty is given when

capacitor Cx charges from Vo/2 to Vi/2. So T is given by,
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Tu=Cx(Vi-Vo)/2I=Cx/2KuC(Vo-Vi) (3.28)
Now, the peak inductor current is approximately given by,
Ie=(Vi-Vo)*Tu/L (3.29)
Using equation (3.27),

Ip=Cx/2KuCL (3.30)

The expression in equation (3.30) is independent of input voltage Vi and output voltage Vo, which
enables wide input and output voltage range support for the system. It is also independent of the
threshold voltage of the transistor. As a result, the peak inductor current is made to be constant. It

is fixed by controlling the size of on-chip capacitor Cx at design time.
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Figure 3-48 Variation of Ipeak Vi showing <1% variation with Input Voltage Vi

The proposed scheme performs well when compared with conventional MOS Rps methods. In this
scheme, the timing is generated by the integration of charge on a capacitor from Vi/2 to Vo/2,
which makes it less sensitive to mismatch. For example, if Vi is 5V and Vo is 1.5V, then the

integration happens over 1.75V. Even a 100mV offset because of all the circuits involved in the
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design results only in a mismatch of 6%. On the other hand, in the MOS Rps method, the voltage
drop across the switch is compared to a MOS transistor in linear region. Usually, the drop across
the switches is very small, in the range of 50mV, which makes it very sensitive to mismatch [46].
Figure 3-48 shows the performance of the Ipeak control scheme with Vi. It achieves less than 1%
variation in lpeak with 2.3V variation in Vi. Figure 3-49 shows the monte-carlo simulation result
for lpeak control and it shows +/-6% variation because of the process and mismatch which can be

further controlled by trimming Cx in Figure 3-47.
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Figure 3-49 Variation of peak inductor current with process and mismatch variation

Architecture of the boost-converter

The circuit is designed using a 130nm 3.3V process with drain extended MOS transistor to support
up to 5V operation to handle a wider range of different battery types, such as Lithium based battery
chemistries, as well as store higher amounts of energy on the storage device. While the peak
inductor current of the boost converter can be configured using a technique similar to the one used

in Figure 3-47 , the conventional ZD cannot be used because of the reliability issues involved in
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designing with 3.3V transistors. Figure 3-50 shows the control circuits to generate LS and HS
timing signals for the boost converter. The LS signal is generated when Cy charges from Vi/2 to
Vo/2 and HS signal is generated when Cy charges from ground to Vi/2, with their values given in
Figure 3-50. The ratio of LS and HS times gives the boost converter ratio assuming the voltage
drop across the switches much smaller than Vi or VVo. Therefore, the zero crossing of the inductor
current in the boost converter can be accurately predicted by the given circuits. Figure 3-50 also
shows the inductor current waveform for different input voltages, with different peak current
showing accurate zero crossing, which helps in achieving wide input and output voltage range for

the boost converter.
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Figure 3-50 High side control scheme for the boost converter to accurately predict the zero
crossing of the inductor current enabling reliable operation for 5V battery/storage using 3.3V
devices

The boost converter also uses a PFM architecture with a constant voltage maximum power point
tracking, which is well suited for a slow changing condition such as low illumination. The
maximum power point tracking scheme is implemented to operate the PV cell at its maximum

power point. The maximum power point of a PV cell occurs at ~76% of the open circuit voltage

115



[73]. The implementation of the MPPT control is similar to the MMPT control explained in Section
3.2 for TEG. Figure 3-51 shows the architecture of the boost converter circuit. The node Vpp is
set at 76% of open circuit voltage of the PV cell. The boost converter also has a buck-boost mode
to harvest when output voltage is lower than the input voltage. A programmable over-voltage

protection comparator is used to control the output voltage.
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Figure 3-52 Cold start circuit using an internal charge-pump to start operation from 380mV

In this implementation, we also present a cold-start up circuit. Figure 3-52 shows the cold-start
circuit. A local rail is produced using a charge pump circuit, which supports a ring oscillator to
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control the switching during start-up. The process used doesn’t support 5V gate to source operation.
Therefore, the accumulator voltage cannot be used for internal circuits inside the converter, and
instead the 3.3V rail is used. Since the circuit is powered by 3.3V rail in normal operation, it needs
to be charged up during start-up as well. 3.3V rail and Storage node, Vgar, are connected together
during the cold start mode, as shown in Figure 3-52. Once Vgat crosses 1.7V, the 3.3V rail can
reliably handle switching. Therefore, the connection between 3.3V rail and Vgar is removed and
normal switching operation commences. The 3.3V buck converter and boost converter have buck-

boost mode to take care of varying PV and Vgar levels.

Prototype Implementation and Results
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Figure 3-53 Voltage regulation output of 1.2V rail showing <15mV ripple

The proposed EHM system is implemented in 130nm CMOS process with drain extended
devices to support 5V operation. Figure 3-53 shows the simulation result of the regulated output
voltage at 1.2V, showing less than 15mV ripple at 10mA of load current. Figure 11 shows the
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measurement result of the multiple regulated EHM output voltage rails coming out from the EHM
system. It supports a peak load of 30mA on one VDD, with other rails lightly loaded, or a peak of
10mA on each VDD (max 30mA total).
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Figure 3-54 Measurement result of multiple output Vpps coming at 1.2V, 3.3V and 1.5V
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Figure 3-55 Efficiency of buck Converters

Figure 3-55 shows the efficiency measurements for the buck converters used in the SIMO

converter. The peak efficiency is 92% on 3.3V rail at high load and 83% at 14A load. The 1.2V
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and 1.5V achieve peak efficiency of 82% and 81%, respectively, at high load condition, while 68%
and 70% at 1pA load. The architecture supports a maximum of 30mA of load current which can
support ULP systems such as a BSN [1]. Figure 3-56 shows the efficiency result of the boost
converter. The boost converter achieves a peak efficiency of 90% at higher input voltages and an
efficiency of 81% at 0.4V, Vin supplying 10pA of current. The circuit starts up at 380mV. Figure

3-57 shows the die-photo.
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Figure 3-56 Efficiency of the boost converter
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Figure 3-57 Die photo of EHM system
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Table 3-3 Comparison with existing state-of-the-art harvesters

[70] [71] [40] This Work
Process 0.18um 0.25um 0.35um 0.13pm
# of o/p 3 1 1 4
o/p Voltages 1V, 1.8V &3V 5V 0-3.3V 5V, 1.2V,1.5V & 3.3V
81% @ 0.4V, 92% @
83% max 80% @0.5V 3.3V for boost*
- @100uWw, 0 95% @ 3V 92% @ high load,
Efficiency 67% @ 1w, 87% for boost 83% @1pA
70% @10mwW for 3.3V buck *
*(in SIMO)
Idle Power 0.4uW 2.4uW 1pywW 1.2uwW
Start-up - v 0.33Vv 0.38Vv
Max. o/p V 3V 3V 3.3V 5V
Area (mm?) 4.625 11.56 - 2.25
Max. Load 10mwW 10mwW 25mW 100mw
SIMO Reg. v x x v
Bat. Mgmt. x x v 4
Cold start x x v v

Table 3-3 shows the comparison of the proposed EHM system with state-of-the-art energy
harvesters. Among the reported work, this work is the first complete EHM system with energy
harvester, multiple output regulated voltages for the system, a cold start circuit, a wide input
voltage range 0.4-3.3V support, and a wide-output voltage to enable 5V operation. The solution in
[70] has energy harvester and regulated output voltage, but it doesn’t support wide input voltage
range, battery management or cold-start. The solution in [40] provides battery management, but
doesn’t support voltage regulators. The static power consumption of the system is 1.2uW and is
higher than [70] because of the implementation of all the control schemes needed for complete

system design. The proposed lpeak control scheme enables efficient operation over a wide input-
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output voltage range for the system. These features provide efficient energy harvesting and power

management system for BSNs, WSNs or 1oT.

3.5 Conclusions

In this chapter, we presented architectures to implement energy harvesting and power management
solution for ULP systems. A thermoelectric boost converter combines an lpeak control scheme
with offset compensation and duty-cycled comparators to enable energy harvesting from TEG
inputs as low as 5mV to 10mV, 50% to 75% lower than prior work. Maintaining constant Ipeax
allows the converter to sustain high efficiency across a broad Vv range, achieving 52% and 84%
efficiency at 20mV and 400mV, respectively, which improves on prior designs. These features
allow the converter to extend the operating window for thermal harvesting with low thermal
gradients, which is ideal for body-worn sensors. We also presented a bandgap reference voltage
circuit to enable low operating voltage for ULP systems. Our work reports operating from a
minimum input voltage of 0.8V and achieving a lower power consumption of 80nW, which is over
2X lower than previous work achieved without duty cycling the reference. The proposed circuit
also has the lowest area for bandgaps because big resistors are not used for lowering the power.
Further, a power management solution that combines the boost converters and voltage regulators
is presented to provide a completely integrated EHM solution. Among the reported work, this work
is the first complete EHM system with energy harvester, multiple output regulated voltages for the
system, a cold start circuit, a wide input voltage range 0.38-3.3V support, and a wide-output
voltage to enable 5V operation. These features provide efficient energy harvesting and power

management system for ULP systems such as BSNs, WSNs or IoT.
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Chapter 4

Modeling and Implementation of Power

Management techniques for ULP Systems

We presented a low power clocking scheme and efficient, low voltage, low power EHM circuits
in Chapter 2 and Chapter 3. These circuits improve the overall lifespan of a ULP system by
decreasing the power consumption, increasing the harvested energy, and reducing the operating
voltage of the system. Further improvement of ULP system lifespans can be achieved by
employing power management techniques, such as dynamic voltage and frequency scaling (DVS).
The improvements from DVS are orthogonal to the design improvements presented in Chapter 2
and Chapter 3. The application of DVS is achieved by changing the supply voltages. Design of
DC-DC converters and their properties plays a significant role in the actual implementation of
DVS. This Chapter presents a model of a DC-DC converter that can be used to study different
power management techniques. The model helps us in studying the overhead and impact of various
power management techniques reported in literature. Based on the model, we can determine the
merit of one power management technique over the other. Further, a design of single inductor
multiple output (SIMO) DC-DC converter is presented to implement a block level DVS, and
panoptic dynamic voltage scaling (PDVS). The PDVS technique is studied using the proposed

model and is identified as a more practical and efficient way to implement DVS.
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4.1 Modelling for Power Management?®

This section presents a model for inductor-based DC-DC converters and their application to
quantify the benefits of power management techniques for ultra-low power (ULP) SoCs. Various
power management techniques, such as dynamic voltage and frequency scaling (DVFS), clock
gating, and power gating are now commonly employed in many SoCs. However, the power
benefits of these techniques cannot be quantified accurately without assessing their impact on the
DC-DC converter that delivers power. For example, DVFS uses a high voltage to support higher
performance and lower voltage to save power. However, changing the output voltage of a DC-DC
converter incorporates significant power overhead, and the efficiency can vary widely across
voltage and current loads. These overheads may offset the benefits realized from DVFS. There is
a need to characterize the benefits of power management techniques like DVFS in conjunction
with their impact on the DC-DC converter. This is particularly important for ultra-low energy near-
or sub-threshold systems that operate in a very dynamic power environment, and whose power
constraints are stringent. This section presents a model that enables the study of power
management techniques by taking into account their impact on DC-DC converters of different
topologies. The model is based on an analytical treatment of inductor-based DC-DC converters,
and it captures their efficiency trends with varying current load and output voltage. Since
parameter selection will influence the specific behavior of the modeled converter, the model
provides a rapid and effective tool for early design phase exploration of the impact of a converter,
by using parameters based on different prior designs or by sweeping parameters to investigate the

optimal design requirements for the overall system.

3 A lot of content of this section comes from [AS9] and [AS4]
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Figure 4-1 Structure of the proposed model

Figure 4-1 shows the structure of the proposed model, which is broken into two parts. First, a
model of inductor based DC-DC converters shown in Figure 4-1 (a) takes the operating condition
of aworkload as an input, which includes peak efficiency, load at which the peak occurs, minimum
efficiency, maximum and minimum output voltages, settling time, and the decoupling capacitance
of the DC-DC converter, and generates an efficiency calculation. In order to capture the dynamic
load condition of the converter in the context of the operation of a specific power management
scheme, the second part of the model shown in Figure 4-1 (b) uses one or more of the DC-DC
converter models in a larger system model that includes the input voltage (Vi), output voltage (\VVo),
load current (IL), time of operation, parasitic capacitance on the block, switching frequency, and
activity factor. These parameters can change dynamically in power management techniques like
DVFS. Using these parameters as input, the model calculates the overhead cost and change in the
efficiency of each DC-DC converter in the system and provides the total system level energy
consumed while executing a power management technique for the given workload profile.

The energy savings for a power management technique are typically reported at the load circuit
operating voltage and load level in literature [75]. For example, the authors in [75] report the
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energy savings obtained by scaling the voltage and frequency to a lower value. The paper does not
calculate the total energy drawn from the original source of the supply voltage, for example a
battery, which may not change linearly with load at the final circuit. Changing the operating
condition of a voltage regulator causes deviation from its optimal behavior. If the output voltage
of a buck converter is reduced, the efficiency of the converter decreases. Also, reducing the output
voltage means that the capacitor C is discharged to a lower voltage by dissipating its stored energy.
The actual benefits can be obtained by taking these losses and overhead into account. Figure 4-2
shows a block diagram of a typical inductor-based DC-DC converter. It includes a bias generator
and comparators that cause the static loss. The control scheme that implements the switching
pattern of the power switches MP and MN can vary across topologies. The switching loss is a
function of the control scheme and the load. The power switches MP and MN, parasitic resistance
of inductor (LPAR), and capacitor (CESR) cause the conduction loss, which is determined by the
load current and output voltage. These losses are all a function of the operating condition. The
proposed model accurately predicts the trends in behavior of DC-DC converters across topologies,
implementing both pulse width modulation (PWM) and pulse frequency modulation (PFM)

control schemes.

Switching Loss

Bias 4'

Generator Control
Scheme
Vo | | Dead
Time —I
Static Loss
Associated Loss like static, switching or Only operating point Vo and

conduction lossina DC DC converter isa load is used by DVFS to
function of operating condition calculate energy benefits

Figure 4-2 Loss mechanisms inside a typical switching DC-DC converter
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4.1.1 DC-DC converter model

In order to model DC-DC converter trends and to capture the impact of DC-DC converters on
power management strategies, it is essential to account for the converter efficiency, which is the
power delivered to the load divided by the total power drawn by the converter. This efficiency of
the DC-DC converter is a function of its output load, output voltage (\VV0), the switching frequency,
the switch resistance, and the parasitic resistance in the inductor and capacitor, as shown in Figure
4-2. In this section, we derive models for the efficiency for both PWM and PFM control schemes.
Additionally, it is important to model how the converter will respond to changes in its usage. In a
dynamic power environment like DVFS, Vo and load current vary dynamically, which changes
the efficiency of the converter and results in energy overhead. Also, the converter can take
significant time to settle from one voltage to another, resulting in timing overhead. Additional
energy overhead comes in the form of charging and discharging of the decoupling capacitor. To
quantify the benefit of a given power management technique like DVFS, we need to account for
these overheads, in addition to modeling the efficiency at a fixed load. In this section, we derive
and describe the proposed model for an inductor based DC-DC converter that accounts for these
overheads and that can be used in a larger system model to study specific power management

techniques.

DC-DC Efficiency with Load Current: PWM Control Scheme

Voltage and frequency are varied in DVFS to trade off power consumption with speed. This
changes the load current and output voltage of the DC-DC converter, which changes its efficiency.

In this section, we define a model that captures the change in efficiency that results from changing
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load conditions. One prior work [76] models the power loss in a DC-DC Buck converter using a

PWM switching scheme with the following equation:

I Ai  CVppi®
= 12 + Ai2/3 b —

}+dﬁAi 4.1)

where I_is the load current, Ai is the current ripple in the converter, fs is the switching frequency,
Cv is the decoupling capacitor, Rro is the inductor series resistance, and a, b, and d are constants.
Equation (4.1) represents the power loss in terms of various constants that cannot be obtained and
that are non-intuitive to approximate prior to the design of the converter, so it is difficult to apply
this equation for design space exploration or for general modeling of DC-DC converter trends.
Instead, we propose a model that accurately captures the trends in the efficiency of the DC-DC
converter in terms of the peak and minimum efficiency values of the converter, which can be either
predicted, specified as targets, or pulled from prior work. To derive this simplified model, we begin
by following previous work [76][77] in the observation that (4.1) leads to an efficiency in the
form.

Ny, =MN2 — (2 — 1) * (log(1,/10))? /4 (4.2)
where 72 is the peak efficiency occurring at load lo, and 71 is the least efficiency at a given load.
For the verification of the model proposed in equation (4.2), let us consider the following cases.
For a light load condition in Equation (4.1),

I, ~Ai
so the power loss given by equation (4.1) in the buck converter takes the form of

Pgyck = al, + B/1,
The efficiency of the converter will be given by power delivered (V1) over power drawn:

B
L
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Expanding equation (3) using Taylor’s series we get,

m=V/V+aol-—— L 4.} (4.4)

W+ 2 - (V+a)?t
It is clear from Equation (4.3) that the efficiency decreases as load current decreases for the cases

of light load conditions on the converter. The proposed equation in the model is given by,

Ny, =MN2 — (2 —ny) * (log(IL/IO))2/4‘

This expression also decreases for the light load condition, capturing the correct behavior of DC-

DC converter efficiency trend. We know from Taylor’s series that,

2

In(1,/1,) = —{(% — 1) —1/2 (% — 1) + -} (4.5)

Since, lo > I and converting natural logarithm into logarithm of base 10 we get,

2

log(1,/1p) = —2.303{(%) -1/2 (%’) + oo}

so the efficiency equation in (4.2) can be rewritten as,

M, = 12 = 2.303Gn, — 1) /4 + {(%)2 - (%)3 +o)

2

In(1,/1,) = —{(% — 1) —1/2 (% — 1) + -} (4.6)

Using,x > logx
The proposed model in (4.2) for the DC-DC converter reduces to (4.6) under light load, which
follows the behavior of the DC-DC converter as reported in literature [76] and compares well with
(4.4) with maximum efficiency #2 in (4.2) can be obtained by equating the constants in (4.4) and

(4.2),

n.=V/V+a) (4.7)
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Equations (4.2) and (4.6) are not bounded for the cases when I becomes very small, but they can
predict the behavior for light load condition in a PWM control switching scheme based DC-DC
converter with less than 5% error. Figure 4-4 shows this result.

Now consider the case when load is very high compared to the point of peak efficiency. The
constant a in equation (4.1) represents the resistance of the MOS transistor used for switching [76].
The model of [76] assumes it to be a constant. However, the resistance of the MOS transistor
increases with the increase in load current and it is given by,

I

) (4.8)

DSAT

where Ipsat is the saturation current of the transistor. Clearly, as load current increases, resistance
increases. For light load condition, it is correct to assume that resistance doesn’t change, as lpsat
is much larger compared to I.. However, with an increase in load, the MOS resistance increases,
causing elevated conduction loss. Also, at higher load the increased current in the inductor causes
elevated conduction loss in the inductor’s parasitic resistance. Overall, the 1°R loss increases,
because of the increase in current and because of the increase in resistance caused by that increase
in current. For a high load we know that,
I, » Ai

so the power loss in the buck converter using equation (4.1) of [76] takes the form of,

Ppyck = aqly, + By}
The equation for efficiency can be written as,
N, = VIL/(VI, + aqI, + ,31IL2) (4.9

This expression shows that efficiency decreases as the load current increases. Using Taylor series

expansion, this expression can be written as,
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m, =V/V+a){1- Al ( Al )2 +o) (4.10)
L V+a) \(V+ap)
In the proposed equation in this paper, equation (4.2), the efficiency also decreases for the higher

load. Expanding (4.2) using Taylor’s series,

2

I I
M, =772—(772—n1)/4*{k1+k21—L+k3 (TL) 4} (4.12)
(0] (0]

Equation (4.11) and (4.10) follow closely, with constants 72, #1, k1, etc. in (4.11) can be obtained
by equating with respect to the powers of I. in (4.10). The proposed equation matches the trend of
equation reported in literature [76].

While equation (4.1), (4.4) or (4.10) can be more analytical versions of the DC-DC converter
efficiency formulation, they are not very useful for early design space exploration or for studying
system level power management techniques because of the unknown constants. In contrast, the
compact model in (4.2) can be expressed in terms of peak efficiency and minimum efficiency,

making it easy to use.

DC-DC Efficiency with Load Current: PFM Control Scheme

In the PFM control scheme with a constant peak inductor current, the switching and conduction
loss scale with frequency, and the efficiency remains flat for higher loads. The power loss is given
by,

Ppyck = K * Poye + C (4.12)

where K and C are constants. The first term indicates switching and conduction loss that scales
with frequency. The second term indicates the static loss that does not scale with frequency.

Therefore,
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POut

= 4.13
e ™ Poue + K Pow + 0) @2
Using Pou=VIL and expanding using Taylor series,
a
My =M2 =1 (4.14)
L

Equation (4.14) shows that the efficiency increases and becomes constant as load increases. This
happens because power loss in PFM schemes scales with the load. At light load condition, the

static loss dominates and reduces the efficiency.

Verification of the model:
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Figure 4-3 Efficiency Variation with load current in a) PWM scheme with n2=0.9, 11=0.68 and
[.=ImA b) PFM scheme with 12=0.88 and a=5x10-5

The equations we have provided accurately model the trends for PWM, PFM, and combinations
of those control schemes. Figure 4-3 shows the variation of efficiency with respect to load when
using dedicated PWM and PFM control schemes. In the PWM scheme, the efficiency degrades at
high load and at light load conditions, while in the PFM scheme the efficiency remains flat as load

increases and degrades at light load conditions. Figure 4-4 shows the comparison of the model

132



88 — : : : 88 90

Efficiency (%)
Effiiciency (%)
Efficiency (%)

002 004 006 008 041 10° 20 40 60 80 100
Load in A Load current in mA Power in Watt

a) Comparison of model with the measured PWM DC-DC converter reported in literature

PFM+PWM
% . Only PFM 95 MMM :
Model w 90
_—g5t e e a—
Eal N = 85
= SR ' P
g 8O-t é__ [81] e o = 80
2 2
L] =]
@ = FEL i T i e i
E FabE ] E
70
70 65 N S R I I L ]
10° 10° 10" 10° 10 10°
Load in mA Load in mA

b) Comparison of model with [8], implementing both PFM and PWM

Only PFM PFM+PWM

== ==
= o

Efficiency (%)
-
(5]

Efficiency (%)

- |
=

&
(5.1

Load in mA Load in mA

c) Comparison of model with [6], schemes implementing both PFM and PWM

Figure 4-4 Comparison of the load equation with measured work in literature

equations for PWM and PFM control schemes, with the measured results reported in literature
[78]-[81]. Figure 4-4 (a) shows the results for the PWM scheme. For equation (4.2), we have
selected 72 as the peak efficiency reported in the corresponding paper and lo as the load for that
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peak efficiency. The value of 7. is obtained experimentally, based on [78]-[81], and we set #1=10
for all the papers ([78]-[81]) employing the PWM control scheme. The converters [78]-[80] and
[81] in part implement PWM. We find that the model predicts the efficiency behavior of the
converters very accurately (<5% error for these papers). For [78], [80], and [81], the error is less
than 3%.

We also compared the model with reported works that employ the PFM switching scheme. Figure
4-4 (b) and Figure 4-4 (c) show the results. For the PFM scheme, we used 7 as the peak efficiency
reported in the corresponding paper. The constant a represents the static loss of the converter and
will vary from one converter to another. It causes the degradation in efficiency at light load
condition in a PFM control scheme. For this comparison, we set the value of constant a in (4.14)
to match the least efficiency reported in each paper. The model predicts the behavior of [79]
correctly for the PFM scheme, while it deviates at higher load for [81]. This is because we assumed
in our model that the PFM scheme is used only for a light load condition, whereas [81] shows

results for loads up to 400mA.

To further illustrate the usefulness of the model, we also compared it with the schemes where both
PFM and PWM schemes are employed. This is often done to increase the range of load a converter
can support. Figure 4-4 (b) and Figure 4-4 (c) show the results of comparison of the model, with
efficiencies reported in [79] and [81]. The model accurately predicts the behavior of such
converters. There can be other combinations in which the model can be used. For example, it can
be used for a segmented switch scheme if two or more curves for (4.2) are used in conjunction,

with each curve having a peak efficiency (72) corresponding to a different value of lo.
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The proposed model is accurate in predicting the efficiency trend with respect to the load if the
control scheme is PWM or PFM. Also, an approximate peak efficiency of a DC-DC converter can
be obtained very early in the design cycle, as it is dependent on the technology, size of the inductor,
and ripple on rails. Therefore, the model can be employed for analyzing the DC-DC converter

overheads early in design, while implementing power management techniques.

Efficiency with Output Voltage

The peak efficiency of an inductor-based DC-DC converter decreases with a decreasing output
voltage. For a given load current, the switching loss and conduction loss of the converter remain
the same. The decreased output power level at lower voltages results in decreased efficiency. The

efficiency as a function of voltage can be modeled as,

Ny = N1+ mV = Vinin) (4.15)

Efficiency
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Figure 4-5 Dynamic efficiency variation with current and voltage
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where m is the slope of the line given by m = (1, — 11)/ (Vinax — Vinin)- This approximate linear
behavior is reported in both [76] and [78]. Plugging (4.2) for PWM or (4.14) for PFM and using

(4.15), lets us write the combined voltage and load efficiency as:
n="ny*ng, (4.16)

Figure 4-5 shows the output of the proposed model with Vo and with load current assuming a
PWM control scheme. A DC-DC converter designed for a specific voltage and load will follow

this trend when its load current or output voltage changes.

Settling Time

The settling time of a converter is the time it takes to reach the desired supply voltage. A typical
converter has a large inductor and a large filter capacitor that makes the settling time very large
(few ps to ms [82]). In a dynamic environment such as DVFS or Ultra DVS (UDVS), the output
voltage Vo is expected to change. The settling time of a converter to reach the desired voltage
becomes an important overhead for these scenarios. The settling time AT in our proposed model

IS approximated as,
T
AT:V*AV (4.17)

when output voltage is charged to V from ground, and where T is the settling time of the converter.
We assume that the inductor carries the same amount of current for each cycle of charging.
Consequently, the rate at which the output reaches a given voltage will be linear with time. T/V is
the slope of this curve and is set by assuming that at each switching cycle the inductor carries the

same amount of current even for the cases when the output voltage is rising from zero.
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Supply Rail Switching Energy

The change in the output voltage of a converter results in a change of the stored energy on the
capacitance of the supply voltage rail of the load blocks. Some of this stored energy is dissipated
if the new voltage is lower than the previous voltage, whereas energy is consumed from the source
supply, Vin, if the new voltage is higher than the previous voltage. The additional energy overhead
Ec is given by equation (4.18), where V1 and V2 are the new and previous voltages of the converter.
If V1 is greater than V2, work is to be done by the supply Vin. When V1 is less than V2, no work
is done by Vin; hence, energy overhead will be zero.

E; =V, C,max(V; —V,,0) (4.18)

In some cases, the voltage on the capacitor is not immediately discharged to lower voltage. Voo
slowly discharges from V2 to V1 while running workloads. In such cases, Ec will be lower than
given by equation (4.18). Equation (4.16) helps us to predict the losses at a given load or voltage
condition, while (4.17) and (4.18) give the conversion energy and timing overhead. These
equations enable a framework where overheads that originate from dynamic changes to the DC-
DC converter output can be calculated for techniques like DVFS to accurately measure their energy

benefits.

4.1.2 Evaluation of DVS techniques using the proposed model

The DC-DC converter model can be used for assessing a variety of block level power management
techniques. Since the model captures both the efficiency of the converter for fixed loads and the
cost of making dynamic changes to the converter output voltage and load, we can use it to model
system level implementations of varying complexity. In the most basic case, the model can provide

additional insight into the system level cost of reducing the voltage delivered to a block or to a
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chip. For example, Figure 4-6 shows the measured energy consumption of a microcontroller in a

sub-threshold system on chip [86] across voltage. The minimum energy voltage occurs at below
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Figure 4-6 Energy consumption for a microcontroller across voltage with and without

consideration of

0.3 V. However,

node, including

the DC-DC converter efficiency.

when we consider the amount of energy drawn from the battery or energy storage

the overhead of loss in a DC-DC converter, the situation changes significantly.

The top line in Figure 4-6 shows the energy consumed from the source (at the input to the DC-DC

converter) using our model, which was fitted to low load DC-DC converter measurements from

[87] to illustrate

an example converter for this system. Since the output voltage and load current

both vary for the block as Vpp decreases, it is not accurate to assume a constant efficiency loss in

the converter, and our model captures the changing efficiency across the space. This result shows

that reporting block level consumption only can result in an inaccurate view of the total impact on

the battery, and that the actual optimal voltage [92] for minimizing energy consumed at the battery

may be higher than anticipated from block measurements alone.
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on the overall energy drawn from the battery (b)

Further, the DC-DC model can help designers to choose the optimal specification for a converter
to use for a given block or chip. This is especially important for embedded converters serving
extremely low power systems like the one in [86], which operates from harvested energy. For
example, we revisit the design in Figure 4-6 and consider a different converter design with lower
overall peak efficiency, but whose peak efficiency occurs at a lower voltage. Figure 4-7 (a) shows
the efficiency versus Vpp for two different converters: one is the converter used in Figure 4-6 and
modeled on [87], and the other is a hypothetical converter. The new converter has a lower overall
peak efficiency than the original design, which might lead to the misconception that it will hurt
the overall energy consumption of any chip. However, its peak efficiency comes at a lower voltage,
so its efficiency scales better across the lower range of voltage values. The impact of this is that,
at lower voltage (and lower current) values, the second converter provides more efficient operation.
Figure 4-7 (b) shows the impact of using this converter alongside the curves from Figure 4-6. Not

only is the total energy drawn from Vin much lower, the optimal voltage for minimizing energy
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occurs at a voltage much nearer to the optimal voltage of the block. The flexibility of our model
allows a designer to experiment with different converter specifications while co-designing an
embedded converter with its loading system, providing for rapid design space exploration early in

the system design process.

Battery

RY pcoc | “BY peoc | B pe-pe STRY  pc-pC

BLOCK BLOCK BLOCK BLOCK

Figure 4-8 Dedicated DC-DC converter per block.

In addition to supporting the co-design of embedded DC-DC converters, our model can enable
higher level comparisons of power management techniques that apply to multiple blocks. The next
example illustrates the application of our model to two different power management strategies.

DVFS is commonly used to save power in a SoC by changing the supply voltage at the full chip
level. Even larger energy savings can be realized by implementing block level DVFS, so that each
block can use a voltage that is best matched to its own workload. Figure 4-8 shows the idealized
implementation in which each block has a dedicated DC-DC converter. However, it may not be
practically possible to implement such a system because of the area and cost of replicating DC-
DC converters for each block. We study this scheme using our model to analyze its benefits by
taking into account the overheads discussed earlier in the chapter. Later on, we compare this with

a more practical implementation of block level power management.
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VDD | Load | Time of operation VDD Load | Time of operation
V1 il TI+ATI 0.9V | 100pA 8us
V2 12 T2+ATI1 1.2V | 900pA 8us
Optimal Condition for a Block Example Table

Figure 4-9 Operating condition for dedicated DC-DC.

Framework for Energy Calculation in DVFS

In this section, we establish the framework for computing the system level energy consumption of
a multiple block DVFS system, where individual DC-DC converters are modeled using the
equations from Section 4.1.1. Figure 4-9 shows the operating condition of an example block that
has a dedicated DC-DC converter. Vpp and load will change with time. We have assumed a
uniform random distribution for the power supply voltage setting in the range of 0.4V to 1.2V. AT
is the settling time of the converter, and we use T=20us and V=1V in equation (4.18) [76]. The

load capacitor on each block is assumed to be 200pF.

_ Vi (Tu + ATy) N Voiay(T, + ATy) e

(4.19)
o» U 12
Eop is the operating energy and ) is calculated using equation (4.2).
EC = VinCL(maX(Vl - Vz, O) + maX(VZ - V3, 0) + ) (420)

EroraL = Eop + E¢
Each block is modeled as a chain of inverters with different depths. The delay of the block is
calculated as its time of operation. The power supply level changes for 100 iterations. The rate at

which the voltage changes to a new value is varied from 10ns to 1ms. The energy dissipation in
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each case is compared with a single Vpp (always 1.2V) block. Figure 4-10 shows the result of our
experiment. We find that at fast rates of voltage scaling (a voltage transition every~10ns), the
overheads of a DC-DC converter dominate, and there is an energy loss. Energy benefits can be
realized for Top greater than 1ps with a maximum benefit of more than 150% achievable at slower
rates of Vpp transitions. This implies that, for these assumptions, the 5 Vpp system would save
energy relative to the single Vpp system, when transitioning Vpp to adapt to changes in the

workload that are slower than ~1ps.

200

150+ e

100} RSN AP

Energy Savings (%)
3

H H M | H H M | H H M | H H I
10° 10" 10? 107 10”7 10°

Time in ms

_100 R M |

Figure 4-10 Energy Savings with rate of VVoltage Scaling

Panoptic Dynamic Voltage Scaling
This section applies the DVFS modeling approach to a different DVS implementation. Figure 4-11
shows the block diagram of a block level voltage scaling technique called panoptic dynamic

voltage scaling (PDVS) [88]. In the PDVS technique, a block can switch from one voltage to
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another by the use of headers, as shown in Figure 4-11. The advantage of this technique is that it
enables a much faster switching. An equivalent DVFS voltage can be realized by dithering between

the supplies. This scheme is more practical and has lower cost.

DC-DC
>
2 | DC-DC
< |
[a]
DC-DC * *
J J /S S
BLOCK BLOCK BLOCK | BLOCK
1 2 3 n

Figure 4-11 PDVS: Block Level Voltage Scaling Technique

Framework for Energy Calculation in PDVS

We reproduce the operating condition of a block from Figure 4-9. This block operates at different
voltages for different times to accomplish optimal energy operation. We break down the operating
condition of Figure 4-9 into Figure 4-12. If a block has to operate at V1 (0.4V<V1<0.8V) for T1
time, PDVS accomplishes it by connecting the block to 0.4V for T11 and 0.8V for T12, such that
T11+T12=T1 of Figure 4-12. This approach is called voltage dithering. T11 and T12 are such that
the performance of the block does not change. A final operating condition is given by Figure 4-12
(b). The load on each supply will change, depending on the blocks that are connected to it, and
results in a continuous time varying load on each supply. We include time to obtain the energy.
Each supply has larger load variation, which will have an impact on the overall efficiency. The

total energy is given by,
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Eop = 0.4 f b5 (6)/m (i) dt + 0.8 f b5 (6)/ma (iz)dt + 1.2 f i5.(6) /13 i) dt

EC = VinCL(maX(Vl - Vz, O) + maX(Vz - V3, 0) + ) (421)

Erorar = Eop + E¢
We keep the same system set-up as was used for the dedicated DC-DC converter case. It should
be noted that there will be an insignificant overhead of settling time in this case. We assume a
capacitive load of 20pF on each block, since the local block virtual Vpp rail switches instead of

the total chip-wide Vpp rail (with all of its decoupling capacitance).

VDD Load Top
0.4V 0.8v 1.2V
vliV 111 pA 0 T11
vliV 112 pA T12
v2V i21 pA T21
v2V 0 122 pA T22
a) Operating Condition
Load dTop
0.4v 0.8V 1.2V
i1(t) i5(t) i5(t) le-9

b) Final load table

Figure 4-12 PDVS Operating Condition Evaluation

4.1.3 Comparison of DVFS and PDVS using the Model

Figure 4-13 compares the PDVS scheme with a dedicated DC-DC converter case using the system

level model that incorporates the DC-DC converter equations. The PDVS scheme has a break-
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even time of 30ns compared to 1ys in the dedicated supply case. This is because of the very small
settling time in PDVS, as the block is charged to the rail almost instantly. It also has lower
conversion energy. The total energy benefits from the PDVS scheme are, however, lower than the
dedicated DC-DC converter case, because it sees much wider load variation. The PDVS scheme,
however, is better- suited for implementing block level DVFS because of its much smaller break-
even time, allowing it to adjust to short changes in the workload. PDVS scales much better to
larger numbers of blocks, since it requires only one DC-DC converter output per voltage rail rather
than per block, as in the dedicated DVFS scheme. These results are, of course, influenced by the
values of the parameters in the model, and the model makes it very easy to investigate how the

results will vary when the assumptions change.
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Figure 4-13 Energy Benefits of PDVS and Dedicated DVFS

Figure 4-14 shows how the PDVS savings for the same scenario as before will change as a function

of the capacitance of the virtual Vpp rail of each PDVS block. As the capacitance of the block
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increases, the breakeven time moves to larger times, meaning that the workload needs to remain

at a new value for a longer time to make it worthwhile to switch the voltage of that block.
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Figure 4-14 Energy Benefits of PDVS for different values of the virtual VDD capacitance of the
block

4.2 Implementation of Power Management for PDVS

Minimizing power consumption by employing power management techniques is a common
practice today in integrated circuit (IC) design. Several techniques have been researched and
applied to this end. Initially, Dynamic Voltage Scaling (DVS) [93], where the power supply of an
Integrated Circuit (IC) is modulated according to its performance needs, has been successfully
utilized to reduce the power consumption. Usually, voltage is scaled up for the IC to perform at a
higher rate or scaled down to trade off performance for lower power consumption. Also, the IC
can be divided into multiple voltage domains as multi-Vpp systems, where multiple power rails

are used to operate non-critical paths at lower voltages to save power. Moreover, it has been
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claimed that the lowest energy operating point is achieved when the processing rate matches the
rate of the work-load. Such a system needs to operate an individual block at different voltages at

different times.

DVS DC-DC
Controller Converter

Multi-core system

Figure 4-15 Dynamic Voltage Scaling for multi-core system

Practical implementation of power management techniques, such as DVS, involves several
overheads. Figure 4-15 shows the implementation of DVS for a single Vpp, multi-core system.
The Vop is scaled according to the performance or power needs of the IC. This implementation
involves several overheads. The output capacitor (C.) of a DC-DC converter is usually large;
therefore, it has a large settling time. The energy stored on the capacitor is also high, so changing
the output voltage involves energy overheads. Usually, these overheads limit the rate at which Vpp
can be scaled [95] and, hence, the amount of energy that can be saved. The flexibility of DVS is
also limited, as individual cores do not operate at their optimal voltages. Operating each core with
its own Vpp can save more power. However, the number of DC-DC converters needed for this
purpose increases linearly with core. Low Drop Out (LDO) and switched capacitor converter
present on-chip options for implementing DVS for the multi-core system, albeit at lower

efficiency, which again limits power savings.
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Figure 4-16 PDVS implementation for multi-core system

Panoptic dynamic voltage scaling (PDVYS), as explained in the previous Section, has been proposed
[97] to overcome these limitations of DVS. Figure 4-16 shows the implementation of a PDVS
scheme. Each core inside a multi-core system is connected to three different rails through header-
switches. The blocks can be connected to a given Vpp rail, depending on power or performance
requirements. It allows the cores to switch from one voltage to another. Utilizing three different
voltage levels, a block can be made to operate at its optimal voltage by using the voltage dithering
technique [98]. Using PDVS techniques, several limitations of classical DVS can be overcome. In
PDVS, each block can theoretically be made to operate at its optimal voltage which results in
higher overall power savings [97]. The voltage rails in PDVS are fixed and the blocks are
connected to these rails depending on their throughput requirement. The fixed voltage level in
PDVS eliminates the settling time and energy overhead costs usually present in the classical DVS
technique because of the overhead cost of the DC-DC converter [95]. As a result, PDVS can
implement a faster rate voltage scaling technique and can save more power [94][95]. However, the

implementation of PDVS requires at least three DC-DC converters. The other cost involved is
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higher area owing to the routing, switches and level-converter (LVVL) needed to implement it. The
routing, the switches, and the LVLs area overhead are less than 15% [94] for each block, which
doesn’t amount to significant cost given the energy benefit. However, the cost of three or more
DC-DC converters needed to implement PDVS can amount to significant cost when compared to
a system implementing a single Vpp DVS. Therefore, a practical PDVS system has not yet been

implemented. This section presents a power management solution to implement PDVS.

Several design challenges have to be overcome to implement a low cost power management
solution for PDVS. We need more than three DC-DC converters to implement PDVS. A simple
implementation will be to have as many dedicated DC-DC converters as needed by the PDVS
scheme. However, this will still be costly and not practical. A single inductor multiple output
(SIMO) [96] DC-DC converter, where one inductor is used to generate multiple output supplies,
is proposed for PDVS. The three output rails for PDVS are generated through SIMO architecture
which is a lower cost, higher efficiency solution. To further reduce the cost and system volume,
the capacitors are integrated. The integration of capacitors is only possible if smaller capacitances
are used. However, use of small sized capacitances will increase the ripple on the power supply.
We use small sized on-chip capacitances. The ripple on the power supply is reduced through a
proposed hysteretic control scheme. Further, the use of SIMO will also result in higher ripple and
cross regulation issues in the design, because of the changes in loads on different Vpp rails. This
issue is addressed by designing the SIMO converter to be able to configure itself based on the load
information which is available in a PDVS system. This section proposes the design of a SIMO
DC-DC converter with on-chip capacitors, utilizing the features of PDVS technique. It provides a

cost efficient, energy efficient way to implement block level DVS. The proposed circuit is the first
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reported practical implementation for PDVS and implements low cost and efficient PDVS. The
use of SIMO reduces the cost of multiple DC-DC converter requirements for the implementation.
The proposed solution provides three output rails at 0.9V, 0.7V, and 0.4V, at peak efficiency of

86% with integrated capacitance.

The design description of the proposed circuit is divided into the following sections. First, we talk
about the overall system architecture and the SIMO control scheme. Second, we will describe the
hysteretic control scheme which helps in reducing the size of the capacitors. Third, we will
describe the scheme for co-designing SIMO with PDVS load environment which helps in dealing
with cross-regulation and higher ripple arising from SIMO architecture. Finally, we will present

the measurement results and compare the proposed design with the state-of-the-art.

4.2.1 PDVS SIMO Architecture

Figure 4-17 shows the block diagram implementation of the proposed SIMO DC-DC buck
converter to drive an example PDVS system. It consists of hysteretic comparators, a SIMO
controller, and buck DC-DC converter, and provides three output rails at Von=0.9V, Vom=0.7V,
and VoL=0.4V. The comparator, SIMO controller and the DC-DC converter implement the control
loop to provide the output voltages. The SIMO controller steers the inductor current (I.) to
different rails through switches S1-S3. The hysteretic comparator compares each rail to its
reference voltage and provides a digital output. It also controls the switching turn-on time of the
comparator, which we will explain later in this section. The hysteretic comparator controls the

regulation and switching of each rail. These comparators can be disabled when a particular rail is
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Figure 4-17 SIMO DC-DC buck converter for low voltage DVS-enabled. On-chip decoupling
capacitance saves system level volume and cost

not needed in the system. The digital output of the comparator goes into the controller, along with
the priority signal from the PDVS controller. These signals are used to generate control for the
DC-DC converter, as well as to assign switching sequence for the switches S1-S3. The priority
signal from the PDVS controller provides the current loading scenario on each rail. The SIMO
controller uses this signal to set the switching priority, and assigns highest and lowest priority to
switches S1-S3. For example, if 0.9V rail is heavily loaded, the priority is set on this rail and, in
the event that 0.9V comparator output goes low, the SIMO controller starts steering inductor
currentinto 0.9V rail. In a case where all three rails are heavily loaded, this switching configuration

can result in higher ripple or cross regulation. However, it is not possible for all of the rails to be
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loaded simultaneously in a PDVS system. As a result, higher ripple is typically not seen on other

rails.

Control Architecture

The design goals of the control architecture are following. First, the architecture should be able to
support lower sized capacitance with small ripple. Second, it should provide high efficiency and,
finally, the static power consumption of the circuit should be small. We will first explain the
control of an individual controller making the SIMO to operate as a simple buck converter
providing a single Vpp. This can be achieved in the system by disabling other two converters by
disabling their comparator. The design decisions at this level are used to reduce the overall system
power and cost. The switching time of the converter is controlled by the comparator, which helps
reduce the additional control circuit, which, in turn, reduces static power consumption of the
system. We used two approaches to reduce the dimensions of the passives in the converter. First,
we used 65nm advanced process nodes compared to [96][68][69][99][100][101]. The smaller
CMOS technology will enable faster switching frequency for the converter, which will enable
lower sizes for inductor and capacitors. Secondly, we propose a new hysteretic control scheme,

which further brings down the size of the capacitor to nF range.

Figure 4-18 shows the conventional control scheme to generate the High Side (HS) switching
control for a DC-DC converter. Usually, two approaches are common. In the first approach, a fixed
delay is generated and the turn-on time of the HS switch, MP, is controlled by the fixed delay. This
delay generates the current in the inductor and HS switching is enabled, followed by Low Side

(LS) switching. The HS control determines the amount of energy being transferred in each cycle.
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The second approach for HS control uses current sensing of the inductor and is more popular for
higher output power switching converters. However, this scheme suffers from inaccuracies and
higher energy overhead [46], which makes it unsuitable for low-energy lower voltage systems.
Also, fixing the current of the inductor requires a high amount of decoupling capacitor to reduce
the ripple. The inductor current gets stored on the capacitor for the cases of light load. This can

cause higher ripple if the capacitor is small.
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Figure 4-18 Conventional HS control
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Figure 4-19 Proposed control scheme

Figure 4-19 shows the circuit of a proposed HS control scheme. It uses a hysteretic comparator to
control the HS switch. The hysteresis of the comparator and the delay of the comparator set the

ripple on the rail. The high side transistor, MP, is turned ON when Vo goes below Thio of the
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hysteretic comparator, where Thn and Thio are the higher and lower thresholds of the comparator,
respectively, with hysteresis given by, Thui-Thro. The inductor starts charging the output rail and
its current starts ramping up. Once Vo crosses Thui, MP is disabled and inductor current starts

discharging through to the output capacitor.
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Figure 4-20 Control Architecture to reduce the ripple

Figure 4-20 shows the behavior of the HS control circuit. At the light load condition, the voltage
at the output rises quickly, since the current drawn from the output capacitor is low and most of
the current is used to charge the capacitor. Therefore, the hysteresis of the comparator sets a lower
inductor current and insuring lower ripple. If the load current increases, the rise time of the output
voltage increases, and, as a result, MP is on for a longer duration of time (since higher current is
drawn out of the output). This increases the peak current in the inductor. The proposed circuit
adapts itself with the output load. This scheme makes the ripple on the rail less dependent on the

output capacitor. Figure 4-21 shows simulation results of the variation of the output ripple of the
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capacitor, with load current at different values of the decoupling capacitor. The ripple voltage
varies from 30-60mV for 0.8V Vpp and 1.2V Vin. We selected 4.3nF of output capacitor, which
gives us ~5% ripple on the rail. This value of capacitance is significantly smaller than the typical
decoupling capacitors (F range) used on output rails in a DC-DC converter. At these values, the
capacitance can easily be integrated on-chip. A significant percentage of the capacitance can come

from the parasitic capacitance of the cores connected to these rails [105].
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Figure 4-21 ripple Voltage for different values of decoupling capacitor at different loads

The proposed HS control scheme supports a load up to 50mA and can operate the converter in
both continuous conduction mode (CCM) and discontinuous conduction mode (DCM). At light
load condition, the converter goes into DCM. The HS turn on time is used to charge the inductor.
After LS control cycle, the inductor current goes to zero. However, Vo goes below Thyo later than
LS cycle, due to the light load condition. The HS control scheme starts again, once Vo goes below

Thro. Operating in DCM at light load helps in achieving good efficiency as well as controlled
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ripple. The converter operates in CCM at high load condition. At high load condition, Vo goes
below Thro before the inductor current goes to zero and, hence, conducts continuously. Operating
in CCM helps in targeting heavy load condition for the converter. Figure 4-22 shows the simulation
results of the output voltage and inductor current at light load and heavy load conditions,
respectively. It shows that the converter operates in CCM at high load and in DCM at light load

condition.

» 061 fP ™ ™ 081 /A\ /“\ 4

Volta
o
00)
i3
———
\\.
Voltage
o
[}
™\

0.79[/ & 0-79_// \_,/ \_’/ \_,/‘

0.78 0.6 0.8 1 1.2 0.78 0.6 0.65 0.7

.Time (us) Time (us)

1
[99)
N

Inductor Current (mA)
o1 o
i
inductor Current (mA)
IS A
W (=]
//
\
T —
T

-10 N AN AN
106 0.8 1 1.2 =006 0.65 0.7
Time (ps) Time (us)
a) Load Current = 0.4mA b) Load Current = 40mA

Figure 4-22 Converter Operation in CCM and DCM mode

The static power consumption of the HS circuit is dictated by the power consumption of the
comparator. More power can be saved by lowering the comparator quiescent current. However,
the performance of the comparator also controls the amount of ripple seen on the rail. For example,
if the comparator has higher delay (lower power), then response of the comparator to the changes
at the output voltage will be slower, which will result in elevated ripple. Figure 4-23 (a) shows the

variation of ripple with the comparator quiescent current. The ripple decreases with increased
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quiescent current. The ripple becomes constant after 254A of comparator current. After this point,
the hysteresis of the comparator and output capacitor controls the amount of ripple. We select
25pA quiescent current for the comparator of 0.9V and 0.7V rails and use two comparators for
0.4V rail. One comparator has 3pA, while the other has 100nA quiescent current. This is done to
lower the static power consumption of the converter for the low power mode, where all the cores
in the PDVS system can be connected to 0.4V. The other two converters can be disabled, while

0.4V rail will supply the Vpp with higher ripple.
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Figure 4-23 Transient behavior of the converter

Hysteresis of the comparator is also important in determining the peak inductor current, which is
important in determining the overall efficiency of the converter, particularly at light load condition.
At higher value of inductor current, conduction loss increases, thus decreasing the efficiency, while,
at lower value, the switching loss reduces the efficiency. We control the inductor current through
the hysteresis in the comparator. At high load condition, the losses are governed by the load current,
as the converter operates in continuous conduction mode. The comparator and the output capacitor
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are also important for the transient behavior of the converter. Figure 4-23 (b) shows the condition
when output load changes from 100pA to 10mA in 10ns. It shows that the converter can continue
to regulate even for a fast change in load condition. However, owing to the small size of the output
capacitor, a very sharp change in output load to high load, such as 40-50mA, can result in overshoot
or undershoot at the output rail. The converter needs a few s to recover under such conditions.
This happens because the converter goes from DCM to CCM in a very short time, which can result
in higher inductor current build- up and can cause higher ripple. However, if the load changes

slowly, then higher ripple is not seen on the rail.
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Figure 4-24 Low Side control Scheme

Figure 4-24 shows the low side (LS) control of an individual controller. The low side control is
implemented to keep the LS switch on for a fixed time. For the rest of the time, LS conducts as a
diode. The LS switch is implemented with an Lyt device. As a result, the diode doesn’t contribute
significant loss. A conventional scheme for LS control implements a zero detection comparator.
For light load condition and lower inductor current, as in the current implementation, the
performance required for zero detect comparator is very high. For higher performance, static

current in the comparator becomes higher, which adds significant overhead on the DC power
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consumption of the converter. The scheme to implement fixed delay turn on time for LS eliminates

this overhead with a smaller penalty in efficiency.
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Figure 4-25 Digital control logic of SIMO controller

Figure 4-25 shows the simplified circuit diagram of the SIMO controller. The HS control is enabled
when any one of the three comparator outputs goes high. At this time LS is disabled. Once HS is
disabled, LS turns on for a given pulse width, as shown in Figure 10. Switches S1-S3 are the SIMO
switches for 0.9V, 0.7V, and 0.4V rails redrawn here from Figure 4-17. The priority selection
selects between c1 and c2 and correspondingly S1 and S2. For example, if 0.7V rail has higher
priority, then c2 gets connected to p1 and c1 to p2. Similarly, b1 gets connected to S2 and b2 gets

connected to S1. Only one switch out of S1, S2, and S3 is turned on at a given time. Priority
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selection plays a role in selecting a particular switch. If more than one rail is below its Thyo, then
the switch corresponding to the rail with higher priority is turned on. We assign higher priority to
the rail with a higher load. This design is well-suited to the PDVS system. If one rail is heavily
loaded, then other rails are going to be lightly loaded in PDVS. Also, since load information is

well known in PDVS (through the header switch connection), priority can be assigned correctly.

In this scheme, the rail with higher load gets serviced first, which prevents it from having higher
ripple. The rail with lower load discharges slowly and can be serviced in the meantime. The
proposed circuit can see higher cross regulation in the case where difference in load becomes too
large among rails. This happens in the CCM mode of operation. If one rail is heavily loaded with
(40-50mA), while other rail is lightly loaded at (~10-100pA), then the lightly loaded rail can
charge up because of the higher current present in the inductor. Several methods have been
proposed to overcome this problem. One of the methods is to short both terminals of the inductor,
which results in energy loss. We dump the extra current on the 0.4V rail, which has the least
priority. In the event that voltage goes higher, a clamp can be used to control the voltage at 0.4V

rail.

Control of Ripple through PDVS

Figure 4-26 shows the distribution of load current for different scenarios. It shows the cases when
most of the cores are connected to 0.9V and 0.7V, respectively. It provides an insight that, if one
Vop rail is heavily loaded (case when most of the cores are connected to that Vpp), the other Vbp

rails are lightly loaded. This is a unique characteristic of PDVS which can be used to the advantage
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of SIMO converter design. This feature can be used to address the issue of cross-regulation in

SIMO converters. Cross-regulation arises in SIMO converters usually operating in
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Figure 4-26 PDVS load conditions when most of the cores are connected to one supply

CCM, when the changes in load current of one of the output voltage rails result in the change of
output voltage of another rail. This happens largely because of the load transients on voltage rails

in a system. Often, SIMO converters are over-designed to address the worst case load transients to
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address cross-regulation. The well-defined loading configurations in a system implementing
PDVS, the load transients, are well known in advance. It is also well known which of the three
rails is going to be heavily loaded and which is lightly loaded at any point in time. This information
can be easily obtained by scrutinizing the number of cores (or type of cores) getting connected to
a given rail at a given time. Since the information is already known or needed to configure the
header switches in PDVS (Figure 4-16). We use this information in our SIMO converter design to
set the priority of the switching rails. For example, if a SIMO is designed to provide 0.9V, 0.7V
and 0.4V rails, and 0.9V rail is heavily loaded, then the 0.9V rail is set on the priority. This way,
the 0.9V rail is regulated first and then the 0.7V and 0.4V. If loading information is not well-
known, priority cannot be set correctly and higher cross-regulation can be seen on the rails. In
order to maintain the rails within the specified error, often higher values of capacitors are used,
with value in pF range. This design proposes new circuit methods, in conjunction with the PDVS,
to significantly lower the value of the decoupling capacitor. The capacitor used in the proposed

SIMO are 2.1nF for 0.4V, and 4.3nF for 0.7V and 0.9V Vpp rails.

4.2.1 Prototype Implementation and Results

In PDVS, the abrupt change of load due to DV'S control is deterministic. If most of the cores switch
to 0.7V from 0.9V, the PDVS controller will indicate this to the SIMO converter, which will
prioritize the 0.7V rail. The feed-forward information can be used to dynamically reassign the
priority that controls cross-regulation due to abrupt load transition. This eliminates complex
feedback schemes that will also reduce efficiency at light load conditions. Figure 4-27 shows the
measured ripple on the 0.7V and 0.9V rails with and without our DVS priority scheme. The ripple

on the 0.9V supply, due to our priority scheme, reduces by 30mV in measurements. Figure 4-27
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shows the steady state outputs of the SIMO at high and moderate loads. When the SIMO supplies
10mA on 0.9V, 1mA on 0.7V, and 1mA on 0.4V, the efficiency is 86%, with measured ripple of
40mV. The measured gate leakage of the 0.9V and 0.7V decap was 5pA and 1pA at room

temperature.
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Figure 4-27 Measured outputs of the SIMO. During different load switches at constant total load
of 10 mA, compensating PDV'S changes with rail priority adjustments reduces ripple by 30 mV.
High load efficiency is 86%, and low load efficiency is 62%.

Figure 4-28 shows the measured efficiency of the converter in various configurations. The peak

efficiency for the standalone 0.9V converter is 88% at 10 mA, and with the low voltage comparator,
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the efficiency of the standalone 0.4V converter was 60% at 100pA and 68% at 1mA (vs. 33% for

ideal LDO) over 23% better than the switched capacitor converter reported in [104]
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Figure 4-28 Measured efficiency plots for different configurations

Table 4-1 shows the comparison of the proposed work with prior low load SIMO and on-chip
converters. The proposed design is a first integrated SIMO design with 1uH external inductor. The

measurement result shows that proposed design achieves a peak efficiency of 86% with a

maximum ripple of 40mV.
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Table 4-1 Comparison with prior art for low load converters. This design supports 3 outputs at
lower voltage and load than any prior SIMO with comparable efficiency and ripple but no off-
chip capacitors.

This work [103] [101] [104]
Technology 65nm 65nm 250nm 45nm
SIMO
Topology SIMO buck SIMO buck Switched Capacitor
buck/boost
# Outputs 3 5 4 1
Vin (V) 1.0-11 3.4-4.3 1.8-2.2 1.8
2.8,2.5,1.8, 2.25, 2.0,
Vour (V) 0.9,0.7,0.4 1.0-0.8
15,1.2 1.35,1.25
0.9V: 10mA-10uA <230mA per 100mA-
Target ILoap ) i 8mA-100pA
0.7V: 10mA-10pA output ~20mA
0.4V: 1mA-1pA
Efficiency @ 86% @ [10mA, 83.1% @ 90% @ high | 69% @ 1V, 5mA
load 1mA, 1mA] 75mA/out 80% @ low | 66% @0.9V, 5mA
Max Ripple 40mV 40mV 22mV 50mA
Caps On Chip Off-chip Off-chip On Chip
Area (mm?) 2 (0.03 w/o caps) 1.86 18x21 0.16
Inductor 1pH 2.2uH 10pH NA

Figure 4-29 shows the implementation of the proposed with on-chip decaps. The capacitors for the
design are implemented using nMos capacitors. The value of the capacitance is 4.3nF for 0.9V and
0.7V rails and 2.3nF for 0.4V rail. The capacitance contributes to ~1A of standby current, because
of the gate oxide leakage. The total area of the converter is 2mm?. The area of the control circuits

is 0.03mm?.
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Figure 4-29 Die microphotograph of the SIMO chip and performance summary

We proposed a SIMO DC-DC converter design for the PDVS system that can support a peak load
of 50mA on the 0.9V and 0.7V rails, and 10mA on the 0.4V supply. To reduce system level volume
and cost, we integrate two 4.3nF (0.9, 0.7V) and one 2.1nF (0.4V) poly-Nwell decaps on-chip. The
PDVS load circuit uses multiple header switches to select each local core Vpp from a discrete set
of global Vpp rails, depending on the local workload, which allows Vpp switching times near 1ns

[2]. The PDVS controller shares connection information with the SIMO controller, allowing it to
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set the priority of switching for the given rails. In this implementation, the highest priority is given
either to 0.7V or 0.9V, since they will see a higher load than the 0.4V sub-threshold rail, unless
their loads are power gated. The 0.4V supply can be used for operations during idle mode, in which
case it will be lightly loaded, with the other rails potentially off. We have a lower static current
mode for 0.4V rail. The proposed topology gives 86% peak efficiency over a wide range while

using on-chip decap. It provides a low cost, highly efficient implementation for PDVS.

4.3 Conclusions

A model has been presented that can accurately capture the behavior of inductor based DC-DC
converters in a dynamic environment. The converter model has been validated and compared with
measured results from a variety of DC-DC converter topologies in existing literature. We used this
model to study block level power management techniques for a SoC by incorporating it into a
higher level model of the multiple block system. The system model predicts that there is a break-
even time before the benefit of voltage scaling becomes positive, and our proposed modeling
framework provides a quantitative means for comparing multiple power management techniques
in a given use case scenario. Further, we proposed a SIMO DC-DC converter design for the PDVS
system that can support a peak load of 50mA on the 0.9V and 0.7V rails, and 10mA on the 0.4V
supply. To reduce system level volume and cost, we integrated two 4.3nF (0.9, 0.7V) and one
2.1nF (0.4V) poly-Nwell decaps on-chip. The proposed topology gives 86% peak efficiency over
a wide range, while using on-chip decap. It provides a low cost, highly efficient implementation

for PDVS.
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Chapter 5

Conclusions

ULP SoCs, such as BSNs, WSNs, or l0Ts, are used for sensing activities, our health, and the
environment. These miniaturized nodes are responsible for sensing data periodically, processing
it, and communicating through RF. The information about our environment, health, home, etc. can
significantly improve the way we live. The sensor nodes can be used for many sensing applications
—measuring and reporting everything from the flow of crude oil in a remote pipeline, to the degree
of corrosion in a steel bridge, to EKG, EEG and EMG signals of a home health patient. These
devices require small size and must consume extremely low power to be able to operate from
harvested energy for their longer lifespan. Significant progress has been made over the last few
years. However, there is a need to improve the operating lifetime of these systems, for their
extensive deployment in the environment. This dissertation successfully improves the lifetime of
the system by increasing the amount of harvested energy, reducing the losses in voltage conversion,
reducing the operating voltage, and reducing the standby power consumption. Further, a modeling
framework to enable accurate power management, and integrated on-chip implementation of the

PDVS power management technique are also presented.

5.1 Impact of contributions on system life-time

This dissertation improves the lifetime of the system by increasing the amount of harvested energy,

reducing the losses in voltage conversion, reducing the operating voltage, and reducing the standby
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power consumption. Figure 5-1 shows the performance of the harvesting solution and low voltage
operation compared with the state-of-the-art system [1]. The proposed solution starts operation at
0.8V compared to 1.35V in [1]. Therefore, the energy needed to start the system for BSN SoC [1]
is 9.11uJ and 3.2pJ for the proposed EHM solutions, using a storage capacitor of 10uF. The

proposed solution lowers the amount of energy needed to start the system by ~3X.

50pW n=38%
Ambient Energy Harvester
Source sy
Veap Startsat
10uF —— 135V

a) Energy Harvesting and operation of BSN SoC [1]

50uWwW N=72%
Ambient
Source Energy Harvester
Vcap Starts at
10uF —— 0.8V

b) Energy Harvesting and operation with proposed Solution

Figure 5-1 Energy System level performance impact of the proposed EHM Solution

Further, both systems will have to start from zero energy level in a harvesting environment;
therefore, system start-up time is another key metric. This is the time the system needs to achieve
the operating voltage after ambient sources have available energy. The system start-up happens
after cold start-up of 600mV for both systems. However, the BSN SoC [1] needs to achieve a start-
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up voltage of 1.35V to start operating, compared to 0.8V in the proposed system. Further, the
harvesting efficiency is 72% in the proposed system, compared to 38% in BSN SoC [1]. The
system start-up time for BSN SoC comes out to be 384ms, compared to 20ms for the proposed
system, thus lowering the system start-up time by ~20X. Therefore, the proposed solution reduces

the start-up energy for the system by 3X and start-up time by 20X.

TX
(0.14pA)

TX DC: 0.013%

Figure 5-2 Current Consumption break-down of a BSN SoC [86] while performing ECG

Figure 5-2 shows the current consumption of various blocks in a BSN SoC [86]. The proposed
solution reduces the power consumption of various blocks in the system. It reduces the power
consumption of the clock source from 2.7uW to 1nW. The power consumption of supply
regulation is brought down from 4puW to 0.5uW. Further, not included in this dissertation, the
author has also proposed an ADC operating at 100nW. These contributions can bring the power
consumption of the system to ~8uW. Now supposing the system is powered to 1.5V in both the
cases and the harvesting source is cut-off. The time for the system to shut down is 112ms for the
BSN SoC in [1], while using the proposed solution the system can be kept on for 1s, increasing

the power down time for the system by 9X. The contributions help in reducing the start-up by 20X
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and operational time by 9X for a system which is operating all the time. Figure 5-3 summarizes

the results.

Lifetime comparison of proposed solution with BSN chip [1]
12

10 AN
P
3X 20X
9X
o — e
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Figure 5-3 Lifetime improvement by proposed solution. The system start-up energy is reduced
by 3X, start-up time by 20X and operational time is increased by 9X
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Figure 5-4 Performance and power consumption of BSN SoC [1] and the proposed solutions
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We showed the benefits from the proposed solution in a particular application. Now, a more
general study of the improvement is presented. Figure 5-4 shows a system with power management
and clock sources separated from the system. Both the clock source and power management circuit
consume standby power, and they are always on. The power is delivered from the Vcap through
power management circuits with efficiency given by n. For the BSN chip [1], the power
management circuit consumes 3uA current, while the clock source consumes 2pA current. The
proposed solution reduces this power consumption to 0.3pA and 2nA respectively. A more general
characteristic of the system can be obtained by varying the current for processing and
communication blocks. These blocks are usually duty-cycled to save power. Therefore, a wider
picture of the benefits from the proposed solution can be obtained by sweeping the average load

current I, of processing and communication blocks.
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Figure 5-5 Operational lifetime improvement in ULP systems by using proposed contributions
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Figure 5-5 shows the improvement in the operational lifespan of a BSN chip using the proposed
solution. A 4X improvement in lifespan is achieved, using the proposed solution for cases when
the system consumes higher power (mA). The 4X benefit is achieved through more efficient DC-
DC converters and by enabling lower voltage operation for the system. The lifespan is increased
by over 70X when the system consumes low power. At low power conditions, the lifespan is
determined by power consumption of blocks that are always on. These are clock sources, and
bandgap reference. The improved designs for clock sources, bandgap references, etc. presented in
this dissertation, reduce the power consumption significantly. Further, lower voltage application
also provides more energy for sustaining the operation for a longer time. These benefits are shown
assuming the same amount of energy is harvested in both systems. However, our energy harvesting
solution is more efficient and harvests from very low voltages, as well, which will increase the

amount of harvested energy to further improve the lifetime.

5.2 Summary of Contributions

The solutions proposed in the dissertation improves the lifetime of the system by increasing the
amount of harvested energy, reducing the losses in voltage conversion, reducing the operating
voltage, and reducing the standby power consumption. The following contributions are made to

achieve higher life-time for ULP systems.

e A stable on-chip clock source which can lock to a given clock frequency, a locking scheme
to lock the clock source and ultra-low power on-chip clock sources to reduce the idle mode

or standby.
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A ULP crystal oscillator circuit as an alternative clocking solution, with off-chip
component with lower power and higher stability.

A low power, high efficiency energy harvester that can harvest from 10mV ambient source
to increase the amount of harvested energy.

A low power, low voltage bandgap reference for energy harvesting and power management,
to reduce the idle mode power consumption and enable low voltage operation.

A single inductor, multiple output buck-boost converter, which enables high efficiency
circuits as well as low voltage operation.

A single inductor, multiple output energy harvesting and power management solution to
harvest from low power solar cells to enable high efficiency, low cost, integrated harvesting
and power management system.

A model which accurately establishes the benefits of power management techniques for
ULP SoCs in the presence of voltage regulators, to enable design time choices for
regulators and power management techniques.

Single Inductor Multiple output Voltage regulators with on-chip decoupling capacitors to

implement panoptic dynamic voltage scaling technique.

While not included in this dissertation, the author also made the following contributions
for overall improvement in the ultra-low power system design.

o Aclock and data recovery (CDR) circuit for the RF interface of BSN;

o A low power interconnect circuit operational from 0.3V to reduce the interconnect
power consumption;

o An ultra-low power analog to digital converter for ECG, EKG applications;
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o Design and system level improvements and options for inter-chip communication
between ULP ICs;

o Modeling techniques to assess circuit and system reliability;

o Circuit technique to improve the start-up time of a crystal oscillator by an order of

magnitude.

5.2 Conclusions and Open Problems

The work that this dissertation describes improves the operational lifespan of ULP systems. The
energy harvesting and power management circuits, voltage reference circuits, clock sources,
PDVS SIMO DC-DC, overcome several challenges for increasing the lifespan of ULP systems.
This section offers the key lessons from each of these areas and discusses opportunities for future

work.

The ULP on-chip clock source provides a method for implementing a low power, stable, on-chip
clock. However, the solution presents opportunity for improvements. For example, power
consumption can be reduced significantly by reducing the power consumption of an
uncompensated clock. A design effort is already underway to reduce this power. The proposed
locking scheme locks only within the jitter at the input clock. Therefore, there is an opportunity to
improve the locking scheme by implementing the lock through a PLL kind of architecture, to
eliminate interference from noise. Further, the crystal oscillator power can potentially be reduced
further if the swing of the oscillation is reduced to 100mV or lower. Even lower power

consumption can further improve the system lifespan.
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The energy harvesting solution provides an efficient means to harvest from low power, low voltage
sources. However, a key improvement needed in this area is the ability to cold start circuit
operational from very low voltages. These systems currently need an external source for wake-up,
which comes in the form of RF kick-start or mechanical switch or transformers. There is a need
for cold-start circuits that can operate from even lower voltages, as well as be small in shape and
sizes. Further, the maximum power point tracking scheme needs external components, and it is
based on predicted system behavior. Often, the MPP point can vary from its predicted point and a
more robust maximum power tracking solution can further improve the system performance. Cost

of the MPP circuit can also be reduced by reducing the external components.

The single inductor, multiple output solutions presented in this dissertation provide a low cost
means for achieving higher efficiency. The solution can support current loads of up to 30mA,
which caters to low power applications. However, even wider applications can be targeted by
increasing the load current consumption to a few 100mA. A nice improvement over proposed
designs will be SIMO for ULP systems that can support a few 100mA. The PDVS SIMO can be

improved further by improving the transient behavior at fast load transients.
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Appendix A: List of Acronyms

ADC

AFE

BOM

BSN

CCM

CDR

CMOS

CPU

CTAT

DC

DCCLK

DCM

DCO

DLL

DVFS

DVS

ECG

EEG

EHM

EKG

emf

Analog to Digital Converter

Analog Front End

Bill of Material

Body Sensor Node

Continuous Conduction Mode

Clock Data Recovery

Complementary Metal Oxide Semiconductor
Central Processing Unit

Complementary to Absolute Temperature
Direct Current

Duty-Cycled Clock

Discontinuous Conduction Mode

Digitally Controlled Oscillator

Delay Locked Loop

Dynamic Voltage and Frequency Scaling
Dynamic Voltage Scaling
Electrocardiogram

Electroencephalogram

Energy Harvesting and Power Management
Electrocardiogram

electromotive force
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EMG Electromyogram

ESR Effective Series Resistance
HS High Side

IC Integrated Circuits

10 Input Output

loT Internet of Things

LVt Low Threshold Voltage

LS Low Side

LDO Low Drop Out

MIM Metal Insulator Metal

MPP Maximum Power Point

MPPT  Maximum Power Point Tracking
nMOS  n-type Metal Oxide Semiconductor
Osccmp  Compensated Oscillator

Oscrer  Reference Oscillator

Oscucmp Uncompensated Oscillator

PDVS  Panoptic Dynamic Voltage Scaling
PFM Pulse Frequency Modulation
pMOS  p-type Metal Oxide Semiconductor
PTAT  Proportional to Absolute Temperature
PV Photo Voltaic (Solar Cell)

PWM  Pulse Width Modulation

RF Radio Frequency
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RLC

RMS

RTC

SAR

SIMO

SoC

TDM

TEG

UDVS

ULP

WSN

XTAL

Resistor Inductor Capacitor
Root Mean Square

Real Time Clock

Successive Approximation Register
Single Inductor Multiple Output
System on Chip

Time Division Multiplexing
Thermo Electric Generator
Ultra Dynamic Voltage Scaling
Ultra Low Power

Wireless Sensor Node

Crystal
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Appendix B: Efficiency Dependence of

DC-DC on Peak Inductor Current

-+
€ lp
g
5
(]
Switching Loss E
| T - —
Bias
Generator Control Vo
Scheme
Vo | | Dead e
Time 9
Static Loss

Associated Loss like static, switching or
conduction lossin a DC DC converter isa
function of operating condition

Figure A. 1 Losses in DC-DC converter

We presented methods to control the peak inductor current (lp) in Chapter 3 for the buck and
the boost converter designs. In this section we present the analytical reasons for controlling and
maintaining a peak inductor current in DC-DC converter designs. The control of the peak current
of the inductor is central to the maximization of the efficiency in a DC-DC converter. To
understand the impact of peak inductor current on the efficiency of the DC-DC converter, we have
to understand the losses in the DC-DC converter. In a DC-DC converter design, a control circuit
is used for voltage regulation and for other control mechanisms. The control circuit usually
contains analog circuits which consume static or bias currents for their operation. The energy
overhead of the control circuits constitutes the Static losses in a DC-DC converter. This loss will

be a constant for a given Vi and Vo combination. We denote the static energy loss as Est. The
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control circuit continuously switches transistors MP and MN of Figure A.1 to charge the inductor.
There is an energy overhead in switching the circuits and the transistors. This overhead is called
switching loss. This loss is also a constant for a given Vi and Vo combination. We denote the
switching loss as Esw. Finally, the third component of losses inside the DC-DC converter is called
the conduction loss (Ecn) and it occurs in the switches MP and MN and the parasitic resistance of
the inductor and capacitor. The switch MP is turned on for a set time which charges the inductor
to a peak current (Ip). The conduction loss is a function of the peak current. The total energy
transferred in one switching cycle is also a function of Ip. Therefore, value of Ip plays a great role
in the overall efficiency. The analytical analysis that follows explains the dependence of efficiency
of a DC-DC converter on Ip. The total loss in one switching cycle of a DC-DC converter can be

written as the sum of static, switching and conduction loss. Therefore,

E, = Esr+Esw+Ecy (A1)

EL == a+ECN (A2)

Where a is the constant for the sum of switching and static loss. If the energy transferred in each
cycle is given by Er, then the percentage loss is given by,

EL a+ECN
=—= A3

nL

A switching cycle in DC-DC converter involves charging the inductor to Ip and then transferring
the stored energy in the inductor to the load. Assuming that the losses involved in charging the
inductor is very small compared to the energy stored in it, the total energy transferred from source

voltage Vi to output load can be approximately given by,

E; = 0.5LI52 (A.4)

182



Now we will try to find out the conduction loss in terms of Ip.

Ind. current
v

Figure A. 2 High side conduction

The switching cycle involves two conduction cycles, high side (HS) and low side (LS) switching
as explained in Chapter 3. Both HS and LS switching involves conduction loss. Let us say that the
total resistance shown in the HS conduction is given by Ru. Assuming that the inductor charges
from 0 to Ip current in high side turn on time Tus. Therefore, total conduction loss in high side

switching can be written as,

Tus
ECN,H - f iz RH dt (A5)
0

Also, the inductor charging is given by,

di Ldi
= (Vi-— = = A.6
Ldt (Vi—Vo) =>dt Vo (A.6)
Putting it in equation (A.5) we get,
P 2R, Ldi
E = —_— A7
v = | e (A7)
Therefore,
LRylp” (A.8)

Ecnpg = ———
CNH ™ 3(Vi— Vo)
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Similarly, the low side conduction loss can also be obtained. Figure A. 3 shows the case when

inductor current discharges.

Ind. current

7
Figure A. 3 Low side loss
Total conduction loss in high side switching can be written as,
Tis
ECN,L - j iz RL dt (Ag)
0
The inductor discharge rate will be given by,
di Ldi
- = Vo=>dt - (A.10)
Therefore,
P JO i?R;, Ldi AL
P
Therefore,
o LRyI3 (A12)
CNE™ 30
Total conduction loss is given by,
L/ Ry L\, 3 3
E —E | —=)1,3 = bl A.13
cn = EcnutEcen 3 (Vi Vo + Vo) P P (A.13)
Where b is given by g (% + %) Therefore, total loss using equation (A.2) is given by,
EL =a + bIP3 (A14)
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Therefore total percentage loss is given by,

E bl,3
=k 210% (A.15)
Er  0.5LIp
Therefore,
a bl
un (A.16)

= +
0.5LIp* 0.5L
The expression in equation (A.16) increases at both high and low values of Ip. The minimum loss

is given by,

an, 4a+2b A 17
dly,  LI,° L AL

The Ip value for minimum loss is given by,

Ip (A.18)

Therefore a minimum loss or the maximum efficiency of the DC-DC converter is given by the
peak inductor current Ip given by equation (A.18). The given analytical expression proves the need

for maintaining a constant peak inductor current.
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[AS1] A. Shrivastava, and B. H. Calhoun, “A 50nW, 100kbps Clock/Data Recovery Circuit in
an FSK RF Receiver on a Body Sensor Node” VLSI Design Conference. Jan. 2013.
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2013.
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187



[AS18] A. Shrivastava, Y. Ramadass, and S. Bartling, “Single Inductor Energy Harvesting and
Management Interface System and Method” US Patent application

[AS19] A. Shrivastava, and B. H Calhoun, “Single Inductor Multiple Output (SIMO) Step-down
DC-DC Converter for Ultra Low Power SOCs” US Patent application 61/700979

[AS20] A. Shrivastava, and B. H. Calhoun. US Patent Application 61/698,534. “On-Chip Clock
Source for Ultra Low Power SoCs”

[AS21] A. Shrivastava, et al, US Patent 8120439 “A Fast Start-up Crystal Oscillator”

[AS22] A. Shrivastava, and B. H. Calhoun. US Patent Application. “Ultra-Low Power crystal

oscillator circuit”

188



Bibliography

[1] F. Zhang, et. al, “A Battery-less 19uW MICS/ISM-Band Energy Harvesting Body Area Sensor
Node SoC ”, IEEE International Solid State Circuits Conference, 2012

[2] M. A. Hanson, H. C. Powell Jr, A. T. Barth, K. Ringgenberg, B. H. Calhoun, J. H. Aylor, and
J. Lach, "Body Area Sensor Networks: Challenges and Opportunities”, Computer, vol. 42, no.
1: IEEE Computer Society Press Los Alamitos, CA, USA, pp. 58-65, 1/2009

[3] B. H. Calhoun, S. Khanna, J. Ryan, and B. Otis, “System design principles combining sub-
threshold circuit and architectures with energy scavenging mechanisms,” IEEE International
Symposium on Circuits and Systems, 2010

[4] B. H. Calhoun, A. Wang, and A. P. Chandrakasan, “Modeling and sizing for minimum energy
operation in subthreshold circuits,” IEEE Journal of Solid-State Circuits, Sept. 2005

[5] X. Huang, A. Ba, G. Dolmans, H. de Groot, J. Long, “A 915MHz 120uW-RX/900uW-TX
envelope-detection transceiver with 20dB in-band interference tolerance,” IEEE International
Solid-State Circuits Conference, 2012

[6] Jagdish Pandey, Jianlei Shi, Brian Otis, “A 120uW MICS/ISM-Band FSK Receiver with a
44uW Low-Power Mode Based on Injection-Locking and 9x Frequency Multiplication,” IEEE
International Solid State Circuits Conference , 2011

[7] A. Wang, and A. Chandrakasan, “A 180-mV Subthreshold FFT Processor Using a Minimum

Energy Design Methodology” IEEE Journal on Solid State Circuit, Jan. 2005

[8] Y.-S. Lin, D. Sylvester, and D. Blaauw, “A Sub-pW Timer Using Gate Leakage for Ultra

Low-Power Sub-Hz Monitoring Systems,” IEEE Custom Integrated Circuits Conference, 2007

189



[9] Y.-S. Lin, D. Sylvester, and D. Blaauw, “A 150pW program-and-hold timer for ultra-low-
power sensor platforms” IEEE International Solid State Circuits Conference, 2009

[10] Y. Lee, B. Giridhar, Z. Foo, D. Sylvester, D. Blaauw, “A 660pW Multi-stage Temperature
Compensated Timer for Ultra-low Power Wireless Sensor Node Synchronization”, IEEE
International Solid State Circuits Conference, 2011.

[11] Y. Tokuyanga, S. Sakiyama, A. Matsumoto, S. Dosho, “An On-chip CMOS Relaxation
Oscillator with Voltage Averaging Feedback,” IEEE Journal on Solid State Circuit, June 2010.

[12] K. Wong, and D. Evans, “A 150mA Low Noise, High PSRR Low-Dropout Linear regulator
in 0.13um Technology for RF SoC Applications,” IEEE European Solid State Circuits
Conference, 2006.

[13] D. Yoon, D. Sylvester, and D. Blaauw, “ A 5.58nW 32.768kHz DLL-Assisted XO for Real-

Time Clocks in Wireless Sensing Applications” IEEE International Solid State Circuits

Conference, 2012

[14] E. Vittoz, and J. Fellarath, “CMOS Analog Integrated Circuits Based on Weak Inversion

Operations,” IEEE Journal of Solid State Circuits, vol.12 no. 3 pp 224-231 Jun. 1977

[15] W. Thommen, “An improved Low Power Crystal Oscillator,” IEEE European Solid State
Circuits Conference, 1999

[16] Hector Ivan Oporta, "An Ultra-low Power Frequency Reference for Timekeeping
Applications," Master’s Thesis, Oregon State University, December, 2008

[17] D. Lanfranchi, E. Dijkstra and D. Aebischer, “ A Microprocessor-Based Analog Wristwatch

Chip with 3 seconds/year Accuracy,” IEEE International Solid State Circuits Conference, 1994

190



[18] D. Aebischer, H. J. Oguey, and V.R. Von Kaenel, “ A 2.1Mhz Crystal Oscillator Time Base
with a Current Consumption under 500nA, ” IEEE European Solid State Circuits Conference,
1996

[19] A. Shrivastava, R. Yadav, and P. K. Rana , “Fast Start-up Crystal Oscillator” US Patent
8120439.

[20] S. M. Chen, T. J. Liang, and K. R. Hu, “Design, Analysis, and Implementation of Solar Power
Optimizer for DC Distribution System,” IEEE Transactions on Power Electronics, April 2013

[21] R. C. N. Pilawa-Podgurski, and D. J. Perrault, “Submodule Integrated Distributed Maximum
Power Point Tracking for Solar Photovoltaic Applications,” IEEE Transactions on Power
Electroncis, June 2013

[22] A. K. Abdelsalam, A. M. Massoud, S. Ahmed, and P. Enjeti, “High-Performance Adaptive
Perturb and Observe MPPT Technique for Photovoltaic-Based Microgrids,” IEEE
Transactions on Power Electronics, April 2011

[23] Y. Lee, S. Bang, 1. Lee, Y. Kim, G. Kim, M. H. Ghaed, P. Dutta, and D. Blaauw, “A Modular
1 mm3 Die-Stacked Sensing Platform With Low Power 1°C Inter-Die Communication and
Multi-Modal Energy Harvesting,” IEEE Journal of Solid State Circuits, Jan. 2013

[24] M. Fojtik, D. Kim, G. Chen, Y-S. Lin, D. Fick, J. Park, M. Seok, M-T. Chen, Z. Foo, D.
Blaauw, and D. Sylvester, “A Millimeter-Scale Energy-Autonomous Sensor System With
Stacked Battery and Solar Cells,” IEEE Journal of Solid-State Circuits, March 2013

[25] Y. Nakase, S. Hirose, H. Onoda, Y. Ido, Y. Shimizu, T. Oishi, T. Kumamoto, and T. Shimizu,
“0.5 V Start-Up 87% Efficiency 0.75 mm?2 On-Chip Feed-Forward Single-Inductor Dual-
Output (SIDO) Boost DC-DC Converter for Battery and Solar Cell Operation Sensor Network

Micro-Computer Integration,” IEEE Journal of Solid State Circuits, Aug. 2013

191



[26] S. Roundy, P. Wright, and J. Rabaey, “Energy Scavenging for Wireless Sensor Networks with
Special Focus on Vibrations,” Kluwer Academic Press, 2003

[27] N. J. Guilar, R. Amritharajah, and P. J Hurst, “A Full-Wave Rectifier With Integrated Peak
Selection for Multiple Electrode Piezoelectric Energy Harvesters,” IEEE Journal of Solid State
Circuits, Jan. 2009

[28] T. Hehn, F. Hagedom, D. Maurath, D. Marinkovic L. Kuehne, A. Frey, and Y. Manoli, “A
Fully Autonomous Integrated Interface Circuit for Piezoelectric Harvesters,” IEEE Journal of
Solid State Circuit, Sep. 2012

[29] Y. K. Ramadass, and A. P. Chandrakasan, “An Efficient Piezoelectric Energy Harvesting
Interface Circuit Using a Bias-Flip Rectifier and Shared Inductor,” IEEE Journal of Solid State
Circuits, Jan. 2010

[30] J. Masuch, M. Delgado-Restituto, D. Milosevic, and P. Baltus, “Co-Integration of an RF
Energy Harvester Into a 2.4Ghz Transceiver,” IEEE Journal of Solid State Circuits, July 2013

[31] G. Papotto, F. Carrara, and G. Palmisano, “A 90nm CMOS Threshold-Compensated RF
Energy Harvester,” IEEE Journal of Solid State Circuits, Sept. 2011

[32] G. Papotto, F. Carrara, A. Finocchiaro, and G. Palmisano, “A 90nm CMOS 5-Mbps Crystal-
Less RF-Powered Transceiver for Wireless Sensor Networks,” IEEE Journal of Solid State
Circuits, Feb. 2014

[33] T. Becker, M. Kluge, J. Schalk, T. Otterpohl, and U. Hillerigmann, “Power Management for
Thermal Energy Harvesting in aircrafts,” IEEE Sensors, Oct. 2008

[34] J. Haider and J. Ghojel, “ Waste Heat Recovery from Low Power Diesel Engine using

Thermoelectric Generators,” International Conference on Thermoelectrics, 2001

192



[35] A. K. Hyder, R. L. Wiley, G. Halpret, D. J. Flood, and S. Sabripour, “Spacecraft Power
Technologies,” Imperial College Press, 2000

[36] V. Leonov, T. Torfs, P. Fiorini, and C. Van Hoof, “Thermoelectric Converters of Human
Warmth for Self-Powered Wireless Sensor Nodes,” IEEE Sensors Journal, vol. 7, no. 5, pp.
650-657, May 2007.

[37] M. Kishi, H. Nemoto, T. Hamao, Y. Yamamotto, S. Sudou, M. Mandai, and S. Yammamoto,
“Micro thermoelectric modules and their application to wristwatches as an energy source,”
International Conference on Thermoelectrics, pp. 301-307, 1999.

[38] E.J. Carlson, K. Strunz, and B.P. Otis, "A 20 mV Input Boost Converter With Efficient Digital
Control for Thermoelectric Energy Harvesting," IEEE Journal of Solid-State Circuits, vol.45,
no.4, pp.741-750, April 2010.

[39] Y. K. Ramadass and A. P. Chandrakasan, “A Battery-Less Thermoelectric Energy Harvesting
Interface Circuit with 35mV Startup Voltage,” IEEE Journal of Solid-State Circuits, vol.46,
no.1, pp.333-341, January 2011.

[40] K. Kadirvel, Y. Ramadass, U. Lyles, J. Carpenter, V. Ivanov, V. McNeil, and A.
Chandrakasan, “A 330nA Energy-Harvesting Charger with Battery Management for Solar and
Thermoelectric Energy Harvesting,” IEEE International Solid State Circuits Conference, 2012.

[41] J.P. Im, S.W. Wang, S.T. Ryu, and G.H. Cho, “A 40mV Transformer-Reuse Self-Startup
Boost Converter with MPPT Control for Thermoelectric Energy Harvesting,” IEEE Journal of
Solid-State Circuits, vol.47, no.12, pp.3055-3067, December 2013.

[42] L. E. Bell, "Cooling, Heating, Generating Power, and Recovering Waste Heat with

Thermoelectric Systems,"” Science 321, 1457 (2008).

193



[43] J. Damaschke, “Design of a low-input-voltage converter for thermoelectric generator,” IEEE
Transactions on Industry Applications, vol. 33, no. 5, pp. 1203-1207, September 1997

[44] S. Lineykin and S. Ben-Yaakov, “Modeling and Analysis of Thermoelectric Modules,” IEEE
Transactions on Industry Applications, vol. 43, no. 2, pp. 505-512, March-april 2007

[45] A. Pressman, K. Billings, and T. Morey, “Switching Power Supply Design, 3" Edition” The
McGraw-Hill Publication, 2009

[46] H.F. Pooya and G.A. Rincon-Mora, “An Accurate, Continuous, and Lossless Self-Learning
CMOS Current-Sensing Scheme for Inductor-Based DC-DC Converters,” IEEE J. Solid-
State Circuits, vol.42, no.3, pp.665-679, March 2007.

[47] P. E. Allen, and D. R. Holberg, “CMOS Analog Circuit Design,” 2" Edition, Oxford Press

[48] R. J. Wildar, “New developments in IC voltage regulators,” IEEE Journal of Solid State
Circuits, Feb. 1971

[49] K. E. Kujik, “A precision reference voltage,” IEEE Journal of Solid State circuits, June 1973

[50] A. P. Brokaw, “A simple three terminal IC Bandgap Reference,” IEEE Journal of Solid State
Circuits, Dec. 1974

[51] P. Kinget, C. Vezyrtzis, E. Chiang, B. Hung, and T.L. Li, “Voltage References for Ultra-Low
Supply Voltages,” IEEE Custom Integrated Circuits Conference, 2008

[52] M. Seok, G. Kim, D. Sylvester, and D. Blaauw, “A 0.5V 2.2pW 2-Transistor Voltage
Reference,” IEEE Custom Integrated Circuits Conference, 2009

[53] K. N. Leung, and P. K. T. Mok, “A CMOS Voltage Reference Based on Weighted AVgs for

CMOS Low-Dropout Linear Regulators,” IEEE Journal of Solid State Circuits, Jan. 2003

194



[54] H. Banba, A. Shiga, A. Umezawa, T. Miyaba, T. Tanzawa, S. Atsumi, and K. Sakui, “A
CMOS bandgap reference circuit with sub-1V operation,” IEEE Journal of Solid State Circuits,
May, 1999

[55] K. Sanborn, D. Ma, and V. Ivanov, “A sub-1V low noise Bandgap Voltage Reference,” IEEE
Journal of Solid State Circuits, Nov, 2007

[56] V. Ivanov, R. Brederlow, and J. Greber,” An Ultra Low Power Bandgap Operational from
0.75V,” IEEE Journal of Solid State Circuits, July 2012

[57] K. Ueono, T. Hirose, T. Asai, and Y. Amemiya, “A 300 nW 15 ppm/ C 20 ppm/V CMOS
voltage reference circuit consisting of subthreshold MOSFETs,” IEEE J. Solid-State Circuits,
vol. 44, pp. 2047-2054, July, 20009.

[58] P. Favrat, P. Deval, and M. J. Declercq, “A high-efficiency CMOS voltage doubler,” IEEE
Journal of Solid State Circuits, Mar. 1998

[59] A. Richelli, L. Mensi, L. Colalongo, P. L. Rolandi, Z. M. Kovacs-Vanja, “A 1.2-t0-8V
Charge-pump with improved Power Efficiency for Non-Volatile Memories,” Solid-State
Circuits Conference, 2007

[60] National Semiconductor LM78XX, Datasheet

[61] Motorola MC7812, Datasheet

[62] Texas Instruments UA7812, Datasheet

[63] G. Rincon-Mora, P. E. Allen, “A low-voltage, low quiescent current, low drop-out regulator,”
IEEE Journal of Solid-State Circuits, Jan. 1998

[64] M. Al-Shyoukh, H. Lee, and R. Perez, “A Trasient-Enhanced Low Quiescent Current Low-
Dropout Regulator with Buffer Impedance Attenuation,” IEEE Journal of Solid-State Circuits,

Aug. 2007

195



[65] D. El-Damak, S. Bandyopadhyay, A. P. Chandrakasan, “A 93% efficiency reconfigurable
switched-capacitor DC-DC converter using on-chip ferroelectric capacitors,” ISSCC 2013
[66] H-P Le, S. R. Sanders, and E. Alon, “Design Techniques for Fully Integrated Switched
Capacitor DC-DC converters,” IEEE Journal of Solid-State Circuits, Sept. 2011

[67] Y. K. Ramadass, A. A. Fayed, and A. P. Chandrakasan, “A Fully-Integrated Switched-
Capacitor Step-Down DC-DC Converter With Digital Capacitance Modulation in 45 nm
CMOS,” IEEE Journal of Solid-State Circuits, Dec. 2010

[68] D. Ma, W-H Ki, C-Y Tsui, and P.K.T Mok, “Single-inductor multiple output switching
converters with time-multiplexing control in discontinuous conduction mode,” IEEE Journal
of Solid State Circuits, Jan. 2003

[69] D. Ma, W-H Ki, and C-Y Tsui, “A pseudo-CCM/DCM SIMO switching converter with
freewheel switching,” IEEE Journal of Solid State Circuits, June 2003

[70] K. W. R Chew, S. Zhuochao, H. Tang, and L. Siek, “A 400nW single-inductor dual-input-tri-
output DC-DC buck-boost converter with maximum power point tracking for indoor
photovoltaic energy harvesting,” ISSCC 2013

[71] Y. Qiu, C. V. Liemped, B. Op het Veld, P.G Blanken, and C. V. Hoof, “SuW-10mW Input
Power Range Inductive Boost Converter for Indoor Photo Voltaic Energy Harvesting with
Integrated Maximum Power Point Tracking Algorithm,” International Solid State Circuits
Conference 2011

[72] I. Doms, P. Merken, R. Mertens, and C. V. Hoof, “Integrated Inductive Capacitive Power
Management Circuit for Thermal harvester with Output Power 10 to 1000 uW,” International

Solid State Circuits Conference, 2009

196



[73] T. Esram, and P. L. Chapman, “Comparison of Photovoltaic Array Maximum Power Point
Tracking Techniques,” IEEE Transactions on Energy Conservation, June 2007

[74] A. Shrivastava, and B. H. Calhoun, “Modeling DC-DC Converter Efficiency and Power
Management in Ultra Low Power Systems” Sub-threshold Microelectronics Conference, 2012.

[75] S. M. Martin, K. Flautner, T. Mudge, and D. Blaauw, “Combined dynamic voltage scaling
and adaptive body biasing for lower power microprocessors under dynamic workloads,”
International Conference on Computer Aided Design, 2002.

[76] V. Kursun, S. G. Narendra, K. V. De, and E. G. Friedman, “Efficiency Analysis of a High
Frequency Buck Converter for On-Chip Integration with a Dual-VDD Microprocessor,” |IEEE
European Solid State Circuits Conference, 2002

[77] Y. Choi, N. Chang, and T. Kim, “ DC-DC Converter-Aware Power Management for Low-
Power Embedded Systems,” IEEE Transactions on Computer-Aided Design of Integrated

Circuits and Systems, 2007

[78] K. Yao, M. Ye, M. Xu, and F. C. Lee, “Tapped-Inductor Buck Converter for High-Step-
Down DC-DC Conversion,” IEE Transactions on Power Electronics. 2005, 20, 775-780

[79] S. Bandyopadhyay, Y. K. Ramadass, and A. P. Chandrakasan, “20 pA to 100 mA DC-DC
Converter With 2.8-4.2 V Battery Supply for Portable Applications in 45 nm CMOS,” IEEE
Journal of Solid-State Circuits. 2011, 12, 2807-2820.

[80] W. Li, J. Xiao, Y. Zhao, and X. He, “ PWM Plus Phase Angle Shift (PPAS) Control Scheme
for Combined Multiport DC/DC Converters,” IEEE Transactions on Power Electronics, 2012,

27,1479-1489

197



[81] J. Xiao, A. V. Peterchev, J. Zhang, and S. R. Sanders, “A 4uA Quiescent-Current Dual-Mode
Digitally Controlled Buck Converter IC for Cellular Phone Applications,” IEEE Journal of
Solid-State Circuits. 2004, 12, 2342-2348.

[82] T. Kuroda, K. Suzuki, S. Mita, T. Fujita, F. Yamane, F. Sano, A. Chiba, Y.Watanabe, K.
Matsuda, T. Maeda, T. Sakurai, T. Furuyama, “Variable supply-voltage scheme for low-power
high-speed CMOS digital design,” IEEE Journal of Solid-State Circuits. 1998, 33, 454-462.

[83] Y. K. Ramadass, A. Fayed, and A. P. Chandrakasan, “ A Fully-Integrated Switched-Capacitor
Step-down DC-DC converter with digital capacitance modulation in 45nm CMOS,” IEEE
Journal of Solid-State Circuits. 2010, 45, 2557- 2565.

[84] G. Patounakis, Y. W. Li, and K. L. Shepard, “L. A fully integrated on-chip DC-DC conversion
and power management system,” IEEE Journal of Solid-State Circuits, 2004, 39, 443 - 451.

[85] C. F. Lee, and P. K. T. Mok, “A monolithic current-mode CMOS DC-DC converter with on-
chip current-sensing technique,” IEEE Journal Solid-State Circuits. 2004, 39, 3-14.

[86] Y. Zhang, F. Zhang, Y. Shakhsheer, J. Silver, A. Klinefelter, M. Nagaraju, J. Boley, J. Pandey,
A. Shrivastava, E. Carlson, A. Wood, B. H. Calhoun, and B. Otis, “A Battery-less 19uW
MICS/ISM-Band Energy Harvesting Body Sensor Node SoC for ExG Applications,” IEEE
Journal of Solid-State Circuits. 2013, 48, 199 - 213.

[87] Y. Ramadass, and A. P. Chandrakasan, “Minimum Energy Tracking Loop With Embedded
DC-DC Converter Enabling Ultra-Low-Voltage Operation Down to 250 mV in 65 nm CMOS,”
IEEE Journal Solid-State Circuits. 2008, 43, 256 - 265.

[88] Y. Shaksheer, S. Khanna, K. Craig, S. Arrabi, J. Lach, and B. H. Calhoun, “A 90nm data
flow processor demonstrating fine grained DVS for energy efficient operation from 0.25V to

1.2V,” IEEE Custom Integrated Circuits Conference 2011.

198



[89] A. Richelli, S. Comensoli, Z. M. Kovacs-Vajna, “A DC/DC Boosting Technique and Power
Management for Ultralow-Voltage Energy Harvesting Applications,” IEEE Transactions on
Industrial Electronics. 2012, 59, 2701-2708

[90] G. Bassi, L Colalongo, A. Richelli, Z. Kovacs-Vajna, “A 150mV-1.2V fully-integrated DC-
DC converter for Thermal Energy Harvesting,” International symposium on Power Electronics,
Electrical Drivers, Automation and Motion. 2012, 331-334

[91] A. Richelli, L. Colalongo, S. Tonoli, Z. M. Kovacs-Vajna, “A 0.2 VV DC/DC Boost Converter
for Power Harvesting Applications,” IEEE Transactions on Power Electronics 2009, 24, 1541-
1546

[92] B. H. Calhoun, A. Wang, and A. P. Chandraksan, “ Modeling and Sizing for Minimum Energy
Operation in Subthreshold Circuits,” IEEE Journal of Solid-State Circuits. 2005, 40, 1778-
1786

[93] T. Kuroda, K. Suzuki, S. Mita, T. Fujita, F. Yamane, F. Sano, A. Chiba,Y. Watanabe, K.
Matsuda, T. Maeda, T. Sakurai, and T. Furuyama,“Variable supply-voltage scheme for low-
ower high-speed CMOS digital design,” IEEE J. Solid-State Circuits, vol. 33, no. 3, pp. 454—
462, Mar. 1998.

[94] Y. Shakhsheer, S. Khanna, K. Craig, S. Arrabi, J. Lach, B.H. Calhoun, " A 90nm data flow
processor demonstrating fine grained DVS for energy efficient operation from 0.25V to 1.2V,"
Custom Integrated Circuits Conference, 2011

[95] A. Shrivastava, B. H. Calhoun “A DC-DC Converter Efficiency Model for System Level
Analysis in Ultra Low Power Applications” Journal on Low Power Electronics and

Applications. JLPEA 215-232

199



[96] D. Goder, H. Santo, “Multiple output regulator with time sequencing,” U.S. Patent 5 617 015,
Apr. 1, 1997

[97] M. Putic, L. Di, B. H. Calhoun, J. Lach, "Panoptic DVS: A Fine-Grained Dynamic Voltage
Scaling Framework for Energy Scalable CMOS Design," International Conference on
Computer Design, pp.491-497, 2009.

[98] V. Gutnik and A. Chandrakasan,“Embedded power supply for lowpower DSP” IEEE
Transaction on VLSI, 5(4):425-435, 1997.

[99] H.-P Le, C.-S. Chae, K.-C Lee, S.-W. Wang, G.-H Cho and G.-H. Cho,”A Single-Inductor
Switching DC-DC Converter With Five Outputs and Ordered Power-Distributive Control”,
IEEE Journal on Solid-State Circuits, vol. 42, pp. 2706-2714, Dec. 2007

[100] Y. J. Woo, H.-P. Le, G.-H Cho, G.-H Cho and S.-I Kim, “Load-Independent Control of
Switching DC-DC converters With Freewheeling Current Feedback,” IEEE Journal on Solid-
State Circuits, vol. 43, pp. 2798-2808, Dec. 2008

[101] M.-H Huang and K.-H Chen, “Single-Inductor Multi-Output (SIMO) DC-DC Converters
With High Light-Load Efficiency and Minimized Cross-Regulation for Portable Devices,”
IEEE Journal of Solid-State Circuits, vol. 44, pp. 1099-1107, April 2009

[102] C.-S. Chae, H.-P. Le, K.-C. Le, G.-H. Cho and G.-H. Cho, “ A Single-Inductor Step-up DC-
DC Switching Converter With Bipolar Outputs for Active Matrix OLED Mobile Display
Panels,” IEEE Journal of Solid-State Circuits vol. 44, pp. 509-524, Feb. 2009

[103] C-W Kuan, and H-C Lin, “Near-independently regulated 5-output single-inductor DC-DC
buck converter delivering 1.2W/mm2 in 65nm CMOS,” International Solid-State Circuits

Conference, 2012

200



[104] Y. Ramadass, A. Fayed, and A. Chandrakasan, “A Fully-Integrated Switched-Capacitor
Step-Down DC-DC Converter with Digital Capacitance Modulation in 45 nm CMOS,” JSSC,
Vol. 45, No. 12, Dec. 2010.

[105] M. Popovich, et al, “Decoupling capacitors for multi-voltage Power Distribution

Systems ...,” TVLSI, Vol. 14 No. 3 March 2006.

201



