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Techniques for Design of Compact and Efficient Digital
Doherty CMOS Power Amplifiers and Transmitters

Jay R. Sheth

(ABSTRACT)

The Sub-7 GHz spectrum (450 MHz to 7 GHz) is widely used for a variety of wireless communi-

cation networks. Over the years, the use of this spectrum has evolved heavily to support increased

connectivity and higher data-rates. Various emerging applications such as smart home connectiv-

ity, augmented reality, virtual reality, smart farming, inventory tracking, and industrial monitoring,

have led to the creation of newer networks, such as 5G cellular, Wi-Fi 6E, and Wi-Fi HaLow.

Despite the vastly different operations of these networks, all of them share a common need for

cost-effective devices with long battery life. Transmitters are one of the most important compo-

nents of a wireless device since they directly affect both of these attributes through their size and

power dissipation. Therefore, this dissertation focuses on frequency and output power scalable

design techniques to realize compact and efficient wireless transmitters.

In recent years, digitally implemented transmitter architectures have garnered a significant amount

of interest as they are amenable to scale with process nodes, and they have the potential to achieve

improved battery life while being cost-effective. However, in practice, the battery life improvement

is severely limited, as these architectures suffer from poor efficiency in output power back-off.

Further, the two well-known digital transmitter implementations, polar and quadrature, have their

own limitations. The polar implementation suffers from wide bandwidth expansion that limits

the overall data-rate of the transmitter, while the quadrature implementation exhibits degraded

efficiency due to the enormous in-phase/quadrature basis vector overlap, which further limits the

improvement to battery life.



This dissertation proposes and implements two techniques, a nested Doherty architecture

and a transformer-within-transformer Doherty architecture, to improve efficiency in deep

power back-off, while still achieving a compact form-factor to enable cost-effective transmit-

ters. In addition, a multi-phase current-mode implementation of a digital power amplifier is

also proposed and implemented to achieve higher data-rates, while also improving the over-

all efficiency, to improve the battery life of the transmitter even further. These techniques are

demonstrated using two different integrated circuit chips implemented in a general-purpose 65 nm

CMOS process:

1) A four-way asymmetric digital polar power amplifier shows an implementation of a four-way

nested Doherty architecture to achieve efficiency enhancement up to 9 dB in output power back-

off, while maintaining a compact form-factor, for IoT-type applications around 5 GHz.

2) An asymmetric current-mode eight-phase digital Doherty transmitter using a single footprint

transformer-based matching network shows an implementation of a transformer-within-transformer

Doherty architecture to achieve efficiency enhancement up to 9.5 dB output power back-off, while

also realizing a compact form-factor. Additionally, it highlights the implementation of an eight-

phase architecture to improve the efficiency profile compared to its quadrature counterpart, for

high data-rate applications around 6.5 GHz, such as WiFi 6E.

This work was supported in part by the National Science Foundation (NSF) under CAREER Grant

CCSS-1846091, and the National Ground Intelligence Center (NGIC).
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Chapter 1

Research Overview

1.1 Problem Statement and Motivation

The Sub-7 GHz spectrum (450 MHz to 7 GHz) is widely used for a variety of wireless communi-

cation networks. Over the years, the use of this spectrum has evolved heavily to support increased

connectivity and higher data-rates. For example, the first release of 4G Long-term evolution (LTE)

cellular network by the 3rd Generation Partnership Project (3GPP) in 2008 used only a limited set

of frequency bands within the 700 MHz to 2.6 GHz spectrum [1]; however, since then, the LTE

network has undergone numerous evolutions to include multiple frequency bands within the 450

MHz to 6 GHz spectrum [2]. Similarly, in 1997, IEEE 802.11 (precursor of Wi-Fi) was introduced

to operate with relatively low data-rates around 2.4 GHz, which later evolved to include spectrum

around 5 GHz as well, by the Wi-Fi Alliance [3].

To support various emerging applications such as smart home connectivity, augmented reality,

and virtual reality, the 3GPP recently introduced the 5G new radio (NR) cellular network, which

includes about 1.5 GHz of spectrum around 3 GHz, through frequency re-framing [2]. Similarly,

the Wi-Fi Alliance introduced Wi-Fi 6E to take advantage of the recently allocated 1200 MHz of

spectrum around 6.5 GHz for unlicensed use [4]. In addition, other emerging applications such as

1
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Figure 1.1: A future smart-city with wireless communication systems being used in a variety of emerging
applications such as smart farming, inventory tracking, vehicular communications, smart home connectivity,
and augmented and virtual reality.

smart farming, inventory tracking, industrial monitoring, etc. (Fig. 1.1), have an ever-increasing

need for connectivity as well, which is expected to result in an exponential growth of Internet

of Things (IoT) sensor nodes [5, 6]. In 2021, the Wi-Fi Alliance introduced the Wi-Fi HaLow

network to operate around the 915 MHz industrial, scientific, and medical (ISM) band for such

applications [7, 8].

In the future, as the demand for connectivity and data-rates increase even further, it can be assumed

that the sub-7 GHz spectrum will continue to be re-framed to support those needs. However, all of

these applications have always shared, and will continue to share, a common need for cost-effective

devices with long battery life. For example, in the world of cellular and portable devices, the pres-

sure on reducing the cost of integrated circuits to reduce the cost of products is well-known [9], and

increasing battery life is crucial to increasing the usable time of the device. Similarly, in the world

of IoT sensor nodes, with the projection of 30 billion devices being deployed worldwide by 2030,
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the cost of each device needs to be extremely low to facilitate affordable sensor networks [10]. In

addition, since it is not feasible to replace the batteries of such a large number of devices [11, 12],

every device needs to operate on energy harvesting components, and their power dissipation needs

to be sufficiently low to prevent their batteries from being depleted.

A transmitter is one of the most important components of a wireless device since it directly af-

fects both its cost and battery life. As explained later, transmitters typically contain multiple spiral

structures that occupy appreciable amounts of area, which increases the cost of the integrated cir-

cuit. Additionally, the power dissipated in a transmitter is significantly higher compared to all

other components of a wireless device, and thus determines the battery life. Therefore, this dis-

sertation focuses on frequency scalable design techniques to realize compact and efficient wireless

transmitters.

1.2 Prior Art

1.2.1 Quadrature Amplitude Modulation (QAM)

As discussed above, the sub-7 GHz spectrum is a limited resource. Therefore, most modern wire-

less communication systems aim to use spectrum efficiently by employing higher-order modula-

tion schemes to achieve high data-rates. Quadrature amplitude modulation (QAM), is one of the

most widely used modulation techniques, where data is encoded in symbols using both amplitude

and phase modulation. Such a signal can be represented on an in-phase/quadrature constellation,

where, at any given instant, the distance from the center represents the magnitude, while the angle

with respect to the in-phase axis, represents the phase. An example of a 16-QAM constellation

is shown in Fig. 1.2(a), where each orange dot represents a data symbol. Since there are a total

of 16 data symbols in the constellation, each symbol is the equivalent of transmitting log2(16), i.e

four bits of data. This technique can be extended to M-QAM, where each symbol is equivalent to

transmitting log2(M) bits of information. In general, increasing the order of such a constellation
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Figure 1.2: (a) A constellation of 16-QAM with root raised cosine filtering and (b) its corresponding time
domain waveform exhibiting high peak-to-average power ratio (PAPR).

is desired, since it increases the number of bits represented by any given symbol, and thereby in-

creases data-rate. Additionally, a root-raised cosine filter is applied to M-QAM constellations to

allow for a smooth transition from one data symbol to the next, as this helps reduce the bandwidth

of the transmitted signal and prevents corrupting the adjacent frequency channels. This smooth

transition is shown using blue “spaghetti lines” in Fig. 1.2(a). The time domain equivalent of

this filtered signal is shown in Fig. 1.2(b), and it illustrates that such a waveform exhibits a high

peak-to-average power ratio (PAPR). It is important to note that such signals can be processed and

amplified only using highly linear circuit blocks, as any non-linearity can compress the peaks of

the waveform, leading to spectrum degradation, and potentially information degradation as well.

1.2.2 Traditional Analog Quadrature Transmitter Architecture

Traditionally, an analog quadrature transmitter is used to generate and amplify the M-QAM wave-

form at radio frequency (RF). The block-level architecture of such a transmitter is shown in

Fig.1.3(a), where a digital baseband generates the respective in-phase (I) and quadrature (Q) com-

ponents, and these digital signals are then converted to their analog counterparts with a digital-to-

analog converter (DAC). Next, these signals are up-converted to RF using a local oscillator (LO)

and a mixer, and then they are summed to generate the desired waveform. The complex envelope

S of the waveform is shown in Equation (1.1). Finally, this signal is amplified using a highly linear
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Figure 1.3: A traditional analog quadrature transmitter using a quadrature mixer followed by a linear power
amplifier to transmit M-QAM waveform at RF.

power amplifier (PA) to generate the required output power (Pout).

S = I + jQ (1.1)

Although this architecture is able to transmit the desired signal, it suffers from the following:

• Poor efficiency: The PA is the most crucial component of a wireless transmitter, as it is the

most power-consuming block in the system. Therefore, designing PAs with high efficiency

is critical, since they dictate the efficiency of the entire transmitter. The efficiency of the PA

is determined by the class in which it operates, and Table 1.1 shows the theoretical maxi-

mum efficiencies of various PA classes. Since the signal needs linear amplification, higher

classes of PAs are not readily compatible with the traditional analog quadrature transmitter

architecture. This limits the maximum achievable efficiency, and therefore, the battery life

of the device.

• Large area: The PA shown in Fig. 1.3(a) is typically composed of multiple gain stages

and pre-amplifier stages to generate the desired output power. These amplifiers use match-

ing networks in-between that are composed of inductors and transformers. Such a design

significantly increases the area of the integrated circuit chip and increases the cost of the

transmitter [9].
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Table 1.1: Power Amplifier Class of Operation

Class Max. Efficiency Linearity

A 50% Linear

AB 50% to 78.5% Linear

B 78.5% Linear

C > 78.5% Linear

Pout = 0 at 100%

D and above 100% Non-linear

• Poor scalability: Since the PA is implemented in an analog fashion and has numerous in-

ductors and transformer structures, such a design is difficult to scale with process nodes.

Also, there is typically a delay in the availability of RF models in the process design kit

(pdk) compared to the digital models, which impedes the scalability of such a design [9].

1.2.3 Complementary Metal Oxide Semiconductor (CMOS) Digital Trans-

mitters

In recent years, CMOS digital transmitters have garnered a significant amount of interest as they

have the potential to overcome all of the above-mentioned limitations of their analog counter-

parts [13–19]. The key difference is replacing the traditional power amplifier with a digital power

amplifier. Instead of linearly amplifying a high PAPR waveform, a digital PA is composed of mul-

tiple bit slices (or unit cells), where the output amplitude of the PA is varied by digitally controlling

each bit slice on/off. This allows the drive signal for each unit cell to be a constant envelope signal

that does not contain any amplitude modulation information. Since amplitude compression is no

longer a concern, each unit cell can be implemented using a non-linear PA, such as Class D or

D�1, to improve efficiency. Further, unlike the analog PA, the inductors and transformers in pre-

amplifier stages can be eliminated, since these stages can be implemented using non-linear NOT



7

Amplitude 
Decoder

φ 

ρ 

Q

I

CO
RD

IC

RF Phase 
Modulator

D
ig

it
al

 B
as

eB
an

d

PSK Input QAM Output(a)

(b) (c)

Figure 1.4: (a) A digital polar transmitter using a COordinate Rotation DIgital Computer (CORDIC) block
to convert the in-phase (I) and quadrature (Q) components to amplitude (⇢) and phase (�), where � gets
up-converted to RF for producing (b) a constant envelope phase-shift keyed (PSK) signal, and ⇢ is fed to an
amplitude decoder to control the PA unit cells, all to generate the desired (c) QAM output.

gates as they do not need to preserve amplitude information. And finally, such a design is amenable

to scale with process nodes, since the PA in every unit cell is simply used as a non-linear switch.

In order to produce the desired M-QAM waveform at the output of a digital transmitter, one of the

following techniques is popularly used: a) Polar [15, 16, 20–22] or b) Quadrature [23–27]

Digital Polar Transmitters

The block-level architecture of such a digital polar transmitter is shown in Fig. 1.4(a). Here, the

in-phase (I) and the quadrature (Q) components are used to generate amplitude (⇢) and phase (�)

information using a COordinate Rotation DIgital Computer (CORDIC) block. � is fed to an RF

modulator to generate a constant envelope phase-shift keyed (PSK) signal, as shown in Fig. 1.4(b),
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Figure 1.5: The non-linear inverse tangent operation used to generate a constant envelope phase shift keyed
(PSK) RF signal leads to about 5⇥ bandwidth expansion compared to the desired QAM signal.

while ⇢ is fed to an amplitude decoder to generate the control signals for the PA bit slices. The unit

cells combine the information from � and ⇢ to produce the desired M-QAM output, as shown in

Fig. 1.4(c).

⇢ =
q
I2 +Q2 (1.2)

� = tan�1(
Q

I
) (1.3)

S = ⇢ej� (1.4)

In practice, it is challenging to achieve high data-rates with a compact form-factor using the polar

digital transmitter. As shown in equation 1.4, the constant envelope PSK RF signal is generated

through an inverse tangent operation. Due to the non-linear nature of this mathematical operation,

the original signal (S) undergoes a massive bandwidth expansion of about 5⇥, as illustrated in

Fig. 1.5. This implies that the RF modulator circuit block, which generates the PSK signal,

needs to attain a bandwidth that is 5⇥ higher than the data bandwidth, which eventually limits

the achievable bandwidth of the overall transmitter. Also, a Doherty PA explained in Sections
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Figure 1.6: A digital quadrature transmitter using only quadrature (I and Q) continuous wave (CW) input
tones, eliminating the need for a CORDIC block, thereby achieving higher data-rates compared to a digital
polar transmitter. The desired M-QAM waveform is produced at the output through the weighted summation
of I and Q components.

1.2.4 and 2.3, requires quadrature signals to improve efficiency, and in a polar implementation, the

bandwidth of the block generating these quadrature signals also needs to be wideband. Therefore,

these networks require the use of inductor- or transformer-based passive input networks that are

large and increase the on-chip area.

Digital Quadrature Transmitter

The block-level architecture of a digital quadrature transmitter is shown in Fig. 1.6. Here, the digi-

tal PA is divided into two groups, one for the in-phase component, and the other for the quadrature

component. The desired output M-QAM waveform is generated through the weighted summa-

tion of I and Q components that are controlled by an amplitude decoder. Unlike the digital polar

transmitter, this architecture does not undergo bandwidth expansion, as it requires only continuous

wave (CW) tones to be fed to the two PA groups. Therefore, it is amenable to high data-rate appli-

cations. Further, the quadrature signals can be generated using narrow-band active blocks that are
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chitecture achieves maximum efficiency for all phases, while the quadrature architecture achieves maximum
efficiency only at the basis quadrature vectors, with worst-case performance around 45�.

compact in size, since these signals are purely CW.

However, this architecture suffers from degraded efficiency when the desired output phase sweeps

away from the basis I and Q components. Section 3.2.1 explains in detail that the weighted summa-

tion of I and Q components leads to degraded efficiency, with the worst-case efficiency occurring

around 45�, as shown in Fig. 1.7. Therefore, while transmitting an M-QAM waveform, the overall

efficiency of the transmitter degrades, which limits the improvement of battery life.

Thus, there is a need for a digital transmitter architecture that does not exhibit the massive

bandwidth expansion of a polar transmitter or the degraded efficiency profile of a quadrature

transmitter.
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Figure 1.8: The probability density function of a 64-QAM waveform, with a root-raised cosine filter co-
efficient ↵ = 0.35, in power back-off (PBO), compared with the efficiency of a normalized class B and a
traditional Doherty PA in PBO.

1.2.4 M-QAM Probability Density Function and PA Efficiency in Power

Back-Off (PBO)

For transmitters producing M-QAM waveform, one of the most important PA metrics is its effi-

ciency in power back-off (PBO). Consider a 64-QAM constellation with a root-raised cosine filter

coefficient ↵ = 0.35, whose probability density function is shown in Fig. 1.8. It can be noticed

that the probability peak occurs about 12 dB PBO, illustrating the high PAPR nature of this wave-

form. Therefore, to improve the efficiency of the transmitter, high efficiency in PBO is crucial. The

theoretical maximum efficiency, shown in Table 1.1, is only achieved when the PA is driven to its

maximum Pout capacity. As the output power of the PA is reduced, the load impedance seen by the

PA is no longer optimal, leading to drastic efficiency degradation, as presented for a normalized

class B PA case in Fig. 1.8. The performance in PBO for higher class PAs such as class D or

D�1 is similar [28]. Therefore, in practical applications, the average efficiency of the transmitter is

dramatically reduced even for digital power amplifiers employing higher classes of PA unit cells.

One of the most popular techniques to improve performance in PBO is using a Doherty network;

however, the classical Doherty PA offers improvement only up to 6 dB in PBO [21, 22, 29], as
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shown in Fig. 1.8. With the increasing use of higher order QAMs, PAs with efficiency improve-

ment in deep PBO (up to 9 dB to 12 dB PBO) are desired [30–32]. Power supply switching

techniques, such as class G Doherty, have been demonstrated in the literature [20,25,33,34] to of-

fer improved performance in deep PBO; however, these techniques need multiple power supplies

and/ or a complex power management circuit with modulators capable of handling wide dynamic

output currents. Nested Doherty architecture offers a potential solution, but its matching network

consists of multiple inductors, which require a tremendous amount of area, and thereby increase

the cost of the chip.

Thus, there is a need for compact and high efficiency PAs with improved performance in

deep PBO.

1.2.5 Synergistic Work: Wideband Indium Phosphide (InP) PAs in F-band

(90 GHz - 140 GHz)

In addition to the work done at sub-7 GHz in digital power amplifiers and digital transmitters, this

dissertation also showcases power amplifiers in F-band for 6G type applications, such as holo-

graphic telepresence, tactile internet, and robotic surgeries [35]. The required data-rates for such

applications are anticipated to be so high that it will be challenging to achieve in the sub-7 GHz

spectrum and the mm-wave 5G spectrum (24 GHz to 30 GHz). One potential solution is to increase

the operating frequency to around 100 GHz to exploit the vast amounts of available spectrum [36].

In 2018, the European Conference of Postal and Telecommunication Administration (CEPT) Elec-

tronic Communication Committee (ECC) recommended the use of 92-114.5 GHz and 130-174.8

GHz bands for back-haul and front-haul [37]. In 2019, US Federal Communications Commission

(FCC) opened 21 GHz of unlicensed spectrum above 100 GHz for 6G experimentation. Along

with wireless communication, F-band is also useful for THz imaging, positioning, and sensing,

which all also rely on wireless circuit blocks [36]. Therefore, research interest in F-band has been

gaining momentum over the past few years.
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Although CMOS offers numerous advantages for designing digital PAs in the sub-7 GHz spectrum,

it is challenging to design high efficiency and high output power PAs in F-band due to its limited

ft/ fmax and limited breakdown voltage. Instead, the heterojunction bipolar transistors (HBTs) of-

fered in the Indium Phosphide (InP) process have garnered interest for such applications [38–42].

At these frequencies, low-loss power combining techniques are crucial to achieve high efficiency

and high Pout PAs. However, the techniques explored in the literature either sacrifice efficiency

to achieve increased output power and bandwidth [38, 39], or sacrifice bandwidth to improve effi-

ciency and output power [40,41]. Another important aspect of F-band InP PAs is to measure them

with modulated waveforms. It is critical to test these PAs close to their saturation region with 6G-

type giga-bits-per-second (Gbps) modulated signals to understand the PA behavior in its practical

use. However, the literature does not hold any readily implementable solutions to accomplish this

measurement.

Thus, there is a need for wideband, high efficiency, and high output power InP PAs in F-

band, along with modulation measurement setup that can drive these standalone PAs close

to their saturation regime using commercial-off-the-shelf (COTS) equipment.

1.3 Dissertation Organization

1.3.1 Thesis Statement

In recent years, digitally implemented power amplifier and transmitter architectures have garnered

a significant amount of interest as they are amenable to scale with process nodes, and they have

the potential to achieve improved battery life while being cost-effective. However, in practical ap-

plications, the battery life improvement is severely limited, as these architectures suffer from poor

efficiency in output power back-off. Further, the two well-known digital transmitter implemen-

tations, polar and quadrature, have their own limitations. The polar implementation suffers from

wide bandwidth expansion that limits the overall data-rate of the transmitter, while the quadrature
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implementation exhibits degraded efficiency due to in-phase/quadrature basis vector combination,

which further limits the improvement to battery life.

This dissertation proposes and implements two techniques, a nested Doherty architecture

and a transformer-within-transformer Doherty architecture, to improve efficiency in deep

power back-off, while still achieving a compact form-factor to realize cost-effective transmit-

ters. In addition, a multi-phase current-mode implementation of a digital power amplifier

is also proposed and implemented to achieve higher data-rates, while also improving overall

efficiency, to improve the battery life of the transmitter even further.

The techniques mentioned above are demonstrated using two different integrated circuit chips:

1) A four-way asymmetric digital polar power amplifier showcases an implementation of a four-

way nested Doherty architecture to achieve efficiency enhancement up to 9 dB PBO, while main-

taining a compact form-factor, for IoT-type applications around 5 GHz.

2) An asymmetric current-mode eight-phase digital Doherty transmitter using a single footprint

transformer showcases an implementation of a transformer-within-transformer Doherty architec-

ture to achieve efficiency enhancement up to 9.5 dB PBO, while also realizing a compact form-

factor. Additionally, it highlights an eight-phase architecture implementation to improve the effi-

ciency profile compared to its quadrature counterpart, for high data-rate applications around 6.5

GHz, such as WiFi 6E.

1.3.2 Research Questions

The dissertation will focus on the following research questions:

• Research Question 1. Typical nested Doherty transmitter architectures require numerous

inductors that increase the area of the chip. How can a nested Doherty architecture be im-

plemented with fewer inductors to reduce chip size, thereby making it cost-effective?

• Research Question 2. Although a transformer-within-transformer technique has the poten-

tial to facilitate a compact form-factor, and thereby realize cost-effective transmitters, what
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are the implications of one transformer magnetically coupling with the other? How can this

coupling be minimized?

• Research Question 3. Given that a multi-phase implementation of a current-mode digital

transmitter improves the overall efficiency, and thereby improves battery life, how many

basis vectors should be utilized in a practical design, and how do they affect the efficiency

profile?

• Research Question 4. Typically, an even integer multiple of the operating frequency is

provided to the transmitter, so it can be divided down to generate multi-phases on-chip.

However, this technique becomes increasingly cumbersome as the operating frequency is

increased and the number of basis vectors is increased. What circuit techniques can be

utilized for a multi-phase generation with only the operating frequency being provided to

the transmitter?

1.3.3 Research Contributions

The research contributions of this dissertation and a summary of the answers to the research ques-

tions mentioned above are listed below:

• Compact nested Doherty architecture: A nested Doherty architecture requires multiple

quarter-wave transmission lines that are traditionally implemented using a physical transmis-

sion line model (⇡ network with inductor-capacitor-inductor), which results in a significant

number of inductors that are not practical to realize on-chip. This dissertation proposes the

use of an inverted transmission line model (⇡ network with capacitor-inductor-capacitor),

which leads to a considerable number of inductors being placed in parallel that can be eas-

ily consolidated, resulting in a compact form-factor. An implementation of the proposed

technique in a general-purpose 65 nm process, shown in Chapter 2, results in a measured

42% peak drain efficiency at 5.25 GHz with 1.6⇥ improvement at 9 dB PBO compared to a

normalized class B PA.
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• Design strategy for a transformer-based asymmetric Doherty architecture: This disser-

tation introduces a design strategy for the implementation of a two-way asymmetric series

Doherty network operating at any desired frequency and achieving efficiency enhancement

at any desired back-off level, as shown in Section 3.2.4. This strategy is used as the starting

point for designing the proposed transformer-within-transformer architecture.

• Single footprint transformer-based asymmetric Doherty architecture: A transformer-

within-transformer technique is proposed to achieve a compact form-factor for an asymmet-

ric Doherty architecture. In order to prevent unwanted magnetic coupling between the two

transformers, one of the transformers is twisted into a Figure-8 shape and inserted into a

non-twisted transformer. The resulting magnetic flux in the two “octagons” of Figure-8 are

equal in magnitude but opposite in direction; therefore, the net induced current in the non-

twisted loops due to the Figure-8 loops is close to zero. An implementation of the proposed

technique in a general-purpose 65 nm process, shown in Chapter 3, results in a measured

33% peak drain efficiency at 6.5 GHz with 1.76⇥ improvement at 8 dB PBO compared to a

normalized class B PA.

• Multi-phase current-mode transmitter architecture: An multi-phase digital architecture

is proposed to overcome the limitation of the massive bandwidth expansion associated with

the polar design, while also improving the efficiency profile degradation associated with the

quadrature digital architecture by 1.64⇥, as shown in Fig. 3.4. An eight-phase implemen-

tation in a general-purpose 65 nm process, shown in Chapter 3, results in a peak drain effi-

ciency of 33%, and a relatively high worst-case efficiency of 25% that corresponds to only

a 0.24⇥ reduction, compared to a 0.45⇥ reduction associated with an idealized quadrature

architecture.

• Wideband multi-phase generation for multi-phase transmitter: Traditionally, flip-flop

based dividers are used to generate multi-phases for wideband operation. However, gener-

ating eight equally spaced phases around 6.5 GHz using this technique results in an input

frequency of 26 GHz. To prevent the requirement of this 4⇥ operating frequency, a 3-ring
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polyphase filter that is injection locked to an eight-stage ring oscillator is proposed in this

work. The proposed design requires only the operating frequency as the input frequency.

An implementation of the proposed technique in a general-purpose 65 nm process, shown in

Chapter 3, results in more than 1 GHz of locking range around the operating frequency of

6.5 GHz.

1.3.4 Dissertation Organization

The rest of the dissertation is organized as follows:

Chapter 2: Design of a CMOS Nested Doherty Digital Power Amplifier for Low-Power Ap-

plications

This chapter presents a rigorous analysis to show the improvement in system efficiency for a nested

Doherty architecture over the popular class G Doherty architecture for low-power applications.

This chapter also presents designing an N-way current-combined asymmetric Doherty PA to im-

prove efficiency in deep back-off power levels, and it illustrates design techniques to reduce the

overall size of the PA by the consolidation of components in the input and output matching net-

works.

Chapter 3: Design of an Asymmetric Current-Mode Multi-phase Digital Doherty Transmit-

ter Using a Single Footprint Transformer-Based Matching Network

This chapter explores the effect of increasing the number of basis vectors of a multi-phase architec-

ture to improve the efficiency profile with respect to the output phase. It also presents a wideband

multi-phase generation technique with only the operating frequency as the input to the transmitter.

Further, it rigorously derives design equations for implementing an asymmetric transformer-based

series Doherty matching network at any desired frequency to achieve efficiency enhancement at

any desired back-off level. Finally, it illustrates a transformer-within-transformer technique, where

one of the transformers is twisted and inserted into a non-twisted transformer for magnetic flux

cancellation, thereby allowing for a compact matching network.
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Chapter 4: Wideband InP PAs in F-band with Modulation Measurements

This chapter presents the design of a stacked PA in Teledyne’s 130 nm InP process to achieve wide

bandwidth and high efficiency in F-band. The stacked design is used as the basis for a distributed

active transformer-based PA to achieve wide bandwidth and high Pout. Finally, it illustrates a fre-

quency and data-rate scalable modulation measurement setup using only readily available equip-

ment, and it demonstrates state-of-the-art data-rates on a stand-alone PA operating above 100 GHz

with Pout above 10 dBm

Chapter 5: Conclusions, Considerations for Designing Digital Transmitters, Future Direc-

tions, and Other Work

This chapter concludes the dissertation by presenting a methodology for designing a digital trans-

mitter. Additionally, it includes a discussion of future directions related to this work, and it also

describes other work that was not part of this dissertation.
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Chapter 2

Design of a CMOS Nested Doherty Digital

Power Amplifier for Low-Power

Applications

2.1 Introduction, Motivation, and Prior Art

As mentioned in Chapter 1, emerging applications, such as agriculture monitoring, inventory track-

ing, and smart home connectivity require ultra low-power ad-hoc sensor networks [6]. These

networks are composed of transceiver nodes that can benefit from a compact form-factor. Since

antennas dominate the overall volume of such nodes, increasing the frequency of operation is de-

sirable to reduce the antenna size. However, reducing the volume of these nodes limits the battery

capacity, which in turn affects their lifetime. Since the PA is the most power-hungry component of

this system, there is a need for high-efficiency PAs for low-power applications (< 10 dBm). Also,

the nodes in these ad-hoc networks can form asymmetric links with the base-station, where the use

of higher-order modulation schemes can reduce the energy consumption per bit by keeping the PA

turned on for a shorter period of time [43]. Such nodes can benefit from PAs with high efficiency

20
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Figure 2.1: Extension of a generic (a) 2-way Doherty architecture to (b) 3-way, and to (c) n-way through
nesting, which results in (d) 2, 3, and n efficiency enhancement peaks, respectively, in power back-off
(PBO).

in deep PBO to further extend their lifetime. Therefore, a four-way nested Doherty PA operating

around 5 GHz is proposed for such applications. However, it is important to note that the nested

Doherty technique presented in this chapter is frequency and output power scalable, and not

just limited to low-power devices at 5 GHz.

Current state-of-the-art low power PAs are implemented digitally [43, 44], as this facilitates the

integration of the PA into the transmitter. Typically, they use advanced topologies such as class

D [17, 45, 46] and class E/F2 [47, 48] to improve the efficiency at maximum output power, but the

efficiency deteriorates in PBO. To improve the performance of a digital PA [13, 15, 16, 49, 50] in

back-off, it can be used in conjunction with the popular Doherty architecture [29, 51]. However,

it offers improvement to only about 6 dB PBO [21, 22, 52]. A class G technique [34], applied to

the Doherty architecture, has been shown in the literature to boost the performance of PAs in deep

PBO [20,24,33] for high-power applications (> 25 dBm). However, it relies on switching the VDD
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Figure 2.2: Digital implementation of a power amplifier (PA) block consists of multiple unit cells, where
each unit cell is composed of a set of digital buffers and a common source output stage.

of the PA to a lower value to achieve efficiency enhancement. This technique is challenging to

scale down to PAs with low output power (< 10 dBm) operating at higher frequency (⇠ 5 GHz),

as described in Section 2.2.

In the past, the use of multi-way analog Doherty architectures [30, 53] has been limited due to

linearity concerns of the over-driven main amplifier. The main amplifier saturates in deep back-off

when the input swing is relatively small, and when the input swing is increased to saturate the

auxiliary amplifiers, the main amplifier is driven in deep saturation, causing non-linearities [54].

Recent digital implementations of multi-way combiner based Doherty architectures, such as the

Nested Doherty PA illustrated in Fig. 2.1, have overcome the linearity concern related to the

over-driven main amplifier since they require the input swing to remain constant, and they have

been shown in the literature to offer improved efficiency in deep PBO [23, 32]. In this work,

a differential four-way digital Doherty PA (D4DPA) is proposed that can theoretically maintain

optimal matching for enhanced efficiency up to 9 dB PBO. It achieves a maximum Pout of 7.3

dBm at 4.75 GHz with peak drain efficiency (DE) of 48% and system efficiency (SE) of 31%. It

also achieves a 2.2⇥ DE improvement compared to normalized class B PA at 12.8 dB PBO at 5.25

GHz, and a DE of 34% for a 1 MSym/s 16 QAM RF waveform.

The rest of this chapter is divided into the following sections. Section 2.2 provides an in-depth

analysis of the advantages offered by the nested architecture for current-mode digital PAs with low

output power. The design of the D4DPA is discussed in Section 2.3 with the help of an asymmetric
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Doherty architecture that achieves efficiency enhancement at an arbitrary back-off level. The im-

plementation and simulations of the PA along with the matching networks and quadrature hybrid

are presented in Section 2.4. CW and modulation measurements are shown in Section 2.5, and

conclusions are drawn in Section 2.6.

2.2 Nested Doherty Architecture for Low Output Power Digi-

tal PAs

Presenting an optimal load to the PA is crucial to achieve maximum voltage swing on the transis-

tor’s drain, and thus maximum efficiency. For a class B PA, the presented impedance is optimal

only at the maximum output power. As the output power decreases, the voltage swing also de-

creases, leading to degradation in efficiency. The traditional Doherty architecture overcomes this

challenge and improves efficiency through 6 dB PBO. This architecture is composed of a main

amplifier, a peaking amplifier, and an impedance inverter. At maximum output power, the main

and the peaking amplifier work collectively to present the optimal impedance. At 6 dB PBO, the

peaking amplifier turns off completely, and the inverting network doubles the impedance presented

to the main amplifier. This re-maximizes the voltage swing and leads to efficiency enhancement, as

shown in Fig. 2.1(d). Thus, such an architecture leads to 2 efficiency enhancement peaks; however,

the efficiency degrades beyond the second peak.

To improve performance in deep PBO, multiple PA blocks and multiple inverter networks can be

used to form a nested Doherty architecture, as depicted in Fig. 2.1(c). As the amplifier is pushed

in PBO, the PA blocks start turning off sequentially from PAn to PA2. With each PA block turning

off, the efficiency of the amplifier ideally boosts back to its maximum value due to the optimal

impedance presented by the inverter networks. Thus, an n-way architecture with n PA blocks and

n� 1 inverter networks produces n efficiency enhancement peaks, as shown in Fig. 2.1(d).

The nested Doherty architecture, for this work, is implemented using current mode digital PA
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Figure 2.3: (a) A generic n-way class G Doherty architecture with n � 2 VDDs resulting in n efficiency
enhancement peaks, and (b) desired current drive strengths of the main and the peaking amplifier for case n
= 3 and ↵1 = 2.

blocks. Current-mode digital PAs [14,18,49,55], and current-mode digital Doherty PAs [21] have

been demonstrated to operate at high frequencies (> 3.5 GHz) with some of the highest reported

drain efficiencies at high output powers in the literature. They have the potential to offer some

of the same advantages for low output power PAs as well [45, 47]. Such a digital PA consists of

multiple unit cells, as shown in Fig. 2.2. Each unit cell is composed of a final output stage that is

usually driven by a set of digital buffers. Ideally, the power lost in the buffers would be relatively

low compared to the power lost in the output stage to achieve high system efficiency. However, as

frequency increases, the power lost in these buffers also increases linearly as CV 2f . Additionally,

for low output powers, the PAs typically employ lower VDDs (< 1V ) to improve drain efficiency,

but this limits their voltage gain, which further increases the relative power dissipated in the buffers.

Therefore, the power lost in the buffers cannot be ignored for the proposed applications.

The buffer power dissipation becomes especially crucial in deep PBO, and the use of a nested Do-

herty architecture can help improve system efficiency, especially in comparison to other efficient

PBO architectures, including the VDD switching class G Doherty PA shown in Fig. 2.3. This im-

provement, particularly in lower output power applications such as IoT nodes, can be highlighted

using two different models with increasing accuracy: 1) ideal transistor model, where switching

the VDD does not affect the current drive of the output stage, and 2) Drain source voltage (Vds)

dependent transistor model, where the current drive is affected due to non-linearity of the transis-
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Figure 2.4: Comparison of nested Doherty with class G Doherty architecture in power back-off using the
ideal and the Vds dependent transistor model. (a) Power dissipation trend in the output stage and buffers. (b)
Drain efficiency of the output stage and system efficiency trend of the whole PA.

tors. Both scenarios assume ideal lossless matching networks, and they both neglect the additional

power lost due to the switches of the class G Doherty architecture.

2.2.1 Ideal Transistor Model

For the nested Doherty architecture, as each PA block is turned off, the digital buffers within that

PA block can be turned off as well. Thus, the power lost in the buffers is reduced proportionally to

the reduction in the output power, as illustrated in Fig. 2.4(a). Therefore, when the drain efficiency

enhancement is achieved, the system efficiency also returns to its maximum value, as shown in

Fig. 2.4(b).

In contrast, the system efficiency of class G digital Doherty architecture degrades in back-off. This

architecture operates by switching its supply to a lower VDD in deep PBO, as shown in Fig. 2.3(a).
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Figure 2.5: Improvement offered by nested Doherty PA over class G Doherty PA dependent on the relative
buffer power consumption at 9 dB PBO. Losses in the OMN and the switches of class G are ignored.

However, to satisfy the Doherty behavior and achieve drain efficiency enhancement, the power lost

in the digital buffers is not reduced proportionally to the reduction in output power. For example,

a simple implementation of a class G Doherty PA, depicted in Fig. 2.3(b), shows that when the

output power is reduced by 6 dB, the main and the peaking PA desire half their maximum currents.

This implies that half the number of digital cells need to be “on”. So even though the output power

drops by a fourth, power dissipated by the buffers is only halved, thereby increasing relative losses

through the buffers. This issue can be extended to an n-way architecture with n� 2 VDDs, and the

resulting reduced system efficiency due to an increase in n is represented in Fig. 2.4(a)

The efficiencies in PBO of the two architectures are compared in Fig. 2.4(b). The jumps in the

system efficiency, for the class G Doherty PA, occur when the VDD switches to a lower value, and

thus higher power is consumed in the buffers. The improvement offered by the nested Doherty

PA over class G Doherty PA depends on the relative power lost in the buffers, which is defined as

follows:

% Pbuff,max =
Pbuff

Pbuff + Poutput stage

⇥ 100

�����
Pout,max

(2.1)

The above metric is defined at the maximum output power level to enable comparison between

the two architectures. From simulations in a 65 nm CMOS process at 5 GHz and output stage

VDD of 0.55 V, the expected power lost in the buffer accounts for about 30% to 40% of the total

power dissipation. This results in a system efficiency improvement of 1.3⇥ to 1.4⇥ for the nested
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Islope ∝ VDD

Islope = 0

Figure 2.6: An example showing the effect of lowering VDD on a common source stage driven with a
constant amplitude voltage swing. Simulation performed in a general-purpose 65nm CMOS process with
optimum impedance presented at each VDD value to obtain full swing at the output.

Doherty architecture at 9 dB PBO, as shown in Fig. 2.5.

2.2.2 Drain-Source Voltage (Vds) Dependent Transistor Model

For PAs with low VDD (< 1V ), the current drive of the transistor is severely affected when the

VDD is lowered even further. This current drive depends on the input voltage swing provided to the

gate of the device. Since the transistors are driven by digital buffers, the amplitude of this voltage

swing remains constant, regardless of whether the VDD of the output stage is lowered. Therefore,

in deep PBO, portions of the input swing can exceed VDD and push the transistor in the triode

region leading to reduced RF transconductance and thereby, reduced current drive. To overcome

the current drive reduction and to achieve enhanced drain efficiency, more digital cells need to be

turned “on”, which further increases the relative power dissipated in the buffers. For an n-way

class G Doherty architecture, as n increases, the buffers can potentially dissipate more power than

the output stage in PBO, as shown in Fig. 2.4(a). This severely affects system efficiency.

In comparison, the nested digital Doherty architecture does not encounter this issue because the

VDD always remains constant. Fig. 2.6 depicts an example simulation performed in a 65 nm

CMOS process on a common source stage, to show the effect of Vds dependency on the current

drive. Taking this simulation and Equation (2.1) into account, the improvement offered by the
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nested Doherty architecture is calculated. It has the potential to improve the system efficiency by

approximately 1.6⇥ to 1.9⇥ at 9 dB PBO, shown in Fig. 2.4(b) and Fig. 2.5.

It is important to note that the efficiency of the output matching network (OMN), also known

as passive efficiency, in a nested Doherty architecture degrades with PBO; however, the passive

efficiency of a class G Doherty architecture enhances back to its maximum value when the VDD is

switched [20]. Therefore, the OMN of the nested digital Doherty architecture needs to be designed

with care to achieve the improvements described in the above sections.

2.3 Design of a Four-way Nested Doherty PA

In this work, a four-way nested Doherty architecture is implemented to achieve efficiency enhance-

ment in 3 dB increments through a 9 dB back-off. The 3 dB increment also helps the PA ideally

maintain its efficiency close to the maximum value through the whole enhancement range.

The design of the proposed four-way PA can be explained through an asymmetric 2-way Doherty

architecture that achieves efficiency enhancement at an arbitrary back-off level. This arbitrary level

is dictated by two design parameters: 1) the characteristic impedance of the inverter network, and

2) the ratio of the main and peaking amplifier’s maximum current drive. These parameters are

constrained as
ZT line

Z0
= ↵1 (2.2)

max(IPeak)

max(IMain)
= ↵1 � 1 (2.3)

where ↵1 denotes the back-off level on a linear scale where efficiency enhancement is achieved

[56]. Consequently, ↵1 also denotes the back-off level where the peaking amplifier turns off.

Equations (2.2) and (2.3) can be intuitively explained through Fig. 2.7. Here, the current profile

of the main amplifier is left constant, while that of the peaking amplifier is varied, along with the

characteristic impedance of the inverter network. The resulting current profiles of the peaking am-

plifier and the resulting back-off efficiency curves are depicted in Fig. 2.7(c) and (d), respectively.
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Figure 2.7: (a) Asymmetric Doherty architecture designed using (b) scaling ratios to generate the inverting
network impedance and (c) current drive strengths of the main and peaking amplifier that result in (d)
efficiency enhancement at an arbitrary back-off level.

These curves lead to efficiency enhancement from 1 dB PBO to 10 dB PBO in 1 dB steps.

In order to achieve efficiency enhancement at 3 dB PBO, the asymmetric Doherty architecture can

be designed with

↵1 =
p
2 =) ZT line1 =

p
2Z0 (2.4)

max(IMain) = I (2.5)

max(IPeak) = I(
p
2� 1) (2.6)

as depicted in Fig. 2.7(b). At the maximum output power level, the two amplifiers work collec-

tively, and the inverting network ensures that optimal impedances are presented to both amplifiers.

These impedance values, mentioned in Fig. 2.8(a), lead to maximum efficiency. In back-off, the

current drives of both the amplifiers decrease according to Fig. 2.7(c), and at 3 dB PBO, the peak-

ing amplifier turns off completely, while the current drive of the main amplifier decreases by a
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Figure 2.8: (a) Asymmetric 2-way Doherty architecture that enhances efficiency through 3 dB PBO, which
extends to (b) a 3-way architecture through current drive strengths shown in (c) to achieve (d) efficiency
enhancements at 3 dB and 6 dB PBO.

factor of
p
2. However, the inverting network boosts the impedance presented to the main ampli-

fier by the same factor of
p
2 to maximize the voltage swing, resulting in efficiency enhancement

at 3 dB PBO, as depicted in Fig. 2.8(d).

To further improve the performance in back-off, this concept can be extended to a 3-way architec-

ture through nesting. As shown in Fig. 2.8(b), PA1 and PA2 can be combined and considered as

the “main” amplifier with a current drive of 2I, at 0 dB PBO. Now, the overall architecture looks

very similar to the 2-way architecture, except that the “main” amplifier has twice the current drive

strength. So the rest of the design parameters are scaled accordingly:

↵2 =
p
2 / 2 =) ZT line2 = (

p
2Z0) / 2 (2.7)

max(IPA3) = I(
p
2� 1)⇥ 2 (2.8)
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Figure 2.9: (a) Proposed four-way Doherty PA architecture to maintain optimal matching through 9 dB PBO,
yielding (b) efficiency enhancements by (c) scaling RF current drives to (d) produce the desired optimal
output impedances.

The resulting impedances, at 0 dB PBO, are mentioned in Fig. 2.8(b). As expected, these

impedances are half of those from the 2-way architecture, since the equivalent current drive strength

has been doubled. From 3 dB PBO onward, PA3 turns off, leading to the same design as that of

the 2-way architecture, which results in another efficiency enhancement peak. Overall, the 3-way

architecture obtains three efficiency peaks, as illustrated in Fig. 2.8(d).

This concept is further extended to a four-way nested architecture, as presented in Fig. 2.9(a),

where each amplifier block is biased individually to generate the RF current drives, as shown in

Fig. 2.9(c). These values for current drives are obtained by extension from the 3-way architecture,

where

↵3 =
p
2 / 4 =) ZT line3 = (

p
2Z0) / 4 (2.9)

max(IPA1) = max(IPA2) = I (2.10)
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Figure 2.10: Implementation of a four-way Doherty output impedance matching network with on-chip
lumped elements for transmission lines. Consolidation reduces the total number of inductors from 10 down
to 4. The actual implementation is differential.

max(IPA3) = I ⇥ 2 (2.11)

max(IPA4) = I(
p
2� 1)⇥ 4 (2.12)

The impedances seen by the amplifiers during back-off are plotted in Fig. 2.9(d), and they lead

to 4 efficiency enhancement peaks through 9 dB PBO as depicted in Fig. 2.9(b). Here, Z0/4

corresponds to 50 ⌦ to avoid the need for additional impedance transformation at the output.

2.4 Implementation and Simulations

The proposed D4DPA is implemented in a general-purpose 65 nm CMOS process, as a proof-of-

concept. As mentioned in Section 2.3, presenting the optimal impedances is crucial to achieve

high efficiency, especially in back-off. To prevent the matching network from de-tuning due to

the parasitics of the wirebonds, a differential architecture is implemented. This provides a virtual

short on-chip for the fundamental frequency, so the matching network is not solely reliant on
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9 dB PBO

Figure 2.11: Simulated drain efficiency and passive efficiency of the implemented D4DPA showing the
effects of loss in passive OMN.

bypass capacitors.

Although the transmission lines, shown in Fig. 2.9(a), can be implemented using either a high-pass

equivalent or a low-pass equivalent LC network, the high-pass equivalent offers two advantages:

1) reduced total number of inductors through consolidation, and 2) reduced inductance values.

The high-pass equivalent LC, along with the inductors used to resonate the drain capacitance and

provide biasing, lead to an OMN design with 10 inductors, as depicted in Fig. 2.10. However,

various inductors can be consolidated, such as L1, L2, and Lres2 can be reduced to simply Leq2.

Overall, consolidation helps reduce the total inductors down to just 4, thereby reducing the area

of the chip. Additionally, some of the inductors necessary for drain capacitance resonance are

large (> 10 nH) due to the small size of the transistors, as they are meant for outputting low

power levels. Consolidation, due to the use of high-pass equivalent, reduces the inductance values

and makes them feasible to be implemented on-chip around 5 GHz [57]. Note that the high-pass

equivalent network produces a delay of 6 270�, as opposed to 6 90� from the transmission lines.

Therefore, input phases of each PA block are updated, as shown in Fig. 2.10, to maintain the

impedance transformation described in Section 2.3.

The overall performance of the PA is dependent on the implementation of the OMN. In an ideal

scenario with no loss in the passives, the PA achieves a drain efficiency around 70% throughout

the whole 9 dB back-off enhancement range, as shown in Fig. 2.11. But on-chip inductors are
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Figure 2.12: (a) Implementation of a quadrature hybrid along with LC network to impedance transform
and bias the RF inverters resulting in 6 inductors. (b) Consolidated quadrature hybrid and input matching
network resulting in only 4 inductors. The actual implementation is differential.

lossy, and they typically obtain a quality factor of about 15 around 5 GHz. Further, they need to

be connected to the digital PA blocks. These connections were implemented through transmission

lines, and their effects were taken into account through an electromagnetic (EM) simulator using

a method of moments (MoM) solver. The value of the inductors were then modified such that the

desired inductance is presented after accounting for the transmission lines. The overall passive

efficiency of the matching network and its effects on the performance are also depicted in Fig.

2.11. The degradation in the passive efficiency with PBO is the primary reason for the difference

between the lossless and the lossy simulated drain efficiency plots. Finally, the network is also

simulated to capture the effects of inductor coupling, and it results in < 1% and < 0.15 dB change

in drain efficiency and output power, respectively, for the entire back-off range.

The quadrature signals at the input of the PA are generated using a differential quadrature hybrid.

This structure is followed by an LC network that serves two functions: 1) bias a set of differential
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I  – Vol. Gain (Original)
Q – Vol. Gain (Original)
I/Q Phase Diff. (Original)

I  – Vol. Gain (Consolidated)
Q – Vol. Gain (Consolidated)
I/Q Phase Diff. (Consolidated)

Figure 2.13: Simulated frequency dependence comparison of voltage gain and quadrature phase generation
for the input network before and after consolidation using ideal components.

inverters that drive the PA blocks, and 2) impedance transform the input of the inverters and provide

50 ⌦ to the output of the quadrature hybrid. This LC network can be combined with the quadrature

hybrid to not only reduce the total number of inductors from 6 down to 4, but also retain the ability

to provide dc biasing. Fig. 2.12(a) and (b) show the detailed description of the consolidation

process, where LB, CB, and LQ can be reduced to LB2 and CB2.

Since the input network (quadrature hybrid + input buffer’s matching network) is consolidated,

its output now drives a large impedance presented by the gate of the inverter. Thus, it is conve-

nient to evaluate the performance of the consolidated input network through a voltage gain metric,

rather than s-parameters. Fig. 2.13 shows the difference in the simulated performance of the input

network using lossless elements before and after consolidation. While consolidation makes the in-

put network compact and lowers the value of the inductor LB2, making it manageable to generate

on-chip, it reduces the input network’s bandwidth. Fig. 2.14 shows the simulated frequency depen-

dence of the realized input network for voltage gain and quadrature phase generation, where the

simulations were performed using an EM MoM simulator. The network achieves a peak voltage

gain of 2.1 at 5 GHz and maintains a reasonable quadrature phase generation from 4.5 GHz to 5.5

GHz. This input network is connected to the pads through a long transmission line which reduces

the peak voltage gain to 1.8. Although Fig. 2.14(a) exhibits a mismatch in the I and Q magnitude,

the mismatch is reduced at the input of the PA’s final stage, as the input network is followed by

a set of digital buffers that act as limiters. Also, the quadrature phase deviation from the ideal
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(b)

(a)

Figure 2.14: EM simulated frequency dependence of the realized consolidated input network for (a) quadra-
ture gain and phase generation, and (b) mismatch in differential magnitude and phase.

90� across frequency leads to a degradation in drain efficiency of only < 1.5% from 4.5 GHz to

5.2 GHz, and it increases to < 4% as the operating frequency increases to 5.5 GHz. Finally, Fig.

2.14(b) shows that the consolidated input network preserves differential magnitude and phase for

the entire simulated band.

The D4DPA is composed of 4 PA blocks, and Fig. 2.15 shows a detailed diagram of one such

block. Each PA block consists of 4-bit binary-weighted unit cells with common source (CS) output

stages. Every CS stage is driven by an inverter that is designed to present low impedance at its

output during its operation to alleviate the stability concern of the CS stage. The sizes of the CS

stage’s LSB bits are mentioned in Fig. 2.15, and the rest of the bits are sized proportional to their

binary weights. Although the PA3 and PA4 blocks are sized the same, bits x1 and x2 for the PA4

block are turned off when the D4DPA outputs maximum power. The resulting current generated

by PA4 is within 3.5% of the desired maximum current from Fig. 2.9(c). As seen from the lossless

passives plot of Fig. 2.11, the chosen transistor ratios maintain high efficiency until 9 dB PBO.
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Figure 2.15: Block-level schematic of each digital PA block along with the transistor sizes. The PA block
can be turned off through ”PAx Block Enable” node controlled by a 4 input functional OR gate.

PA1

PA3

PA4

PA2

PA2

PA4
PA1 PA3

Figure 2.16: Frequency dependence of differential quadrature phases at the input of the CS stage of 4 PA
blocks for the MSB (x8 bit).

The baseband digital amplitude control (BBxx) for the PA is implemented through NAND gates.

To reduce the dynamic power dissipation, the baseband digital bits are also sent to a functional

4 input OR gate that automatically disables the entire PA block through the “PAx Block Enable”

control node, when all the digital inputs are set low.

Since the input network is followed by a set of digital gates which then connect to the CS stage,

all the connections between them require careful layout to minimize degradation of the quadrature

phases. Therefore, for reference, the frequency dependence of the quadrature phases at the input

of the MSB (x8 bit) post layout for all the PA blocks are shown in Fig. 2.16. The overall block
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Figure 2.18: Die photo of the PA realized in a 65 nm CMOS process.

diagram of the implemented D4DPA with the consolidated differential input and output networks is

shown in Fig. 2.17. Even after consolidation, the desired value for Leq1 is challenging to implement

on-chip at 5 GHz. Therefore, additional capacitors are added in parallel to achieve the necessary

inductance, as depicted in Fig. 2.17.
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Figure 2.19: Simulated and measured input reflection coefficient (S11) of the PA.

Figure 2.20: Measured drain efficiency (DE) and system efficiency (SE) of the implemented PA at (a) 4.75
GHz and (b) 5.25 GHz compared to normalized class B and class A PAs.

2.5 Measurements

The die photo of the implemented PA is shown in Fig. 2.18. The simulated and measured input

reflection coefficient (S11) is shown in Fig. 2.19. The measured S11 is lower than -10 dB from 4.25
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GHz to 5.45 GHz.

2.5.1 CW Measurements

The output CS stage is biased with a VDD of 0.55 V to deliver low output power levels efficiently.

A constant envelope differential signal is generated through an external balun and provided to the

input of the chip. The 16 digital bits of the PA are controlled through an external pattern generator

to vary the output amplitude levels. Fig. 2.20(a) and (b) show the drain efficiency and the system

efficiency of the PA in power back-off at 4.75 GHz and 5.25 GHz and compare them to normalized

class A and class B curves. Each of the circular and diamond points on the plot is a measured

data point, and the optimal points that lead to maximum efficiency are highlighted as well. These

optimal points were found through measurement and then set through a look-up table. Here, the

system efficiency accounts for the power dissipated in the output stage as well as all the buffers. At

4.75 GHz, the PA achieves a peak drain efficiency of 48% with a peak output power of 7.3 dBm.

The PA also obtains a DE of 37%, 35%, and 27% at 3 dB, 6 dB, and 9 dB PBO respectively, which

corresponds to a 1.1⇥, 1.5⇥ and 1.6⇥ improvement compared to normalized class B. Similarly, at

5.25 GHz, the PA achieves a DE of 42% with Pout of 6.5 dBm. The PA also obtains a DE of 36%,

28%, 23%, and 20% at 3 dB, 6 dB, 9 dB, and 12.8 dB PBO respectively, which corresponds to a

1.2⇥, 1.4⇥, 1.6⇥, and a peak 2.2⇥ improvement over normalized class B.

The maximum system efficiency at 4.75 GHz and 5.25 GHz is 31% and 26%, which implies that

the buffers consume 35% and 38% of the total power dissipated, respectively. This emphasizes the

need for a nested architecture, as explained in Fig. 2.5 under section 2.2.

Fig. 2.21(a) and (b) show the frequency dependence of the PA for DE, SE, gain, and Pout at the

maximum DE setting. The PA maintains the DE and SE above 35% and 20%, respectively, over

the frequency range of 4.5 GHz to 5.25 GHz. Fig. 2.21(a) also shows the frequency dependence of

DE in back-off. It is measured for the setting that gives the maximum efficiency enhancement (PA

is 1/8 turned on), and it is compared with the efficiency of the normalized class B PA for reference.
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(b)

(a)

Figure 2.21: Measured frequency dependence of the implemented PA for (a) DE, SE, (b) gain, and output
power (Pout) at peak DE, where the input power is varied to maximize efficiency while still maintaining
gain above 10 dB. DE performance is also shown when the PA is 1/8 turned on, and it is compared with
normalized class B.

Figure 2.22: Measured AM-PM degradation of the implemented PA at 5.25 GHz for the optimal drain
efficiency points.

The use of narrow-band matching networks restricts the operating frequency, especially in PBO, to

a small range. The optimum frequency of operation for the implemented PA to achieve efficiency



42

1.7X

(b)

(c)

Avg. Pout =  4.2 dBm
EVM = -22 dB
ACLR = -23.1 dBc
Drain Efficiency = 37%
System Efficiency = 21%

(a)

Figure 2.23: For a 1 MSym/s QPSK waveform at 5.25 GHz, measured (a) constellation, (b) DE in PBO
compared to normalized class B waveform, and (c) r.m.s. error vector magnitude (EVMrms), and adjacent
channel leakage ratio (ACLR) in PBO.

enhancement in PBO is at 5.25 GHz. This explains the difference in the measured performance

in PBO at 4.75 GHz and 5.25 GHz seen in Fig. 2.20(a) and (b). However, the PA still performs

appreciably better than class B in PBO around 5.25 GHz as shown in Fig. 2.21(a). Additionally, the

PA achieves a maximum gain of 15 dB at 5 GHz with a Pout of 6.5 dBm. Since the performance

of the input network of the PA is frequency dependent, as shown in Fig. 2.14, the input power

provided to the PA is varied with frequency to maximize efficiency, while still maintaining gain

above 10 dB. Therefore, even though the gain lowers, the output power stays relatively constant,

within ± 1 dB from 4.75 to 5.35 GHz, as depicted in Fig. 2.21(b).

The digitally switched on and off unit cells of a current mode PA changes the output capacitance
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Figure 2.24: Measurement setup for outputting a 16 QAM RF signal through the implemented PA.
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Drain Efficiency = 34%
System Efficiency = 18%
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Figure 2.25: Measured (a) constellation, EVMrms, and (b) ACLR for a 1 MSym/s 16 QAM waveform at
5.25 GHz.

that it presents to the load. This results in an amplitude to phase non-linearity that is captured in an

AM-PM measurement, and it degrades as the PA is pushed in PBO. The static AM-PM measure-

ment at 5.25 GHz is depicted in Fig. 2.22. The code words that corresponded to the optimal drain

efficiency points were used for this measurement, and it shows a maximum degradation of 33� up



44

to 11 dB PBO. This is the primary reason that the modulation capability of the implemented PA is

limited to 16 QAM. To perform higher-order modulation schemes, an AM-PM linearization would

be needed (not implemented in this work.)

2.5.2 RF Modulated Measurements

To perform QPSK and 16 QAM measurements, a PSK RF signal is generated through a vector

signal generator (VSG) and provided to the RF input of the PA. The PSK data is oversampled at

10⇥ for all the measurements.

The QPSK measurement results for a 1 MSym/s waveform at 5.25 GHz are shown in Fig. 2.23.

The PA achieves an average Pout of 4.2 dBm with a DE of 37% and SE of 21%. It also achieves

an r.m.s. error vector magnitude (EVMrms) of -22 dB and adjacent channel leakage ratio (ACLR)

of -23.1 dBc. Further, the digital controls of the PA are used to vary the power levels in back-off.

The PA obtains a DE improvement of 1.7⇥ at 9.4 dB PBO and it maintains its EVM and ACLR

below -22 dB and -23 dBc, respectively, over the entire measured back-off range.

The measurement setup for 16 QAM is shown in Fig. 2.24. An M8190A arbitrary waveform

generator (AWG) is used to generate baseband I/Q signals with the desired symbol rate which is

then provided to an N5182B VSG to get up-converted to RF. The AWG also generates a trigger

signal at the symbol rate that is used to synchronize the up-converted PSK signal with the digital

control bits, so the amplitude and the phase change occur simultaneously.

For a 1 MSym/s 16 QAM measurement at 5.25 GHz, the PA achieves an average Pout of 1.9 dBm

with a DE of 34% and SE of 18%. It also achieves an EVMrms of -20.5 dB and ACLR of -21.4

dBc. The biggest limitation to reduce EVMrms is the AM-PM non-linearity that causes the inner

constellation points to rotate with respect to the outer points, as illustrated in Fig. 2.25. This

degradation gets worse in PBO for the code words that correspond to optimal drain efficiency, as

shown in Fig. 2.22. Since no AM-PM linearization or digital pre-distortion (DPD) is applied in this

work, the look-up table of code words is used to trade-off some optimal drain efficiency points for
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1.6X

1.9X

(a) (b)

(d)(c)

Figure 2.26: For a 1 MSym/s 16 QAM waveform at 5.25 GHz, measured (a) DE in PBO compared to
normalized class B waveform, and (b) EVMrms and ACLR in PBO. (c) Pout, DE, (d) ACLR, and EVMrms

are measured for robustness with respect to symbol rate.

Figure 2.27: Far-out spectrum for a 5 MSym/s 10⇥ oversampled 16 QAM waveform at 5.25 GHz.

the ones that exhibit improved AM-PM to lower Pout, while maintaining EVMrms close to -20 dB,

as depicted in Fig. 2.26(a) and (b). Further, the PA is also tested at maximum output power with

symbol rates from 0.5 MSym/s to 5 MSym/s for robustness, and no major changes in DE, Pout,

EVMrms, and ACLR are observed, as shown in Fig. 2.26 (c) and (d). Since the targeted application
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for the implemented PA is low-power ad-hoc sensor network nodes, the layout of the digital lines

and the baseband circuitry were designed to be able to demonstrate a modulation capability of 1

MSym/s, and they limit the modulation performance of the PA at higher bandwidths.

Fig. 2.27 depicts the far-out spectrum of the PA for a 5 MSym/s 16 QAM measurement at 5.25

GHz. Since the RF input of the PA is driven with a 10⇥ oversample rate, sampling images occur

50 MHz apart. These images are below -34 dBc.

2.6 Conclusion

This work demonstrates a differential digital four-way Doherty PA that achieves efficiency en-

hancement up to 9 dB PBO. The PA has been implemented in a 65 nm CMOS process and achieves

a Pout of 7.3 dBm at 4.75 GHz with peak DE and SE of 48% and 31%, respectively. Table 2.1

compares the results of this work to other efficiency enhancement state-of-the-art low-power (LP)

PAs (Pout,max < 10 dBm), high-power (HP) PAs with operating frequency higher than 3.5 GHz,

and four-way Doherty PAs. The implemented PA achieves competitive peak DE and SE, while

performing better than all non-VDD switching PAs in DE PBO. To the best of the authors’ knowl-

edge, this is the first paper that demonstrates a PA with efficiency enhancement in deep PBO (> 6

dB) for sub 10 dBm output power applications.

2.7 Contributions
• J. Sheth and S. M. Bowers, “A Differential Digital 4-Way Doherty Power Amplifier with

48% Peak Drain Efficiency for Low Power Applications,” 2020 IEEE Radio Frequency Inte-

grated Circuits Symposium (RFIC), 2020, pp. 119-122, doi: 10.1109/RFIC49505.2020.9218395.

• J. Sheth and S. M. Bowers, “A Four-Way Nested Digital Doherty Power Amplifier for Low-

Power Applications,” in IEEE Transactions on Microwave Theory and Techniques, vol. 69,

no. 6, pp. 2782-2794, June 2021, doi: 10.1109/TMTT.2021.3057895.
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Table 2.1: Comparison to CMOS PAs with PBO Efficiency Enhancement
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Chapter 3

Design of an Asymmetric Current-Mode

Multi-phase Digital Doherty Transmitter

Using a Single Footprint

Transformer-Based Matching Network

3.1 Introduction, Motivation, and Prior Art

Chapter 1 introduced the advantages of a digital transmitter, along with the need to improve effi-

ciency in PBO. To address this need, chapter 2 illustrated a nested Doherty architecture to achieve

efficiency enhancement in deep PBO, along with a component consolidation technique to realize

a compact design. However, this design provides a differential output that limits the use of the

transmitter to only a subset of antennas; a single-ended output is preferred. Although a balun can

be used to convert the differential signal to a single-ended signal, it adds loss to the output network,

thereby reducing efficiency, while occupying additional area. Further, the PA in chapter 2 is imple-

mented in a polar fashion, and as Section 1.2.3 mentions, polar PAs suffer from massive bandwidth

48
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expansion that limits the data-rate of the transmitter [13–15, 18–20, 32, 52, 60, 61]. To overcome

these challenges, this chapter proposes and implements an asymmetric multi-phase digital Doherty

transmitter using a single footprint transformer-based matching network.

In the literature, digital quadrature architectures have been explored, since they do not suffer from

the bandwidth expansion problem [62]; however, they result in a 6 dB worst-case lower output

power, along with reduced efficiency. To overcome this issue, the IQ cell-sharing technique gained

interest [25, 27, 63, 64]; however, it still results in a worst-case 3 dB lower output power, and thus

lower efficiency. Taking advantage of PA non-linearity, a diamond-shaped input code-word profile

has been shown to achieve an almost constant output power profile [26]; however, this technique

still suffers from efficiency degradation due to enormous in-phase/quadrature vector overlap, as

shown in Section 3.2.1. Utilizing a multi-phase architecture can reduce this overlap, and thereby

improve performance [65–67]; therefore, in this work, a multi-phase architecture is proposed to

achieve an almost constant output power profile, while also improving efficiency.

To implement a quadrature or a multi-phase transmitter, a set of basis vectors is needed. Almost

every quadrature and multi-phase architecture in the literature uses an even integer multiple of

the transmitter operating frequency along with a series of flip-flops to generate the basis vectors

[23, 25, 64, 67–69]. Although this technique can achieve a wideband multi-phase generation, it is

difficult to scale with increasing numbers of basis vectors. For example, the generation of eight

basis vectors at 6.5 GHz would need a prohibitive 26 GHz input. In this work, injection locking a

ring oscillator using the outputs of a polyphase filter is proposed to achieve a relatively wideband

multi-phase generation, while still using the transmitter operating frequency as the input.

Finally, to achieve efficiency enhancement in output power back-off, numerous techniques such

as class-G [20, 33, 34], out-phasing [58], and sub-harmonic switching [70] have been explored in

the literature; however they are challenging to implement. The current-mode class G technique

needs complex power management circuits, the out-phasing technique needs complex base-band

processing, and the sub-harmonic switching technique usually occupies a significant amount of

area. A two-way Doherty offers a potential solution; however, it achieves efficiency enhancement
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only up to 6 dB back-off. Therefore, in this work, an asymmetric two-way Doherty is used to

improve efficiency enhancement beyond 6 dB PBO. This Doherty network can be implemented

using transformers to achieve a single-ended output without the need for an additional balun [21,71,

72]. However, the resulting output matching network is composed of two transformers that occupy

a considerable amount of on-chip area. Therefore, to achieve a compact form-factor, a transformer-

within-transformer architecture that achieves efficiency enhancement up to 9.5 dB PBO is proposed

in this work.

To highlight the proposed techniques, an eight-phase asymmetric digital Doherty transmitter with

a compact matching network is implemented in a general-purpose 65 nm process. It attains more

than 20 dBm output power and more than 31% DE from 4.5 GHz to 6.7 GHz. At 8 dB PBO,

it achieves a DE of 23% and 24% at 6.5 GHz and 7.0 GHz, which corresponds to a 1.76⇥ and

1.93⇥ improvement compared to normalized class B PA, respectively. Finally, the transmitter also

achieves a 21% DE and an average Pout of 14 dBm with an EVMrms of 4.1% for a 20 MSym/s

64-QAM waveform at 6.5 GHz.

The rest of this chapter is divided into the following sections. Section 3.2 provides a discus-

sion on the design of a multi-phase architecture, wideband multi-phase generation technique, and

an asymmetric Doherty network. This section also derives design equations for implementing an

asymmetric Doherty network that achieves efficiency enhancement at any desired PBO level and at

any operating frequency. The implementation of all the circuit blocks including the eight-phase ar-

chitecture, eight-phase injection locked eight-stage oscillator, and the single footprint transformer-

based matching network is included in Section 3.3. CW and modulated measurements are shown

in Section 3.4, and conclusions are drawn in Section 3.5.
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3.2 Design Techniques for a Multi-phase Asymmetric Doherty

Architecture

3.2.1 Multi-phase Architecture

The operation of the proposed multi-phase digital PA architecture is depicted in Fig. 3.1. At a high

level, the PA consists of a total of p cells, where m cells are driven with ~�A, n cells are driven with
~�B, and the remaining [p� (m+ n)] cells are turned off, such that

m+ n  p (3.1)

The values of m and n are decided based on the desired output amplitude and phase, and they can

be changed dynamically during the operation of the transmitter, as shown in the bottom part of Fig.

3.1. Therefore, all of the p cells can be driven by either ~�A or ~�B, or a combination of ~�A and ~�B

to achieve any desired output phase between ~�A and ~�B (In this work, ~�A and ~�B are assumed to

be 50% duty cycled square waves). However, there are implications on output amplitude (|Vout|)

and efficiency as the desired output phase (6 Vout) moves away from the basis vectors ~�A, ~�B.

Normally, for a linear digital PA, such a multi-phase configuration would result in the output (Vout)

given by a linear vector summation:

Vout = m. ~�A + n. ~�B (3.2)

This could significantly limit the maximum output amplitude (|Vout,max|) contour described by

m + n = p, with the worst-case scenario happening when m = n = p/2. For example, if ~�A =

0� and ~�B = 90�, this contour exhibits a 3 dB reduction to achieve 6 Vout = 45�. Such an effect is

undesirable and degrades the performance of the transmitter.

However, a current-mode digital PA is non-linear, and this non-linearity is advantageous to achieve

an almost constant |Vout,max| contour. Consider the worst-case scenario of m = n = p/2 explained

using an ideal switch model for the transistors, as shown in Fig. 3.2. For simplicity of explanation,

the switches are assumed to exhibit zero on-resistance, the RF chokes (RFC) have been introduced
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Figure 3.1: A digital power amplifier with a total of p cells, where m cells are driven with �A/ �A, n cells
are driven with �B/ �B , and the remaining [p � (m + n)] cells are turned off to achieve the desired output
amplitude and phase.

D = 0.75
D = 0.50

switch closed 
for time t1

RLOAD

RFC RFC

VL1 VL2

t1 

t1 

IRFC

IRFC

switch open 
for time t2

t2 

t2 

VL1 VL2

Figure 3.2: A simplified model of a digital PA using a multi-phase architecture, where the difference in the
two basis vectors corresponds to an increased duty-cycle (D) of the on-time (t1) of the switch, which leads
to a boost in the voltage waveform across the switch.
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to provide the needed biasing for the switches, and the resonant tank components LOMN and CPA

from Fig. 3.1 have been omitted as their role is only to allow the fundamental component of current

to flow through the load. The assumption of zero on-resistance also allows consolidation of the m

and n cells of Fig. 3.1 into a single switch with an increased duty cycle, where the switch is closed

for time t1, and open for time t2, and values of t1 and t2 are related to the phase difference between
~�A or ~�B. The duty cycle (D) is given by:

D =
t1

t1 + t2
(3.3)

In order to determine the steady-state operation of the PA, consider two snapshots in time:

Switch is closed: During this time t1, the RFC is directly connected in series with the voltage

source VDD, thereby becoming magnetized, and exhibiting an increase in the build-up of flux

(��1), which can be calculated as follows:

VDD = LRFC(
�IRFC

�t
) = LRFC(

�IRFC

t1
), (3.4)

and by definition,

��1 = LRFC .(�IRFC) = LRFC .(
VDD.t1
LRFC

) = VDD.t1 (3.5)

Switch is open: During this time t2, the voltage across the switch (VL1) increases due to the current

IRFC flowing through the load. This leads to a decrease in the build-up of flux (��2) in the RFC:

��2 = (VL1 � VDD).t2 (3.6)

In steady-state, the RFC experiences no net change in its flux, implying:

��1 = ��2 (3.7)

VDD.t1 = (VL1 � VDD).t2 (3.8)

VL1 = VDD.(
t1 + t2
t2

) =
VDD

1�D
(3.9)

When the PA is operating completely along one of the basis vectors, t1 = t2, resulting in D = 0.5.

Equation (3.9) shows that VL1 = 2 ⇥ VDD, just as indicated in Fig. 3.2. (Note that although
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1% drop

< 0.6 dB variation

φB 

(a)

(b)

Figure 3.3: For the scenario m = n = p/2, ~�A = 0�, and ~�B swept from 0� to 120� (a) the fundamental
component of the output voltage swing shows less than 0.6 dB variation; however, (b) the efficiency is sig-
nificantly reduced. The results from a switch model with a finite on-resistance (rsw) are in close agreement
with the switches implemented as cascode cells from a general-purpose 65 nm CMOS process.

the above equations are derived for m = n = p/2, assuming both ~�A = ~�B = 0� results in the

same condition as though the PA is operating along one of the basis vectors. This allows for easy

comparison between the best-case and the worst-case scenarios of |Vout,max|). However, when the

PA is operating in the middle of the two vectors, the resulting D increases, leading to a boost

in the voltage across the switch. For example, if ~�A = 0� and ~�B = 90�, t1 = 3.t2, resulting in

D = 0.75. Equation (3.9) shows that VL1 = 4 ⇥ VDD, just as indicated in Fig. 3.2. So although

the voltage difference across the load is non-zero for a shorter span of time, as the D increases,

the resulting voltage boost compensates for this behavior. Therefore, at a high-level, a non-linear

digital PA does not suffer from the limitation of reduction |Vout,max| contour, as exhibited by its

linear counterpart. It is important to note that a two-dimensional AM-PM look-up table would be

required to account for the non-linear summation, as explained in Section 3.4.1.

In practice, the switches exhibit a finite on-resistance (rsw), which will also impact the reduction



55

69%

76%

ef
fic

ien
cy

1.64x efficiency 
improvement 

output 
phase42% 

Figure 3.4: For m+n = p (maximum output amplitude (|Vout,max|) contour), a quadrature architecture (red)
exhibits severe performance degradation, with a worst-case efficiency of 42%, while its 8-phase counterpart
(green) maintains a relatively high worst-case efficiency of 69%, highlighting a 1.64⇥ improvement.

in the |Vout,max| contour, along with the phase difference between ~�A and ~�B [73–75]. Therefore,

in order to understand the overall practical behavior of the proposed architecture, the schematic

shown in Fig. 3.1 is simulated with 100 switches (p = 100) with rsw = 90⌦ per switch, for

the condition m = n = p/2, where ~�A = 0�, and ~�B is swept from 0� to 120�. The resulting

worst-case |Vout|, shown in Fig. 3.3(a), exhibits less than 0.6 dB variation for ~�B between 0� and

90�. This result is also confirmed in a general-purpose 65 nm CMOS process, as depicted in Fig.

3.3(a), where the switches are implemented using a cascode unit cell. This behavior highlights the

advantage of the non-linear summation of ~�A and ~�B.

Although the phase difference between ~�A and ~�B does not significantly affect the |Vout,max| con-

tour, it has implications on the overall efficiency as 6 Vout is swept away from the basis vectors.

As this phase difference increases, the switches are turned on for a longer period of time (t1 in-

creases), and the power dissipated in the finite rsw increases, thereby reducing efficiency. The

setup explained above is also used to simulate efficiency using the same switch model, and the

results are shown in Fig. 3.3(b). The efficiency drops by 33%, a severe degradation, when ~�B =
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n (or m) = p, 
m (or n) = 0
n = m = p/2
n = m = p/2

n (or m) = p, 
m (or n) = 0
n = m = p/2
n = m = p/2

8-phase PA

Quadrature PA

(a)

(b)

Figure 3.5: Time-domain voltage waveforms at the drain of cascode cells when the PA is operated along
the basis vectors (m = p, n = 0 or n = p,m = 0) and at the middle of the two basis vectors (m = n =
p/2), for both (a) the quadrature and (b) the 8-phase architecture. The voltage peak exceeds 3⇥ VDD for
the quadrature architecture, while it is relatively tamer for the 8-phase counterpart, alleviating reliability
concerns related to the breakdown of the devices.

90�. Reducing the phase difference ameliorates this issue, i.e. the efficiency drop is only 7% for
~�B = 45�, and it is almost negligible (about 1%) for ~�B = 22.5�. Again, these results are in close

agreement with the switches implemented using the cascode unit cell. Overall, Fig. 3.3(a) and (b)

lead to the conclusion that reducing the phase difference between ~�A and ~�B is desirable.

To build a functioning transmitter capable of handling complex modulation schemes such as QAM,

Vout needs to cover the entire constellation. Therefore, reducing the phase difference between ~�A

and ~�B increases the total number of required vectors. The transmitter then dynamically switches
~�A and ~�B to the two adjacent vectors such that the desired Vout is encompassed by them. There-



57

fore, for ~�A = 0� and ~�B = 90�, only 4 (quadrature) vectors are required, while this number in-

creases to 8 and 16 as ~�B decreases to 45� and 22.5�, respectively. The phase generation design,

explained in Section 3.2.2, is not able to generate 16 equally spaced phase-shifted signals around

6.5 GHz due to the higher delay of the older 65 nm node; therefore, an 8-phase architecture is

chosen for this work. However, based on the application, if the operating frequency is lower, or if

a newer (smaller node) CMOS process is affordable, a 16-phase architecture could be chosen.

Advantages of an 8-phase architecture:

This section details the advantages of an 8-phase architecture over a quadrature architecture. All

the simulations shown here are performed in a general-purpose 65 nm process with 100 digital

cells, where each cell is composed of switches implemented using a cascode cell (common source

+ common gate). The common source device is of size 16.64 µm and the common gate device is

of 11.00 µm.

• Increased overall efficiency: As explained above, the multi-phase architecture achieves the

highest efficiency when it is being operated along one of the basis vectors, and the efficiency

degrades as 6 Vout is swept away from them. Fig. 3.4 compares the efficiency of an 8-phase

architecture with its quadrature counterpart for the case m+ n = p (i.e. |Vout,max| contour).

As expected, both the architectures achieve an identical maximum efficiency of 76% when

operated along the basis vectors (m = p, n = 0 or n = p,m = 0); however, the efficiency

severely degrades for the quadrature architecture when 6 Vout is around the middle of the two

basis vectors (m = n = p/2), with the worst-case efficiency of 42%. On the other hand, the

8-phase architecture maintains a relatively high worst-case efficiency of 69%, highlighting a

1.64⇥ improvement. This improvement results in an increased average efficiency when the

PA is used to transmit complex modulation schemes such as QAM.

• Improved reliability: Again, as explained above, when 6 Vout moves away from the basis

vectors, it increases the overall duty-cycle of the switches, thereby leading to a voltage boost.

Although this mechanism minimizes the variation in |Vout,max| contour, it could cause reli-

ability concerns. Fig. 3.5(a) and (b) show the time-domain voltage waveforms across the
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Figure 3.6: Input code word constellation for (a) a quadrature and (b) an 8-phase digital PA resulting in a
more circular output constellation (c) and (d) due to PA non-linearity. The 8-phase architecture also achieves
a higher resolution since the total number of code words is distributed in a smaller sector of the constellation.

switch (at the drain of a cascode cell) for both the quadrature and the 8-phase architectures

when the PA is operated along the basis vectors (m = p, n = 0 or n = p,m = 0) and at

the middle of the two basis vectors (m = n = p/2). Compared to Fig. 3.2, the shape of

the waveforms in Fig. 3.5 is no longer a square wave due to the presence of the resonant

tank. These figures show that while the voltage peak exceeds 3⇥ VDD for the quadrature

architecture, it is relatively tamer for its 8-phase counterpart, alleviating reliability concerns

related to the breakdown of the devices.

• Increased constellation resolution: Since the 8-phase architecture has double the number
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of basis vectors compared to the quadrature architecture, the adjacent basis vectors encom-

pass a smaller sector of the constellation. Therefore, the total code words are distributed in

the smaller sector, resulting in a higher resolution for the entire constellation. Fig. 3.6(a)

and (b) show the input code word constellation for a quadrature and an 8-phase digital PA,

respectively. The resulting output constellation depicted in Fig. 3.6(c) and (d) is more circu-

lar due to PA non-linearity, as explained above. Also, the output constellation of the 8-phase

architecture shows higher resolution compared to its quadrature counterpart, although both

of them have the same number of code words on their basis vectors. (The curves in the

output contours of both the architectures are due to the AM-PM non-linearity of the cascode

cells.) This improvement in resolution translates to an improved quantization noise floor,

which helps with reducing the EVM and the ACLR of the transmitter.

3.2.2 Multi-phase Generation

The advantages of a multi-phase architecture are detailed in Section 3.2.1, and in order to imple-

ment a transmitter based on the eight-phase architecture, eight equally spaced phase-shifted signals

at the operating frequency need to be generated on-chip. Given that WiFi 7 covers almost 2 GHz of

spectrum from 5.17 GHz to 7.125 GHz, it is desirable to use only one transmitter to cover the entire

range. Therefore, the multi-phase generation circuits need to operate over a wide range of frequen-

cies to enable frequency re-configurable transmitters. This also ensures that the input network of

the transmitter does not become the bottleneck of the RF bandwidth, thereby easing the design of

the output matching network of the power amplifier. Therefore, an eight-phase generation circuit

with more than 2 GHz of operating frequency around 6.5 GHz is desired.

Potential solutions and their disadvantages:

• Flip-flop based frequency dividers: A well-known solution in the literature to generate

quadrature signals is through the use of two flip-flops and a differential signal at 2⇥ the

operating frequency [27], as shown in Fig. 3.7(a). Here, the flip-flops are used as dividers,
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Figure 3.7: Potential solutions to generate 8 equally spaced phase-shifted signals around 6.5 GHz through
(a) flip-flop based frequency dividers, (b) polyphase filter (PPF), and (c) a two phase (red) or eight phase
(red + pink) injection locked eight-stage ring oscillator (2P-8ILRO or 8P-8ILRO)

where the inverted output Q is connected to the input D of the flip-flop, and each of the

differential signals is sent to the clock inputs. The outputs Q and Q generate quadrature sig-

nals with very low phase error for a wide range of input frequencies owing to the broadband

nature of the flop-flops. This technique can also be extended to generate 8 equally spaced

phase shifted signals through the use of cascaded flip-flops and 4⇥ the operating frequency

at the input [67,68], as illustrated in Fig. 3.7(a). Although this technique provides the desired

performance, an 8-phase implementation operating from 5 GHz to 7 GHz would require an

input frequency from 20 GHz to 28 GHz, which is cumbersome.

• Polyphase filters (PPF): Another well-known approach to generate multi-phases is through

the use of a polyphase filter [76,77], as shown in Fig. 3.7(b). Unlike flip-flop based dividers,
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the PPF does not require a multiple of operating frequency; however, this technique is rela-

tively narrow band. Fig. 3.8(a) shows the simulated deviation from the desired phases of a

three-ring PPF designed using ideal resistors and capacitors, and whose outputs are followed

by a bias tee and NOT gates to generate the rail-to-rail signals needed to drive a digital trans-

mitter. Since the output amplitudes of the PPF are not symmetric, the non-linearity of the

NOT gates translates the amplitude asymmetry into phase error. Therefore, even an ideal

PPF exhibits deviation from the desired phases at the center frequency, as seen in 3.8(a).

This issue is exacerbated when the operating frequency is varied from the center frequency

as the PPF provides the desired phase shift only at ! = 1/(RC). For example, the outputs

generating 90�/ 270� signals experience about 5� error around 5 GHz, resulting in signals

with 95� / 275� phase shift. Such an error is undesirable as it degrades the linearity of the

transmitter, which affects EVM and ACLR. Although adding more PPF stages can improve

the bandwidth and reduce this error, every additional stage adds about a 3 dB loss, which

will reduce the system efficiency of the transmitter.

• Two-phase injected eight-stage ring oscillator (2P-8ILRO): An even-stage ring oscillator

is another known technique for a multi-phase generation. Since a free-running ring oscillator

suffers from poor phase noise, it can be injection locked to a cleaner RF source, as shown

in Fig. 3.7(c). Simulation of a 2P-ILRO, shown in Fig. 3.8(b), indicates that this technique

can achieve multi-phase generation with low error, as long as the injected frequency (finj)

is close to the natural frequency (fnat) of the oscillator. However, the error starts increasing

as finj moves away from fnat, as seen in Fig. 3.8(b). Furthermore, the locking range of a

2P-ILRO is relatively narrow, thereby requiring VDD tuning of the oscillator, which is also

cumbersome.

Proposed eight-phase injected eight-stage ring oscillator (8P-8ILRO):

To overcome the challenges of multi-phase generation mentioned above, an 8P-8ILRO is proposed

in this work. It has been shown in the literature that a four-stage ring oscillator with injection

signals provided to all four of the quadrature nodes significantly reduces phase error, even if the
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Figure 3.8: Error (deviation) from the desired eight equally spaced phase-shifted signals around 6.5 GHz
when generated through (a) a PPF, (b) a 2P-8ILRO, and (c) an eight-phase injection locked eight-stage ring
oscillator (8P-ILRO)
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injected signals themselves exhibit high phase error [78]. Further, this technique also improves the

locking range of the ILRO, thereby easing the requirement of the injected frequency to be closely

aligned with the natural frequency of the oscillator [79]. In this work, this technique has been

extended to generate eight phases by combining the above-mentioned PPF and ILRO techniques.

The outputs of the PPF are injected into all eight nodes of the 8ILRO, as opposed to only two

nodes, as depicted in 3.7(c). Although the PPF still exhibits significant phase error, the multi-

phase outputs of the proposed technique exhibit < ±0.4� error over the entire operating range, as

shown in Fig. 3.8(c). Further, the locking range of the 8P-8ILRO is increased to almost 4 GHz,

compared to less than 1 GHz offered by the 2P-8ILRO counterpart. Also, this technique naturally

does not require the input frequency to be a multiple of the operating frequency, unlike the flip-flop

based dividers. Therefore, an 8P-8ILRO technique is proposed for the multi-phase generation in

this work.

3.2.3 Transformer Matching Network for Asymmetric Doherty PA:

The use of switch-mode PAs and 8-phase architecture, explained in Section 3.2.1, improves ef-

ficiency for the |Vout,max| contour; however, the efficiency degrades drastically in output power

back-off. The proposed 8-phase PA can be combined with Doherty architecture to improve back-

off efficiency; however, the classical Doherty architecture achieves efficiency enhancement only up

to 6 dB PBO. In order to achieve high data-rates, while maintaining high spectral efficiency, mod-

ern communication systems use higher-order complex modulation schemes, such as 128-QAM.

These signals exhibit high PAPR; therefore, PA architectures with efficiency enhancement in deep

PBO are desired to improve the average efficiency of the transmitter. Further, most sub-7GHz PAs

are implemented using differential architectures to provide a virtual short on-chip at the fundamen-

tal frequency, since that prevents the matching network from de-tuning due to the parasitics of the

wirebonds. However, the output of the PA is desired to be single-ended to allow the transmitter to

be used with single-ended antennas. Normally, a balun would be used after the matching network

to convert a differential signal to a single-ended signal; however, baluns use spiral structures that
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Figure 3.9: (a) A transformer-based asymmetric series Doherty architecture using (b) asymmetric current
drive strengths of the main and the peaking amplifier, (c) to achieve the optimal impedances at 0 dB and
20.log(↵) dB back-off, and thereby leading to (d) efficiency enhancement at 20.log(↵) dB back-off.

consume area on-chip.

A transformer-based matching network has the potential to provide the desired solution, as it can

achieve the functionality of both the matching network and the balun in a smaller area. This

technique can be extended with the use of two transformers to even provide the behavior of Doherty

architecture. Further, with the use of an asymmetric Doherty design, the efficiency enhancement

can be increased to deep PBO. Such a network can be implemented either in a parallel [20, 59]

or a series [71, 72] fashion. However, the parallel transformer adds the currents from the main

and the peaking PA to the output, causing the load resistance (RL) to transform up, resulting in

a higher than RL impedance seen by each of the PAs. Since CMOS PAs are voltage-limited, and

therefore desire low impedance to output higher power, additional matching networks or multi-turn



65

RL

VDD

VDD

k1

k2

IMAIN ∠0° 

IMAIN ∠180° 

IPEAK ∠90° 

IPEAK ∠270° 

Ls2Lp2

Lp1 Ls1

COMN

RL

VDD

k2

k2
2
.Ls2

= (1-k2
2).Ls2

ωRL

α 

k1
2
.Ls1

90° RL
α 

IPEAK ∠270° 

IPEAK ∠90° 

Lres2

IMAIN ∠180° 

IMAIN ∠0° 

Lres1 VDD

(a) (b)

k1

ωα
RL

= (1-k1
2).Ls1ωα

RL

Figure 3.10: (a) Implementation of a transformer-based asymmetric series Doherty matching network, where
k1 and k2 represent the magnetic coupling coefficients of the main and peaking transformers, respectively.
Lres1 and Lres2 represent the inductors used to resonate the parasitic capacitors of the PAs, and the trans-
mission line is implemented using an equivalent high-pass T LC network. Taking advantage of the parallel
magnetic inductance and the series leakage inductance of a practical transformer, (b) the entire network
can be implemented simply using two transformers (Lp1-Ls1 and Lp2-Ls2), and a capacitor (COMN ), to
achieve a compact design.

transformers are needed. Such a solution is not desirable as it increases the loss of the network

and reduces efficiency. On the other hand, the series architecture adds the voltages from the main

and the peaking PA to the output, and thereby naturally provides lower impedance to both the PAs.

Therefore, a series Doherty architecture is implemented in this work.

Fig. 3.9(a) shows the schematic of a transformer-based asymmetric Doherty architecture, which

consists of two transformers driven by a differential main and a differential peaking PA. The volt-

age supply for the PAs is provided through the virtual shorts at the center-tap of the primary coil of

the transformers. The secondary coils of the two PAs are connected in series to achieve a single-

ended output, and a 90� transmission line with a characteristic impedance of RL/↵ is placed in

series with the secondary coils. The peaking PA is driven 90� out of phase with respect to the main
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PA to account for the delay in the transmission line.

To achieve efficiency enhancement in PBO, the current drive strengths of the main and peaking

PAs need to satisfy:
max(IPeak)

max(IMain)
= ↵� 1 (3.10)

as shown in Fig. 3.9(b), where ↵ denotes the back-off level on a linear scale where the peaking

amplifier turns off and efficiency enhancement is achieved [56]. The resulting impedances seen by

the main and peaking PAs are shown in Fig. 3.9(c), where ZMain = (↵ � 1).ZPeak at 0 dB PBO,

as desired, since the peaking PA is (↵ � 1) times bigger than main PA to satisfy the current drive

strength requirement. As the peaking PA turns off, the impedance seen by the main PA increases

by a factor of ↵, due to the nature of the 90� transmission line, leading to the desired efficiency

enhancement at 20.log(↵) dB PBO, as shown in Fig. 3.9(d).

The transmission line, shown in Fig. 3.9(a), is not practical to implement on chip for sub-7 GHz

designs due to its large size and therefore needs to be implemented using lumped component ap-

proximations. Although high-pass (⇡ and T ) and low-pass (⇡ and T ) equivalent LC networks all

provide viable solutions, the high-pass T network will result in a compact design, as shown in

Fig. 3.10(a) and (b). Here, k1 and k2 represent the magnetic coupling coefficients of the main

and peaking transformers, respectively. Inductors Lres1 and Lres2 have been added to resonate the

parasitic capacitors of the two PAs, and the transmission line is implemented using an equivalent

high-pass T LC network, where the value of the inductance is given by Z0/! = RL/(!.↵) and

the capacitance is given by 1/(Z0.!) = ↵/(!.RL) [72]. Given that a practical transformer with

a coupling coefficient k provides a parallel magnetizing inductance given by k2.L, and a series

leakage inductance given by (1 � k2.L), they can be used to produce the necessary inductance

for Lres and LT line, as shown in Fig. 3.10(a). Therefore, the entire asymmetric series Doherty

matching network can be implemented simply using two transformers (Lp1-Ls1 and Lp2-Ls2), and

a capacitor (COMN ), to achieve a compact design, as highlighted in Fig. 3.10(b).



67

90° RL
α 

RL

VDD

VDD

1:k1n1

1:k2n2

Z2

I2

I2
k2n2

Z3

Z2.(k2n2)2

I1
k1n1

I2

PAPEAK+

PAPEAK-

PAMAIN+

PAMAIN-

I1

I1
Z4

Z5

Z1

+

-
V2

+

-
V1

Figure 3.11: A transformer-based asymmetric series Doherty network showing impedances and current
labels for helping with the derivation of the design methodology.

Derivation of equations for the design of a transformer-based series asymmetric Doherty

matching network:

This section derives the equations and explains the design methodology to implement a transformer-

based asymmetric series Doherty matching network with any desired back-off efficiency enhance-

ment level, and at any desired frequency. Fig. 3.10 and 3.11 are used as a references throughout

the derivation, where n1 and n2 are defined as:

n1 =

s
Ls1

Lp1
n2 =

s
Ls2

Lp2
(3.11)

Since the peaking PA is turned off at the back-off efficiency enhancement level ↵, it presents an

open circuit to the transformer network, implying Z3 = 1 ⌦. The 90� transmission line translates

that open to a short, resulting in Z4 = 0 ⌦. Thus, the impedance seen by the main PA Z1, ↵ PBO

is simply the load resistance transformed by the coupling coefficient k1, and the transformer turns
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ratio n1, given by

Z1, ↵ PBO =
RL

k2
1.n

2
1

(3.12)

Since the impedance seen by the main PA decreases by a factor ↵ at 0 dB PBO, and since the

peaking PA is (↵ - 1) times the size of the main PA, we need to ensure

Z1, 0dB PBO =
ZMain, ↵ PBO

↵
=

RL

↵.k2
1.n

2
1

and (3.13)

Z2, 0dB PBO =
ZMain, 0dB PBO

(↵� 1)
=

RL

↵.(↵� 1).k2
1.n

2
1

(3.14)

In general, the impedance Z2, and the currents I1 and I2, shown in Fig. 3.11 can be transformed

to the secondary side of the peaking transformers as Z2.(k2.n2)2, I1/(k1.n1), and I2/(k2.n2), re-

spectively. Knowing that power is conserved from the input to the output of a lossless transmission

line, we get

(
I2

k2.n2
)2.[Z2.(k2.n2)

2] = (
I1

k1.n1
)2.[Z5] (3.15)

Further, since the transmission line is designed to be 90� in electrical length (quarter wavelength),

Z2.(k2.n2)
2 = (

RL

↵
)2.

1

Z5
, (3.16)

Using equations (3.15) and (3.16),

Z2 =
R1

↵
.
I1
I2
.

1

k1.n1.k2.n2
(3.17)

) Z2, 0dB PBO =
R1

↵.(↵� 1).k1.n1.k2.n2
(3.18)

Therefore, equations (3.14) and (3.18) lead to the conclusion that

k1.n1 = k2.n2 (3.19)

Similarly, we can show that

Z4 = RL.
I2
I1
.
k1.n1

k2.n2
(3.20)

) Z4, 0dB PBO = RL.
(↵� 1)

↵
.
k1.n1

k2.n2
(3.21)
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and using KVL, we get

Z4, 0dB PBO.
I1

k1.n1
+ k1.n1.V1 = RL.

I1
k1.n1

(3.22)

Combining equations (3.21) with (3.22) at the 0 dB PBO condition, and using equation (3.19)

results in
V1, 0dB PBO

I1, 0dB PBO

= Z1, 0dB PBO =
RL

k1.n1
.(
1� ↵

↵
.

1

k2.n2
+

1

k1.n1
) (3.23)

) Z1, 0dB PBO =
RL

↵.k2
1.n

2
1

(3.24)

just as equation (3.13) wanted to ensure.

Substituting the values of n1 and n2 from equation (3.11), and using of equation (3.19) in equations

(3.13) and (3.14), we get

Z1, 0dB PBO =
RL.Lp1

↵.k2
1.Ls1

=
RL.Lres1

↵.k2
1.Ls1

(3.25)

Z2, 0dB PBO =
RL.Lp2

↵.(↵� 1).k2
2.Ls2

=
RL.Lres2

↵.(↵� 1).k2
2.Ls2

(3.26)

Note that Lp = Lres because the magnetic inductance of the transformer (k2.Ls), which is used to

implement Lres, gets reflected to the primary side as (k2.Ls)/(k2.n2) = (k2.Ls.Lp)/(k2.Ls) = Lp.

Also, since Lres1 and Lres2 are used to resonate the parasitic capacitance C1 and C2 of the main

and the peaking PAs, respectively, equations (3.25) and (3.26) can be rewritten as:

k2
1.Ls1 =

RL.Lres1

↵.(Z1, 0dB PBO)
=

RL

↵.!2
.

1

C1.(Z1, 0dB PBO)
(3.27)

k2
2.Ls2 =

RL.Lres2

↵.(↵� 1).(Z2, 0dB PBO)
=

RL

↵.(↵� 1).!2
.

1

C2.(Z2, 0dB PBO)
(3.28)

Now, we can make an important observation: (Z1, 0dB PBO) and (Z2, 0dB PBO) are design parame-

ters that determine the output power of the PA, and as these values are varied, the size of the PA

needs to vary inversely to achieve the desired output power and maintain high efficiency. This

implies that the capacitance presented by the PA also varies inversely. Therefore, for a given

PA architecture, the factors C1.(Z1, 0dB PBO) and C2.(Z2, 0dB PBO) are constant, to the first order.

Thus,

C1.(Z1, 0dB PBO) = C2.(Z2, 0dB PBO) = �, (3.29)
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where � represents the value of this constant, which can be determined through simulations. In a

general-purpose 65 nm CMOS process, � = 15 ⌦.pF, for a cascode cell using the nominal thin

oxide transistors. Therefore, we get

k2
1.Ls1 =

RL

↵.!2.�
(3.30)

k2
2.Ls2 =

RL

↵.(↵� 1).!2.�
(3.31)

Lastly, Fig. 3.10(a) gives two more equations; since the series inductance of the 90� transmission

line is implemented using the leakage inductance of the transformer, we get

(1� k2
1).Ls1 =

RL

↵.!
(3.32)

(1� k2
2).Ls2 =

RL

↵.!
(3.33)

3.2.4 Derivations Results and Design Strategy:

Using equations (3.30), (3.31), (3.32), and (3.33), we can solve for Ls1, Ls2, k1, and k2

Ls1 =
RL

↵.!
.(1 +

1

!.�
) (3.34)

Ls2 =
RL

↵.!
.(1 +

1

(↵� 1).!.�
) (3.35)

k1 =

s
1

1 + !.�
(3.36)

k2 =

s
1

1 + (↵� 1).!.�
(3.37)

For a load resistance (RL) of 50 ⌦, the above equations can be plotted with respect to the operating

frequency for a family of efficiency enhancement back-off levels, as shown in Fig. 3.12. These
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Figure 3.12: Design of a transformer-based asymmetric series Doherty network at any desired frequency
and at any desired efficiency enhancement (EE) level using (a) Ls1, (b) Ls2, (c) k1, and (d) k2.

plots can be used to determine the values for Ls1, Ls2, k1, and k2. It is important to note that

these plots assume and � = 15 ⌦.pF, which will change if a different CMOS process is used,

or if a different PA architecture is used (e.g. a cascode cell with thick gate transistors). In that

scenario, the value of � can be determined through a simple simulation and can be substituted in

the above equations to generate a new set of plots. The transistor size of the main and the peaking

PAs are determined based on the desired output power, and the values of Lp1 and Lp2 are designed

to resonate out the capacitance presented by the PAs, as explained above. This design procedure

automatically ensures that the impedances presented to the PAs are optimal from an output power

and efficiency standpoint, as � accounts for that. Note that we need to ensure the following to

achieve the desired efficiency enhancement at ↵ back-off:

Lp1 = (↵� 1).Lp2 (3.38)

size(PeakPA) = (↵� 1). size(MainPA) (3.39)
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3.3 Implementation of a Current-Mode Eight-phase Asymmet-

ric Doherty Transmitter Using a Single Footprint Trans-

former

This section describes the implementation of a current-mode eight-phase digital asymmetric series

Doherty transmitter using a single footprint transformer. The overall block diagram is shown in

Fig. 3.13, where a CW differential RF signal is provided to the chip, and a single-ended output

with the desired amplitude and phase is produced by the chip. The differential input is fed to

a three-ring PPF to generate eight “unclean” phases that are used to injection lock an 8ILRO to

achieve “clean” wideband eight-phase generation. These eight phases behave as the basis vectors

for the digital power amplifier, as explained in Section 3.2.2. Next, based on the desired output

phase, the two adjacent basis vectors, ~�A and ~�B, and their corresponding differential basis vectors,
~�A and ~�B, are selected through an eight-phase basis vector mapper and fed to the main PA. Since

the peak PA is driven 90� out of phase with respect to the main PA, ~�C , ~�D, ~�C , and ~�D are fed

to the peak PA. Therefore, all of the eight basis vectors are always assigned to either the main

or the peak PA, at any given time. The digital PA cells perform the non-linear combination of

the basis vectors for producing the desired output amplitude and phase. The outputs of PAs are

combined through a single footprint transformer to achieve efficiency enhancement in deep power

back-off, and achieve single-ended output, while maintaining a compact form-factor. The details

of the circuit blocks are mentioned below.

3.3.1 Implementation of Wideband Eight-phase Generation around 6.5 GHz

As discussed in Section 3.2.2, an 8P-8ILRO technique is implemented on this chip for wideband

eight-phase generation around 6.5 GHz, as shown in Fig. 3.14. The three-ring PPF is desired

to be composed of high impedance resistors and capacitors, since that results in an overall high

input impedance. This can be easily matched to 50 ⌦ for a wide range of operating frequencies
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Figure 3.13: Overall block diagram of the implemented current-mode eight-phase asymmetric digital Do-
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overall block-level schematic of the unit cells of the PAs.
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Figure 3.14: An eight-phase injected eight-stage injection locked ring oscillator (8P-8ILRO) technique to
generate eight equally spaced phase-shifted signals around 6.5 GHz is composed of (a) a PPF to generate
the eight “unclean” injection signals, (b) a bias tee to raise the DC offset of the injection signals, and (c) an
eight-stage ring oscillator to output the “clean” phase-shifted signals.
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Figure 3.15: Post parasitic extracted voltage swing attenuation from the input (single-ended) to the outputs
(single-ended) of the PPF.

by simply placing resistors in parallel at the input. In this work, the values of all the resistors and

capacitors of the PPF are chosen to be 800 ⌦ and 30 fF, respectively, which results in a single-

ended input impedance of about 400 ⌦ || 60 fF. 56 ⌦ resistors are added in parallel at the PPF input

to reduce reflections, resulting in S11 that remains below -20 dB throughout the operating range.

The resulting post-parasitic extracted voltage swing attenuation from the input (single-ended) to

the outputs (single-ended) of the PPF is shown in Fig. 3.15. The attenuation increases with the

increase in the frequency of operation due to parasitic load capacitance. It should be noted that

using an LC matching network, instead of the parallel resistors, results in a passive voltage gain

that can improve the system efficiency of the transmitter; however, this reduces the RF bandwidth

of the input network due to the narrow-band nature of the LC networks, and it also increases the

area of the chip due to the use of additional inductors. Therefore, this approach is not implemented

in this work.

Bias tee blocks, followed by NOT gates, are placed in between the PPF outputs and the inputs to

the 8ILRO for adding a DC offset to the injected signals, as shown in Fig. 3.14(b) This ensures

that the injected signal swing is centered at VDD/2, which maximizes the gain provided by the

non-linear NOT gates. The injection signals are fed to only differential nmos devices to alleviate

the DC bias interaction at the injection nodes of the ring oscillator [80, 81], and cross-coupled

NOT gates are added between the differential nodes to prevent the ring oscillator from latching.
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Figure 3.16: Post parasitic extracted error (deviation) from the desired eight equally spaced phase-shifted
signals around 6.5 GHz shows significant error at the output of (a) the three-ring PPF, while (b) the error is
substantially reduced through the 8P-8ILRO.

The transistor sizes and values of the resistor and capacitors are shown in Fig. 3.14.

The simulated result of the implemented 8P-8ILRO after parasitic capacitance extraction is de-

picted in Fig. 3.16. The output of the 3-ring PPF shows a significant amount of error, as high

as �17�; however, this error is substantially reduced to < ±1.5�, at the output of the ring oscil-

lator, highlighting the advantage of the implemented 8P-8ILRO technique. Note that the locking

range shown in Fig. 3.16(b) represents the maximum locking range of the implemented 8P-8ILRO

around 6.5 GHz. It is shown in the literature that the locking range is dependent on the strength of

the injected signals [79], and the maximum locking range is attained when these injected signals

swing from 0 to VDD, as exceeding any further could result in reliability concerns related to the

breakdown of the devices.
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Figure 3.17: Block-level schematic of the implemented eight-phase basis vector mapper.

3.3.2 Implementation of Eight-phase basis vector mapper around 6.5 GHz

The outputs of the 8P-8ILRO structure are fed to an eight-phase basis vector mapper for assigning

the desired phases to the main PA or the peak PA, as described above. Although the mapper can be

implemented using a standard multiplexer tree with 3-bit control and 56 switches (seven switches

per path for a total of eight paths), it results in a considerable number of cross-overs between the

signals since all eight input signals need to be routed to all eight paths. Such a design introduces

parasitic coupling that increases phase error between the different paths. A simple observation can

significantly simplify the mapper design - note that the phase relationship between the outputs of

the mapper is dependent on each other; for example, ~�A always lags ~�B by 45�, and ~�B always

lags ~�c by 45�, and so on; only the absolute value of the phases vary. Therefore, the mapper does

not need to achieve independent control for each path, as offered by the standard multiplexer tree.
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A simplified mapper design, resulting in a total of 24 switches that are divided into columns of

three with a 3-bit control is shown in Fig. 3.17. Further, each input signal is only routed to two

switches, which ameliorates the parasitic coupling issue.

Each switch is implemented using a 2:1 multiplexer, as depicted in Fig. 3.17, where the RF signal

is fed to two NAND gates along with the control signal and its complement. This allows only one

of the RF signals to propagate, while the output of the other NAND gate clamps to VDD. These

two signals are then combined through a final NAND gate to drive a set of NOT gate buffers.

Since a standard NAND gate presents uneven load capacitance to its drive signals, it is crucial

that the final NAND gate is implemented using a symmetric NAND topology to ensure its delay is

identical, irrespective of the RF signal that propagates through it [27]. The sizes of all the devices

are mentioned in Fig. 3.17. The output of the mapper is followed by an additional set of NOT gate

buffers in a fan-out structure to drive the 2D unit-cell grid, described below.

3.3.3 Implementation of the PAs and its Unit Cells

The peak PA is designed to be twice the size of the main PA for the following three advantages:

• The resulting architecture is an asymmetric Doherty network that achieves efficiency en-

hancement in deep PBO. Based on equation (3.39), (↵ � 1) = 2, which results in enhance-

ment up to 9.5 dB output power back-off.

• The asymmetric architecture eases the design of a transformer-within-transformer structure

since the two transformers are desired to be different in size. The classical Doherty architec-

ture that achieves efficiency enhancement until 6 dB PBO, needs two identical transformers.

Such a design is challenging to realize if one transformer is inserted into another, as that pro-

cess inherently leads to asymmetry. A transformer-within-transformer technique is easier to

achieve for an asymmetric design.

• It reduces a significant amount of layout effort due to the reuse of implemented cells. For

example, the peak PA can be implemented by simply “copying and pasting” the main PA
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twice, and then connecting the outputs of the two pasted blocks together, as shown in Fig.

3.13. Similarly, the buffers driving the main PA can be re-used for driving the peak PA. Such

a design is useful for being able to scale with process nodes, since only one “golden” unit

cell needs to be implemented, and this would not be possible had the peak PA size been a

non-integer multiple of the main PA size.

It is important to note that since the peak PA is double in size compared to the main PA, the output

of the eight-phase basis vector mapper needs to drive uneven loads. Therefore, a dummy buffer is

added in parallel to the buffers driving the main PA to compensate for this mismatch, as shown in

Fig. 3.13.

The block level schematic of one of the main PA’s unit-cell is also shown in Fig. 3.13 (two of

these cells are used to create a unit-cell for the peak PA). Based on the desired output amplitude

and phase, the output stage of each unit cell can be driven by either one of the two basis vectors,

or it can be turned off. Therefore, every cell receives both of the adjacent basis vectors ( ~�A and
~�B), and the control signals ~�A-enable and ~�B-enable. Similar to the 2:1 switch described above,

the enable signals only allow one of the basis vectors to propagate using a symmetric NAND gate,

which is followed by a set of NOT gate buffers. The output stage is implemented using a cascode

topology, composed of a CS stage and a common-gate (CG) stage, to allow for a higher voltage

swing handling capability, and thereby increase output power. The sizes of all the devices are

mentioned in Fig. 3.13.

The PAs are implemented using 6-bit thermometer-coded unit-cells that are arranged in a 2D grid

consisting of row and column signals. The enable signal is calculated through a simple digital

logic given by [(rowi.columnj) + rowi+1], where 0  i, j  7, and row0 = 1, row7+1 = 0, and

column7 = 0. To reduce the number of pads on-chip, these row and column signals are derived

from a 6-bit binary code that is split into two sets of 3-bit binary codes, and each of them is then

converted to a 7-bit thermometer code through an on-chip decoder. Since each cell needs two

enable signals, one per basis vector, the main PA and the peak PA each have a total of 2⇥ 6-bit

control. The two enable signals are designed to traverse in a reverse order on the 2D grid to ensure
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Figure 3.18: (a) An implementation of an asymmetric transformer-based series Doherty network with para-
sitic magnetic coupling, resulting in (b) efficiency enhancement close to 9.5 dB PBO when kp = 0, and the
degraded performance in PBO as kp increases.
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only one enable signal is activated per unit cell, at any given time. Finally, TSPC-based flip-flops

are used in every unit-cell to correct the timing mismatch associated with the control signals.

3.3.4 Implementation of Single Footprint Asymmetric Series Doherty Trans-

former Network

Typically, two transformers are used for designing an asymmetric series Doherty matching net-

work, as described in Section 3.2.3, and an example of such a network operating at 6.5 GHz, for

↵ = 3 [size(PeakPA) = (↵� 1). size(MainPA)], is developed using the design strategy described

in Section 3.2.4, and it is shown in Fig. 3.18(a). The transformers are assumed to be lossless,

and the PA unit cells are implemented using a cascode topology, similar to the one depicted in

Fig. 3.13. The values of the components used in the network are also shown in 3.18(a). This

design achieves a peak drain efficiency of 76% and efficiency enhancement close to 9.5 dB PBO,

as expected.

Although the design described above achieves the desired performance, it consumes a significant

amount of area. Therefore, a transformer-within-transformer structure is proposed and imple-

mented in this work. However, placing one transformer inside another leads to parasitic magnetic

coupling (kp1, kp2, kp3, and kp4) between the transformers of the main PA and the peak PA, as

indicated in Fig. 3.18(a), which can significantly reduce the performance of the overall power am-

plifier. To understand the effects of this parasitic magnetic coupling, the design described above

is simulated for various values of kp, where kp = kp1 = kp2 = kp3 = kp4 for simulation simplicity.

The results show significant degradation in back-off efficiency enhancement with increasing kp, as

illustrated in Fig. 3.18(b). Therefore, all parasitic coupling coefficients are desired to be  0.1 for

the proposed transformer-within-transformer design.

To reduce the parasitic coupling coefficients of the transformer-within-transformer structure, the

inner transformer is twisted into a Figure-8 structure, as shown in Fig. 3.19(a). The resulting

magnetic flux in the two “octagons” of Figure-8 are almost equal in magnitude but opposite in
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Figure 3.19: (a) The implemented single footprint transformer-based series Doherty network using the
transformer-within-transformer technique with (b) very low parasitic coupling, resulting in (c) maximum
passive efficiency of 70%, and (d) the desired input impedance for the Main and the Peak PA.
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Figure 3.20: Die photo of the transmitter realized in a 65 nm CMOS process.
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direction; therefore, the net induced current in the non-twisted loops due to the Figure-8 loops is

close to zero, leading to very low parasitic coupling [82]. The design of Fig. 3.18(a) is taken as the

starting point, and iterative EM simulations are performed to reach the final solution that is shown

in Fig. 3.19(b). Note that the coil on the outside of one of the “octagons” ends up on the inside

of the other, since this allows the desired connections to be made without the need for additional

vias. Reducing the number of vias results in lower loss, and thereby improves efficiency; however,

this uneven nature of the Figure-8 structure results in imperfect cancellation of the magnetic flux.

Therefore, the parasitic coupling coefficients are not exactly zero, but simulations show that they

are below 0.1, as desired. The passive efficiency is close to 70% at maximum output power, and

almost 59% when the peak PA is switched off, as shown in Fig. 3.19(c). Finally, Fig. 3.19(d)

shows that the impedance seen by the main PA (ZMain) is almost twice compared to the peak PA

ZPeak at maximum output power, as desired, and ZMain increases to more than 2⇥ when the peak

PA is turned off, which results in efficiency enhancement in PBO. Note that ideally, ZMain needs

to increase by 3⇥ when the peak PA is turned off, but the impedance boost is reduced in practical

implementations due to the loss of the transformers, and the non-infinite off resistance of the peak

PA, preventing the efficiency enhancement peak from the reaching the design value of 9.5 dB PBO.

The die photo of the implemented transmitter is shown in Fig. 3.20.

3.4 Measurement

3.4.1 CW Measurements

For CW measurements, the 27 control bits (12 bits for Main and Peak PA each + 3 bits for basis

vector mapper) are driven by an Arduino Due, with an off-chip digital level-shifter in-between to

translate the digital signals from 0-3.3 V to 0-1.8 V. Additionally, on-chip digital level-shifters are

also used to further reduce the swing to 0-1.2 V. An external 100 MHz clock is provided to the

chip, since the TSPC flip-flops need to be clocked for preventing charge leakage. The CW RF
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input is generated through Keysight’s N5245A PNA-X vector network analyzer, followed by an

external balun to produce a differential signal at the operating frequency, which is provided to the

chip through a differential probe. The output cascode stage of the transmitter uses a 1.25 V supply,

and the gate of the CG stage of the cascode structure uses 1.2 V for biasing. The NOT gate driving

the CS stage of the cascode structure uses a reduced 0.85 V supply to improve the efficiency of

the output stage, and the injection-locked ring oscillator supply VRO is set to 1.01 V to achieve

the optimal phase noise performance at 6.5 GHz, as shown below; the rest of the supplies use

1.2 V. The output of the transmitter is connected to a single-ended probe, followed by an external

wideband power splitter, where one end is connected to the PNA-X for measuring the input to the

output phase difference, while the other is connected to a Rhode and Schwarz’s NRP-Z57 power

sensor to measure the output power.

Fig. 3.21 shows that for an input power of 6 dBm (3 dBm at each of the differential RF inputs)

provided to the chip, the implemented injection locked oscillator achieves more than 1 GHz of

locking range. This figure also shows the phase noise at the output of the transmitter for the entire

achievable locking range at a constant VRO, and compares them to the phase noise of the input

PNA-X signal (green) provided to the chip, showing an optimal performance at 6.5 GHz. Although

the locking range can be improved by increasing the output power, it results in a reduction of

transmitter gain. Therefore, in this work, the input power is set to 6 dBm to achieve a decent gain

of about 14 dB for the entire operating frequency range, as shown below.

Fig. 3.22 (a) and (b) show the frequency dependence of the transmitter for DE, Pout, and gain,

where the supply of the ring oscillator is varied with respect to frequency to achieve optimal phase

noise performance. The transmitter achieves a DE above 30% for the frequency range of 4.5 GHz

to 7.0 GHz, with a maximum of 38% at 5.75 GHz, 34% at 6.5 GHz, and 31% at 7.0 GHz. It also

achieves more than 20% DE in PBO (Peak PA turned off) from 6.1 GHz to 7.0 GHz, with 24% at

6.5 GHz, and a maximum of 26% at 7.0 GHz, as shown in Fig. 3.22 (a). Further, it attains more

than 20 dBm Pout and close to 14 dB gain from 4.5 GHz to 6.7 GHz, as depicted in Fig. 3.22 (b).

This wideband performance also indicates the strength of the proposed 8P-8ILRO technique for

generating multi-phases for a wide frequency operating range.
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Input Power = 6 dBm

Figure 3.21: Measured phase noise of the injection locked ring oscillator for the entire locking range at a
constant VRO = 1.01 V

> 20 dBm Pout,max from 4.5 GHz to 6.7 GHz

> 30% DEmax from 4.5 GHz to 7.0 GHz

Figure 3.22: Measured frequency dependence of the implemented PA for (a) DE at maximum output power
and at power back-off when the peak PA is turned off, and (b) maximum output power and gain, where the
supply of the ring oscillator is varied with respect to frequency to achieve optimal phase noise performance.
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Figure 3.23: Measured drain efficiency (DE) and system efficiency (SE) of the implemented PA at (a) 6.25
GHz, (b) 6.50 GHz, (c) 6.75 GHz and (d) 7.00 GHz compared to normalized class B PAs.

Given that the transmitter performs optimally in PBO above 6.1 GHz, it is measured for DE and

SE for the entire PBO range at 6.25 GHz, 6.5 GHz, 6.75 GHz, and 7.0 GHz, and it is compared

with a normalized class B PA’s performance, as shown in Fig. 3.23 (a), (b), (c), and (d), respec-

tively. Here, the system efficiency includes the power dissipated in the output stage as well as

all the other circuit blocks of the transmitter. The implemented transmitter achieves a maximum

DE of 34%, 33%, 32%, and 31%, and a DE of 22%, 23%, 24%, and 24% at 8 dB PBO, at the

aforementioned frequencies, respectively. This corresponds to an improvement of 1.61⇥, 1.76⇥,

1.88⇥, and 1.93⇥ compared to a normalized class B PA, showcasing the improved performance

offered by the proposed single footprint transformer-within-transformer based asymmetric series

Doherty network.

Next, the DE at maximum Pout (m + n = p) contour is measured with respect to the normalized
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Basis Vector Mapper code

Figure 3.24: Measured DE at maximum Pout contour (m+ n = p) with respect to normalized output phase
for all basis vector mapper code bits at 6.5 GHz.

output phase for all 3-bit combinations of the basis vector mapper code bits at 6.5 GHz, as shown in

3.24. This indicates that the wort-case efficiency at maximum Pout is relatively high; for example,

code <101> results in a maximum DE of 33%, and worst-case DE of 25%, which corresponds to

a 0.24⇥ reduction. On the other hand, an idealized quadrature architecture, described in Section

3.2.1, shows a simulated worst-case DE reduction of 0.45⇥. This illustrates the advantage of the

proposed eight-phase architecture.

Figure 3.25 shows the measured output voltage and output phase at 6.5 GHz over the entire back-

off range, and for all the basis vector mapper control bit combinations, resulting in a total of 48,896

data points. The curves on each colored sector represent the AM-PM non-linearity caused by the

variation in output capacitance of the unit cells as they are switched on and off. Given the current-

mode implementation of each unit cell, this transmitter also exhibits a significant AM-AM non-

linearity, which is captured in this measurement as well. It will be explained in Section 3.4.2 that

this measured data is used to create a 2D look-up table for performing modulated measurements.
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Figure 3.25: Measured AM-AM and AM-PM of the implemented transmitter for all basis vector mapper
code bits at 6.5 GHz.

3.4.2 RF Modulated Measurements

The modulated measurement setup is similar to the CW measurement setup, with a couple of

exceptions: The NRP-Z57 power sensor is replaced with Keysight’s N9030A PXA spectrum ana-

lyzer for vector signal analysis, and the Arduino Due is replaced with Link Instruments’ IO-3200

digital pattern generator. The desired oversampled baseband modulated waveform is generated

in MATLAB, and it is mapped to the corresponding control bits of the transmitter using the 2D

look-up table, mentioned in Section 3.4.1. The resulting digital pattern is uploaded to the pattern

generator’s memory, which is triggered using the same clock source that is provided to the chip for

clocking the TSPC flip-flops.

The measured 32-QAM and 64-QAM constellations at maximum Pout with increasing symbol

rates at 6.5 GHz, are shown in Fig. 3.26 (a) and (b), respectively. For 32-QAM, the transmitter

achieves a DE of 21% with an average Pout of 14 dBm, EVMrms of 3.5%, and ACLR of 30.6 dBc

for a 12.5 MSym/s waveform. The EVMrms increases to 5.4% and ACLR reduces to 19.5 dBc
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Figure 3.26: Measured (a) 32-QAM and (6) 64-QAM constellations at maximum Pout for increasing symbol
rates at 6.5 GHz.

as the symbol-rate is increased to 40 MSym/s. Similarly, for 64-QAM, the transmitter achieves

a DE of 21% with an average Pout of 14 dBm, EVMrms of 4.0%, and ACLR of 30.9 dBc for a

12.5 MSym/s waveform. The EVMrms increases to 4.5% and ACLR reduces to 24.5 dBc as the

symbol-rate is increased to 25 MSym/s.

Fig. 3.27(a) shows that the transmitter can also produce a decent 128-QAM constellation at 6 dB

power back-off (average Pout = 7.5 dBm), with a DE of 13% and EVMrms of 2.1%. It achieves an

ACLR of 29.9 dBc, as shown in Fig. 3.27(b).
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(a)

Pout = 7.5 dBm
(-2.0 dBm + 9.5 dB 
setup loss)

Drain Efficiency = 13%
EVMrms = 2.1%
ACPR = 29.9 dBc

(b)

Figure 3.27: Measured (a) 128-QAM constellation EVMrms and (b) ACLR for a 12.5 MSym/s waveform
at 6 dB output power back-off at 6.5 GHz.

The modulation performance of the transmitter (DE and EVMrms) is also characterized for depen-

dence on Pout, for 16-QAM, 32-QAM, 64-QAM constellations at 20 MSym/s, and for 128-QAM

constellation at 12.5 MSym/s, as depicted in Fig. 3.28 (a), (b), (c), and (d), respectively. As ex-

pected, the DE increases with Pout, but it also results in worse EVMrms. For example, as the

average Pout is increased from 7 dBm to 14 dBm for the 64-QAM waveform, the DE increases

from 12% to 21%; however, the resulting EVMrms also increases from 2.9% to 4.1%.

Finally, the far-out spectrum for a 20 MSym/s 64-QAM waveform at 6.5 GHz is shown in Fig.

3.29. Since the baseband waveform is 8⇥ oversampled, the zero order hold (ZOH) sampling

images occur at 160 MHz offset. These can be lowered by increasing the oversampling factor or

using a higher order sampling holds [27].

Table 3.1 compares the implemented transmitter with other state-of-the-art CMOS transmitters and

PAs operating above 5 GHz that also achieve efficiency enhancement in PBO. The implemented

transmitter demonstrates state-of-the-art Pout,max 1 dB bandwidth with competitive performance
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Figure 3.28: Measured DE and EVMrms dependence on output power at 6.5 GHz for (a) 16-QAM, (b)
32-QAM, (c) 64-QAM constellations at 20 MSym/s, and (d) 128-QAM constellation at 12.5 MSym/s.

8x oversample

ZOH
ZOH

8x oversample

Figure 3.29: Far-out spectrum for a 20 MSym/s 8⇥ oversampled 64 QAM waveform at 6.5 GHz showing
the resulting zero-order hold (ZOH) sampling images.
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in power back-off, especially considering the use of an older 65 nm process, and higher operating

frequency while occupying significantly lower die area compared to the other works.

3.5 Conclusion

This work proposes a current-mode eight-phase asymmetric digital Doherty transmitter using a

single footprint transformer-based matching network, where three techniques are highlighted: 1)

An eight-phase architecture technique to improve the efficiency profile compared to a quadrature

architecture, while still overcoming the massive bandwidth expansion of the polar architecture,

2) An eight-phase injection locked eight-stage ring oscillator technique for producing the eight

basis phase vectors to overcome the need for using an 8⇥ multiple of operating frequency at

the RF input, 3) A transformer-within-transformer technique for realizing an asymmetric Doherty

matching network to achieve compact form-factor, while also improving the efficiency in power

back-off. These techniques are implemented in a general-purpose 65 nm CMOS process at 6.5

GHz. The transmitter achieves a maximum Pout of 20 dBm and a peak DE of 34% with 1.76⇥

improvement at 8 dB PBO compared to a normalized class B PA. It also achieves a DE of 21%

with an average Pout of 14 dBm and EVMrms of 4.1% for a 64-QAM 20 MSym/s modulated

waveform.

3.6 Contributions

• J. Sheth, L. Zhang, X. Shen, V. Iyer and S.M. Bowers, “An Asymmetric Current-Mode Multi-

Phase Digital Doherty Transmitter Using a Single Footprint transformer-based Matching

Network,” to be submitted to IEEE Open Journal of the Solid-State Circuits Society (OJ-

SSCS).

This work was done in collaboration with Linsheng Zhang, Xiaochuan Shen, and Vinay Iyer. I

would like to thank them for the following contributions:
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Table 3.1: Comparison with State-of-the-Art CMOS PAs Operating above 5 GHz

This Work [61] [70] [27] [83] [59]
CMOS Node 65 nm 28 nm 65 nm 40 nm 65 nm 55 nm

Architecture 8-phase Polar Sub-harmonic Quadrature Polar MGTR

2-way Doherty switching 4-way Doherty 4-way Doherty Doherty

Die Size (mm2mm2mm2) 2.4 (0.86@) 4# 7.1 3.55 (1.5@) 3 6

CW Measurements
1-dB Power BW 4.5 - 7.0 GHz n/a 5.3 - 6.05 GHz ⇤ 5.0 - 5.6 GHz 4.75 - 5.25 GHz ⇤ 5.4 - 6.1 GHz ⇤

Pout,maxPout,maxPout,max 20 dBm 27 dBm 27 dBm 27.4 dBm 6.5 dBm 27.2 dBm

Frequency 6.5 GHz 7.0 GHz 5 GHz 5.4 GHz 5.4 GHz 5.25 GHz 5.8 GHz

Peak DE 34% 31% 37% 40.1% 47.4% 42% 24.5%†

3 dB PBO DE 29% 27% 31% ⇤ 32% ⇤ 47.68% 36% 22%†,⇤

6 dB PBO DE 25% 26% 26% ⇤ 26.3% 43.49% 28% 13%†,⇤

9 dB PBO DE 21% 21% 18% ⇤ 29.2% 41.06% 23% 8%†,⇤

Modulation Measurements
Modulation 27 MHz 160 MHz 80 MHz 320 MHz 1 MSym/s 80 MSym/s

Type 64-QAM MCS-11 64-QAM 4x512-QAM 16-QAM 256-QAM

@ 6.5 GHz OFDM OFDM

Avg. PoutPoutPout 14 dBm 19.2 18 dBm 18.16 dBm 1.9 dBm 17 dBm

DE 21% 21.2% 28.1% 41.12% 34% 5.3%†

EVM -27.7 dB -35 dB -30.4 dB -29.65 dB -20.5 dB -34.9 dB
@ Core area #Includes DFE, DPLL, and Dual-band Tx ⇤Estimated from reported figures †PAE

• Linsheng Zhang for the design and layout of the eight-phase basis vector mapper, and for the

layout of the three-ring poly-phase filter and the eight-stage injection locked ring oscillator,

along with helpful technical discussions

• Xiaochuan Shen for the design and layout of the binary to thermometer decoders, I/O and

DC pads, and helpful technical discussions.

• Vinay Iyer for helpful technical discussions.



Chapter 4

Wideband InP PAs in F-band with

Modulation Measurements

4.1 Introduction

As mentioned in Chapter 1, there is a need for efficient wide band PAs with high Pout operating

in D-band for future applications such as 6G communication, THz imaging, sensing, and position-

ing [35, 36, 84]. Since silicon-based processes, such as CMOS, have limited ft/fmax and limited

breakdown voltage, HBTs in the InP process have gained interest for designing such PAs [38–41].

Current state-of-the-art uses power combining techniques to improve Pout. A 2:1 Wilkinson-based

power combining technique has been shown in the literature to achieve wide bandwidth and high

efficiency [38]. To increase Pout, this technique has been extended to a 4:1 Wilkinson combiner;

however, this leads to reduced efficiency [39]. 4:1 and 8:1 transmission line based power com-

bining techniques have also been explored in the literature. Although these techniques offer high

Pout and high efficiency, they suffer from limited bandwidth. Further, these PAs have not been

tested with modulation measurements, and the literature does not hold any readily implementable

solutions to accomplish this. Almost all the modulation measurements at D-band are performed on

complete transmitter integrated circuits that include all up-conversion modules on-chip [85–88].

94
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Figure 4.1: Schematic of the stacked PA, showing its input and output matching networks, Rb resistance for
stability, and radial stubs for presenting broadband low impedance.

The one exception that performs such measurements on a standalone InP PA uses a custom CMOS

integrated circuit on a ceramic interposer to drive the InP PA wirebonded to the interposer, which

is complex to use [42].

In this work, two PAs implemented in a 130 nm InP process are presented. First, a single stage

stacked PA with a peak saturated output power (Psat) of 15.3 dBm and wideband operation with

small-signal 3 dB bandwidth from 90 - 140 GHz is presented. Next, this single stage stacked

PA is used in an eight-way power combined distributed active transformer (DAT) configuration to

generate a Psat of 22.1 dBm with a measured small-signal 3 dB bandwidth from 100 - 140 GHz.

Finally, QPSK and 16-QAM modulation measurements are performed using COTS equipment on

the single stage stacked PA to demonstrate a peak data rate of 10 Gbps at 120 GHz with the PA

operating close to its Psat. It is important to note that this peak data-rate is limited due to the

measurement equipment.
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4.2 Design of a Single Stage Stacked PA and an Eight-Way

DAT PA

4.2.1 Single Stage Stacked PA

To achieve high gain from a single stage PA, a stacked topology consisting of a common-emitter

(CE) and a common-base (CB) amplifier is implemented, as shown in Fig. 4.1. Both of these

amplifiers are realized using four transistors placed in parallel, each 6 µm wide, to increase Pout.

The desired optimal load impedance for this implementation is (60 + j40) ⌦, which is significantly

closer to 50 ⌦, compared to a stand-alone CE PA that desires an optimal impedance of (10 + j15) ⌦.

Therefore, the resulting output matching network for the stacked PA inherently offers a wideband

performance, compared to the stand-alone CE PA, showing the advantage of the proposed design.

The output matching network is designed using an open-stub and a series transmission line, along

with a series DC blocking capacitor, as shown in Fig. 4.1. The simulated passive efficiency of the

output matching network is > 80% from 90 GHz to 140 GHz.

A short series transmission line of 50 µm is used as an inter-stage matching network between the

CE and the CB amplifiers to improve the gain of the stacked PA, and a capacitor of 65 fF is added

at the base of the CB amplifier to prevent its collector-base junction from exceeding the breakdown

limit. In order to prevent any low-frequency instability and to provide thermal ballasting, a resistor

Rb of 150 ⌦ is added in series with the bias line. A quarter-wave transmission line is used in

between the Rb and the bias supply to ensure that Rb does not affect the RF performance. Finally,

radial stubs are implemented at all DC pads to present a broadband low impedance which helps

reduce the effect of parasitics from packaging elements, such as wirebonds.
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Figure 4.2: Block-level schematic of a distributed active transformer (DAT) based power amplifier with the
inter-stage matching network between the final stacked PA stage and a differential driver stage.
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4.2.2 Eight-Way Distributed Active Transformer (DAT) Based PA

To achieve a higher Pout, eight of the single stage PAs are combined using a DAT, as shown in Fig.

4.2. The DAT provides a virtual short between the two adjacent PA stages (for example, PA1+

and PA4-), and this virtual short is used to provide the supply for each of the stacked PAs. Such

a design eliminates the need for quarter-wave transmission lines at the supply, thereby achieving

a compact power combining network. Additionally, it reduces the loss of the output matching

network, which helps to improve the efficiency of the overall PA. The simulated loss of the entire

output network is 1.2 dB at 135 GHz, and it stays lower than 1.3 dB from 120 GHz to 140 GHz.

The eight single stage stacked PAs of the DAT are driven using a total of two driver stages operated

in a differential configuration. A 5 ⌦ resistor is added at the common-mode node of the driver stage

to overcome common-mode stability concerns, and a Marchand balun is implemented on-chip to

generate the differential signal for the driver stages. A transmission line based inter-stage matching

network, which simultaneously achieves 1:4 power split, is used between the driver stages and the

final stacked PA stages, as shown in Fig. 4.2. Since the 130 nm InP process offers only a three

metal stack, the transmission lines are implemented as a micro-strip with metal 1 as ground and

metal 3 as signal to achieve the desired impedance. The use of metal 2 at signal cross-over locations

leads to a significant imbalance in the DAT, since the signal that uses metal 2 is considerably closer

to the ground plane compared to the signal using metal 3. To mitigate this issue, ground cut-outs

are added at the three cross-over locations in the inter-stage match, as illustrated in Fig. 4.2.

The die photos of the stacked PA and the DAT PA are shown in Fig. 4.3(a) and (b), respectively.

4.3 CW Measurements

CW measurements are performed on both the stacked PA and the DAT PA.

The small-signal s-parameter measurements of the single stage PA are shown in Fig. 4.4(a), high-

lighting a wide 3 dB bandwidth PA operation from 90 - 140 GHz. The PA also achieves a Pout of
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Figure 4.3: Die photos of (a) the single stacked PA, and (b) the DAT based PA implemented in Teledyne’s
130 nm InP process.

(a) (b)

Figure 4.4: (a) Small-signal measurements of the stacked PA showing a 3 dB bandwidth from 90 - 140
GHz, and (b) large signal power back-off measurements at 112.5 GHz showing a peak 18.3% power added
efficiency (PAE).

15 dBm with a peak power added efficiency (PAE) of 18.3% and a gain of 7.5 dB at 112.5 GHz,

as shown by the large signal measurements in Fig. 4.4(b). Additionally, the peak Pout exhibits less

than 3 dB ripple and more than 7% PAE from 90 - 140 GHz, as shown in Fig. 4.5(a) and (b).

The small-signal s-parameter measurements of the eight-way combined DAT PA are shown in Fig.

4.6(a), illustrating a 3 dB bandwidth from 100 - 140 GHz. The PA obtains greater than 20 dBm

Psat with more than 7% PAE from 115 to 130 GHz, as shown in Fig. 4.6(b). Additionally, the PA

achieves a Psat of 22.1 dBm with a PAE of 11.5% and a gain of 8.6 dB at 120 GHz, as presented

in Fig. 4.7.
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(a) (b)

Figure 4.5: Large signal frequency dependence measurements of the stacked PA showing (a) more than 7%
PAE, and (b) less than 3 dB ripple from 90-140 GHz.

(a) (b)

Figure 4.6: (a) Small-signal measurements of the DAT PA showing a 3 dB bandwidth from 100 to 140 GHz,
and (b) large signal frequency dependence showing > 20 dBm Psat and > 7% PAE from 115 to 130 GHz.

Figure 4.7: Large signal power back-off measurements at 120 GHz showing a peak 11.5% power added
efficiency (PAE).
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Figure 4.8: Multi-Gbps modulation measurement setup to study the behavior of a standalone D-band PA
close to its saturation regime using commercial-of-the-shelf (COTS) equipment.

4.4 Modulation measurements of a Single Stage Stacked PA

Modulation measurements are performed on the single stage stacked PA using readily available

COTS equipment, as shown in Fig. 4.8. First, baseband multi-Gbps I and Q signals are generated

using Keysight’s AWG M8190A. These signals, along with an LO, are fed to a Marki IQ mixer

MMIQ-0520HS to generate the modulated waveform at 10 GHz. Next, this modulated signal is

further up-converted to 121 GHz using a VDI’s Balanced Fundamental Mixer (BAM). The LO

for this mixer is generated by tripling a 37 GHz signal using a VDI’s Signal Generator Extender

(SGX). This up-conversion also generates an image component at 101 GHz which needs to be

attenuated significantly, since it falls within the bandwidth of the PA. A VDI waveguide-based

bandpass filter WR6.5BPFE116-123 with about 1 dB insertion loss around 120 GHz and more

than 70 dB of rejection at 101 GHz is used for this purpose. The resulting 121 GHz modulated

signal needs to be amplified to drive the InP integrated circuit close to its saturation regime. This

was accomplished using a VDI WR8 amplifier with an output P1dB of 13 dBm. The output power
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Figure 4.9: Down-converted and demodulated (a) 500 MSPS 16-QAM, and (b) 5 GSPS QPSK constel-
lations, along with (c) output power and symbol-rate dependence on the EVMrms of various modulated
signals through the single stage stacked PA at a carrier frequency of 121 GHz.

control on the WR8 amplifier is achieved using a WR8 attenuator at its input. This multi-Gbps

modulated signal at 121 GHz carrier frequency is used as the input for the stacked PA. The output

of the integrated circuit is sent through a WR8 coupler, and the “coupled” port is connected to

a VDI PM5 to measure the output power of the PA. The output from the “through” port of the

coupler is connected to a VDI spectrum analyzer extender (SAX) with an attenuator in the middle

to prevent the SAX from saturating. A 20.667 GHz LO is provided to the SAX to harmonically

mix the output of the PA down to 3 GHz. Finally, this signal is fed to a Keysight MXR608A

wideband oscilloscope for demodulation.
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Table 4.1: Table of comparison for stand-alone PAs/Front-Ends at greater than 100GHz

Ref. This Work [89] [90] [42] / [40]

Pout 1dB 97.5-122.5 107-135** 147-153.5** 125-145**

BW (GHz)

Technology 130 nm InP 130 nm SiGe 45 nm SOI 250 nm InP + CMOS

PA Topology Single stage stacked Eight-way combined Doherty Tx front-end. Four-way combined

Psat (dBm) 15.3 22.7 1.9 17

Peak PAE (%) 18.3 18.7 11** 20

@ (GHz) 112.5 110 149.9

Peak S21 (dB) 11.7 21.8 22.5** 20

Mod. Freq. 121 GHz 131.5 GHz 150.7 GHz 135 GHz

Mod. Format 16 QAM QPSK 16 QAM 64 QAM 64QAM 16QAM

Data rate (Gbps) 2 10 8 10.56 6 4

EVM 5.8% 14.3% 11.6% 9.5% 12%** 12%**

PAEavg 5.2% 7.9%

Poutavg 8.2 dBm 7.8 dBm 13.7 dBm 0.1 dBm 11 dBm 11 dBm
**Estimated from plots

The whole signal chain is equalized in software to correct linear distortions. It is important to note

that no DPD was used to correct the non-linearity of the PA. The PA is measured using both QPSK

and 16-QAM waveforms, and it achieves an average Pout of 10 dBm with an EVMrms of 14.3%

for a 5 GSPS (giga-symbols per second) QPSK waveform, which corresponds to a data-rate of 10

Gbps, and it achieves an average Pout of 9.1 dBm with an EVMrms of 7.4% for a 500 MSPS (mega-

symbols per second) 16-QAM waveform. The down-converted demodulated constellations for

both these waveforms are shown in Fig. 4.9(a) and (b), respectively. The output power and symbol-

rate dependence on the EVMrms of various modulated waveforms are illustrated in Fig. 4.9(c).

It is important to note that the data-rate for the QPSK measurement is limited due to the AWG’s

maximum sampling rate, and not due to the implemented PA. Table 4.1 compares the performance

of this PA with stand-alone PAs operating beyond 100 GHz. The proposed measurement setup

results in a state-of-the-art data-rate demonstration for high Pout (> 5 dBm) PAs.
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4.5 Conclusions

This chapter presents some synergistic work at F-band that includes designing efficient and high

Pout PAs, along with a modulation setup to characterize these PAs with 6G-type multi-Gbps mod-

ulated data-rates. First, a single stage stacked PA with a Psat of 15.3 dBm and wide small-signal

bandwidth of 50 GHz is presented. Next, this PA is used in an eight-way power combined DAT

configuration to generate a Psat of 22.1 dBm, with a small-signal bandwidth of 40 GHz. Finally,

a modulation measurement setup is presented using readily available measurement equipment to

demonstrate a state-of-the-art 10 Gbps data-rate while achieving close to 8 dBm Pout at 121 GHz.

4.6 Contributions

• L. Zhang, V. Iyer, J. Sheth, L. Xie, R. Weikle and S.M. Bowers, “An F-band DAT Based

Power Amplifier in InP 130 nm HBT Technology,” to be submitted to IEEE Transactions on

Terahertz Science and Technology.

• V. Iyer, J. Sheth, L. Zhang, R. Weikle and S.M. Bowers, “A 15.3 dBm, 18.3% PAE F-band

Power Amplifier in 130 nm InP HBT with Modulation Measurements,” accepted in IEEE

Microwave and Wireless Technology Letters.

• V. Iyer, J. Sheth, L. Zhang, R. M. Weikle and S. Bowers, “A 90-125 GHz Stacked PA in

130 nm InP HBT with 18.3 % peak PAE at 15.3 dBm Output Power,” 2022 United States

National Committee of URSI National Radio Science Meeting (USNC-URSI NRSM), 2022,

pp. 224-225, doi: 10.23919/USNC-URSINRSM57467.2022.9881401.

• L. Zhang, V. Iyer, J. Sheth, L. Xie, R. M. Weikle and S. M. Bowers, “A 117.5-130 GHz

22.1 dBm 11.5% PAE DAT Based Power Amplifier in InP 130 nm HBT Technology,” 2021

16th European Microwave Integrated Circuits Conference (EuMIC), 2022, pp. 229-232, doi:

10.23919/EuMIC50153.2022.9783740.
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This work was done in collaboration with Vinay Iyer, Linsheng Zhang, and Linli Xie. My contri-

butions include the following:

• Equal collaboration on analyzing the stability of the PA design to ensure small and large-

signal stability.

• Equal collaboration on the packaging of the PA for performing measurements.

• Equal collaboration on planning the measurement setup, performing the measurements, and

writing the automation code for CW measurements.

• Equal collaboration on planning the measurement setup and performing the modulation mea-

surements.



Chapter 5

Conclusions, Methodology for Designing

Digital Transmitters, Future Directions, and

Other Work

5.1 Dissertation Conclusions

Digitally implemented transmitters have become appealing in recent years due to their ability

to scale well with process nodes, and due to their potential to realize cost-effective transmitters

with improved battery life. However, in practice, most applications use higher order modulation

schemes, such as quadrature amplitude modulation, to transmit data; such schemes exhibit high

peak to average power ratio. Without any modification, a digital transmitter suffers from poor ef-

ficiency in output power back-off, resulting in severe limitations to battery life improvement. Fur-

ther, the two well-known digital transmitter implementations, polar and quadrature, have their own

limitations. The polar implementation suffers from wide bandwidth expansion that limits the over-

all data-rate of the transmitter, while the quadrature implementation exhibits degraded efficiency

due to the in-phase/quadrature basis vector combination, which further limits the improvement to

106
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battery life. This dissertation proposes and implements design techniques to achieve compact

and efficient digital transmitters.

• First, a nested Doherty architecture is proposed to improve efficiency in deep output power

back-off. A typical nested Doherty architecture requires multiple quarter-wave transmission

lines that are traditionally implemented using a physical transmission line model (⇡ network

with inductor-capacitor-inductor), which results in a significant number of inductors that are

not practical to realize on-chip. This dissertation proposes the use of an inverted transmis-

sion line model (⇡ network with capacitor-inductor-capacitor), which leads to a considerable

number of inductors being placed in parallel. These can easily be consolidated, resulting in

a compact form-factor. An implementation of the proposed technique is shown in Chapter 2,

which results in a measured 42% peak drain efficiency at 5.25 GHz with 1.6⇥ improvement

at 9 dB PBO compared to a normalized class B PA.

• Second, a transformer-within-transformer architecture is proposed to achieve an even more

compact form-factor, while also realizing efficiency enhancement in deep output power

back-off through the use of a two-way asymmetric Doherty network. To prevent undesired

magnetic coupling between the two transformer structures, one of the transformers is twisted

into a Figure-8 shape and inserted into a non-twisted transformer. The resulting magnetic

flux in the two “octagons” of Figure-8 are equal in magnitude but opposite in direction;

therefore, the net induced current in the non-twisted loops due to the Figure-8 loops is close

to zero. An implementation of this technique is shown in Chapter 3, which results in a mea-

sured 33% peak drain efficiency at 6.5 GHz with 1.76⇥ improvement at 8 dB PBO compared

to a normalized class B PA.

• Third, a multi-phase architecture is proposed to overcome the limitations of both the polar

and the quadrature digital transmitter architectures. The use of multi-phase improves the

efficiency profile degradation associated with the quadrature architecture, since the multi-

phase basis vectors are more closely spaced compared to the in-phase/quadrature vectors.

Additionally, the multi-phase architecture uses only continuous wave signals at the input
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and thereby overcomes the massive bandwidth expansion of the polar architecture. An im-

plementation of this technique is shown in Chapter 3, which results in a peak drain efficiency

of 33%, and a relatively high worst-case efficiency of 25% that corresponds to only 0.24⇥

reduction, compared to a 0.45⇥ reduction associated with an idealized quadrature architec-

ture.

• Finally, a wideband multi-phase generation technique for a multi-phase transmitter is pro-

posed to overcome the need to use a multiple of the operating frequency at the input. Typ-

ically, flip-flop based dividers are used to generate multi-phases for wideband operation;

however, this technique is difficult to scale with frequency. For example, an eight-phase

architecture operating at 6.5 GHz would need a prohibitive 26 GHz input. The proposed

technique of using the output of a 3-ring polyphase filter to injection lock an eight-stage

ring oscillator achieves wideband eight-phase generation, while utilizing only the operating

frequency as its input. An implementation of this technique is shown in Chapter 3, which

results in more than 1 GHz of locking range around the operating frequency of 6.5 GHz.

Additionally, a strategy for the design of a transformer-based asymmetric Doherty matching net-

work is also discussed in Chapter 3. This methodology generates the required transformer pa-

rameters for a two-way asymmetric series Doherty network to achieve efficiency enhancement at

any desired back-off level and at any desired operating frequency. This strategy provides a decent

starting point for designing the matching network, and it is applicable irrespective of whether the

proposed transformer-within-transformer technique is utilized.

5.2 Considerations for Designing a Digital Transmitter

Although this dissertation is focused on techniques for increasing compactness and efficiency,

there are numerous design parameters that need careful consideration while implementing a digital

transmitter for specific applications. This subsection provides a discussion of those considerations

as a guide for the designer.
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• Peak and Back-off Efficiency: As seen throughout this dissertation, the output network

of the transmitter/power amplifier dictates the peak and back-off efficiency of the entire

transmitter. The biggest constraint on the output network is the available area. If the area

is severely limited, transformer-within-transformer architecture provides a decent solution

to achieve efficiency enhancement in a small form-factor. However, due to the parasitic

magnetic coupling between the transformers and the use of multiple vias, the compact form-

factor could reduce the maximum achievable efficiency. If additional area is available, the

designer should consider a nested Doherty architecture, since it has the potential to achieve

the highest efficiency. Further, this architecture could also reduce the design time, since

most design kits include inductor models that can be easily “dragged and dropped”; how-

ever, the transformer-within-transformer architecture needs time-consuming iterative EM

simulations. The designer is encouraged to refer to Sections 2.3 and 3.2.4 for the design

strategy for the output network.

• Output Type: Based on the desired application, the output of the transmitter may need to

be single-ended. A transformer-based output network is appealing for such situations, as it

inherently provides a single-ended output. If a nested Doherty architecture is utilized, then

a balun (differential to single-ended transformer) would be required at the output, which

further increases the area occupied by a nested architecture.

• Output Power: The output power is determined according to the impedance seen by the PA

and the supply voltage at the output stage of each unit cell. To increase the output power,

the impedance seen by the PA needs to be reduced, and the supply voltage needs to be

increased. The impedance is determined by the output network and the number of “ways”

in the nested Doherty architecture, as explained in Sections 2.3 and 3.2.4. To lower the

impedance further, an additional matching network can be added at the output to transform

the load impedance to a lower value; however, that comes at the cost of increased area and

reduced efficiency due to increased loss. It is important to note that if a transformer-based

output network or a balun is utilized to achieve single-ended output, it inherently halves the
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load impedance. The supply voltage can be used as a design parameter to achieve the desired

output power; however, its increase is limited by the breakdown voltage of the transistor. To

further increase the supply voltage, a cascode structure composed of a 1.2 V breakdown

common-source device and a common-gate device could be utilized. Most design kits also

include 2.5 V breakdown devices that could be utilized for common-gate or both common-

source and common-gate to further increase the supply voltage; however, these devices are

slow and lead to reduced efficiency (typically the gate length of 2.5 V devices is > 4⇥ that

of 1.2 V devices).

• Output Resolution: Increasing the resolution of a digital transmitter is desired to improve

the adjacent channel power ratio and to improve the error vector magnitude, which allows

for the use of higher-order modulation schemes. A 6-bit thermometer-coded unit cell imple-

mentation can achieve 128-QAM, as shown in this work. Using pure thermometer coding

is beneficial to achieve monotonously increasing output voltage with respect to code words.

However, it is challenging to implement pure thermometer coding beyond 6-bit or 7-bit,

since it severely increases the total number of unit cells (incrementing thermometer-coded

bit resolution by 1 results in doubling the number of total unit cells). This not only results

in increased area consumption, but also makes it challenging to route all the RF signals into

and out of each unit cell. Therefore, to increase output resolution, a combination of binary-

weighted and thermometer-coded unit cells should be considered. This could potentially

result in non-monotonously increasing output voltage with respect to code words, thereby

requiring correction techniques such as using a look-up table.

• Data-rate: In order to improve data-rate, time synchronization of the control signals is

key. Typically, routing for control signals is long and uneven, which results in a timing

mismatch between unit cells. Inserting a flip-flop into every unit cell to time all the control

signals to actuate simultaneously can significantly improve data-rate. Next, it is difficult to

generate high-speed digital signals beyond a few hundred MHz off-chip to drive the high-

impedance on-chip control signal buffers. Therefore, to achieve high data-rates, SRAM
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memory cells can be added on-chip, where the data is transferred to the memory cells at a

slower speed, and then clocked at a few GHz to drive the control signals. Finally, for the

multi-phase (or quadrature) architecture, delay cells should be added to the asynchronous

basis vector mapper control bits, so their actuation can be synchronized with the rest of the

control signals, while for the polar architecture, delay cells should be added in the constant-

envelope phase-shift keyed RF signal path to synchronize the timing between phase and

amplitude data.

5.3 Future Directions

This dissertation showcases progress on multiple fronts toward realizing compact and efficient

digital transmitters. However, there are numerous other challenges that still need to be solved to

improve the overall performance of wireless transmitters.

5.3.1 Wideband Transmitter Operation

Most applications can benefit from wideband transmitters to cover much of the sub-7 GHz spec-

trum. As shown in Section 3.2.2, the input network can operate over a wide frequency range;

however, it is challenging to design a wideband output network, since one of its objectives is to

resonate the parasitic capacitance of the PA, which inherently reduces bandwidth. Additionally,

current-mode Doherty architectures use a quarter-wave transmission line to achieve efficiency en-

hancement, which further limits the bandwidth. Reconfigurable matching networks could offer

a potential solution to operate over a wide frequency range through the use of switchable ca-

pacitors [23]; however, they introduce a loss in the matching network, which reduces efficiency.

Therefore, solutions are needed to achieve wideband transmitter operation.
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5.3.2 Improving Linearity

The measured data shown in Fig. 3.25 includes 48,896 data points, which are used for generating a

look-up table to correct for the amplitude-to-amplitude and amplitude-to-phase non-linearity, and

thus produce a modulated waveform. However, this look-up table is valid only at that particular

measured frequency. If the operating frequency is varied, a new look-up table must be generated,

which is a burdensome process. Additionally, in practical use, these data points need to be stored

for every desired operating frequency, which takes a significant amount of memory. Such overhead

is impractical, and better solutions are desired. Some works in the literature have demonstrated

interpolation-based correction that occupies less memory [65]; however, before deployment, the

transmitter still needs to be measured for certain data points to feed the interpolator. It is desirable

to design a transmitter that is inherently linear. Techniques such as capacitive compensation [15]

and non-linear unit cell segmentation [19] have been shown in the literature to achieve linear digital

polar power amplifiers. However, given the limitations of the polar architecture described above,

a multi-phase architecture is preferred, and solutions are still needed to achieve inherently linear

multi-phase transmitters.

5.3.3 Robustness to Load Impedance Variations

For cellular applications, a device is held by a user, and the orientation of the device in the user’s

hand can vary the response of the antenna, which causes variation in the load impedance seen

by the transmitter. This work, along with most others in the literature, assumes a stable 50 ⌦

load impedance. As shown in Sections 2.3 and 3.2.4, the load impedance determines the output

power, peak efficiency, and back-off efficiency. Therefore, large variations of this impedance can

dramatically alter the performance of the transmitter. A self-healing architecture can provide a

potential solution [91], where a small portion of the output signal is coupled to a feedback system

to determine the variation in the load impedance, which then varies the bias and supply voltages to

output the desired signal. However, inserting a coupler at the output of the transmitter and using
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supply modulators reduces efficiency. Therefore, solutions are needed to achieve robustness to

load impedance variation.

5.4 Other Work

In addition to the work presented in this dissertation, contributions were made to other projects.

These include designing a transformer-based matching network around 24 GHz to convert a single-

ended input to a differential output, while simultaneously providing the input matching network

for a low-noise amplifier used in a wake-up receiver; and helping to design and measure a 600 GHz

phase-conjugation system designed in Teledyne’s 250 nm InP process. The expected publications

are listed below:

D. Duvvuri, J. Sheth, S. Bhattacharya, S. Hanifi, B. H. Calhoun and S. M. Bowers “A 5 µW -80

dBm Multi-channel Tuned RF Wake-up Receiver for SHF Band Applications,” currently being

measured.

V. Iyer, C. Moore, J. Sheth, S.M. Bowers and R. M. Weikle “A 600 GHz Phase Conjugation System

in 250 nm InP Process,” currently being measured.
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